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Preface

Background

The advent of modern wireless devices, such as smart phones and MID! terminals,
has revolutionized the way people think of personal connectivity. Such devices
encompass multiple applications ranging from voice and video to high-speed data
transfer via wireless networks. The voracious appetite of twenty-first century users
for supporting more wireless applications on a single device is ever increasing.
These devices employ multiple radios and modems that cover multiple frequency
bands and multiple standards with a manifold of wireless applications often running
simultaneously. This insatiable requirement for multistandard multimode devices
has ushered in new innovations in wireless transceiver designs and technologies
that led and will continue to lead the way to highly integrated radio solutions in
the form of SoCs.” These solutions include several radios and digital modems all
designed on a single chip.

The design of such futuristic wireless radios and modems, capable of supporting
multiple standards and modes, is drastically different from traditional designs sup-
porting a single standard. The complications stem due to the high level of integra-
tion, low power, and low cost requirements imposed on the chip manufacturers.
Until recently, most designers and architects designed for one particular application
or another, which in turn meant familiarity with certain modem or radio architecture
targeted for a certain wireless standard. However, designing future wireless devices,
which entail designing for multimode and multistandard wireless applications, will
require the radio engineer to be familiar with all facets and nuances of various trans-
ceiver architectures. This in essence will help maximize the efficiency of the design,
lower the overall cost of the device, and allow for coexistence and simultaneous
operations of various radios.

The intent of this book is to address the various designs and architectures of wire-
less receivers in the context of modern multimode and multistandard devices. The
aim is to present a unique coherent and comprehensive treatment of wireless
receivers from analog front ends to mixed signal design and frequency synthesis
with equal emphasis on theory and practical design. Throughout the text, the design
process is characterized by a close interaction between architecture on the one hand
and algorithm design on the other with particular attention paid to the whole design
process. This is in contrast to most other wireless design books that focus either on
the theory or implementation. The focus will be on architecture and partitioning
between mixed signal, digital and analog signal processing, analysis and design

'MID stands for Mobile Internet Device
2S0C stands for system on chip.
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trade-offs, block level requirement, and algorithms. The reader will learn how
certain design trade-offs in the analog back end, for example, can positively or nega-
tively impact the design in the analog front end and vice versa. Furthermore, the
reader will learn how the choice of certain algorithms for a given architecture can
reduce the cost and design cycle. Conversely, how the choice of certain parameters
or blocks in the lineup, such as filters, mixers, and amplifiers can significantly
ameliorate the performance of the wireless receiver.

Scope

The intended audience of this book is engineers, researchers, and academics
working in the area of wireless communication receivers. More precisely, the
book is targeted toward engineers and researchers focused on designing low-power
low-cost multimode multistandard receivers of the twenty-first century. It targets
professionals who seek a comprehensive treatment and deep practical and theoret-
ical understanding of wireless receiver design.

The book is divided into eight chapters:

¢ Chapter 1 focuses on antenna theory, transmission lines, and matching networks.
The chapter provides an overview of antenna design and analysis. Topics such as
radiation fields, gain, directivity and efficiency, matching circuits and networks,
and transformers are addressed. The chapter concludes with a discussion on the
most common types of antennas notably the monopole, the dipole, the patch, and
the helical antennas.

e Chapter 2 addresses microwave network design and analysis. The chapter is
divided into three major sections. In Section 2.1, we address the various circuit
network models and their advantages and disadvantage particularly the imped-
ance and admittance multiport network model, the hybrid network model, and
the scattering parameters network model. Section 2.2 presents the topics of
signal flow graphs, power gain equations and analysis, and stability theory. In
Section 2.3, we discuss the most common types of two-port and three-port
devices found in low-power wireless receivers.

e Chapter 3 is focused on noise in wireless receivers and how it manifests itself in
circuits and components. The first section discusses thermal noise and how it
appears in electronic components. Topics such as noise figure at the component
and system level and how it impacts the performance of the receiver are dis-
cussed in some detail. Next, we introduce the concept of phase noise and present
both Leeson’s model and the Lee-Hajimiri model. The impact of phase noise on
performance is also addressed. Finally, external noise sources due to interferers
and blockers are discussed. The impact of coexistence of multiple radios on
a single chip and its impact on the desired received signal is also discussed.

e Chapter 4 is concerned with system nonlinearity and its impact on receiver
performance and design. The chapter focuses mainly on weakly nonlinear
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systems with a brief mention strongly nonlinear systems. The various nonlinear
phenomena are first classified. The chapter then delves into a discussion on
memoryless nonlinearities using power series methods. The chapter concludes
with a discussion on nonlinear systems with memory and the Volterra series
techniques used to model them. The chapter contains several appendices.
Chapter 5 is concerned with signal sampling and distortion. It starts with
describing the sampling and reconstruction processes of baseband and bandpass
signals and then examines the various degradations caused by the signal
conversion and sampling imperfections. Topics such as quantization noise,
sampling clock jitter, impact of phase noise on the sampling clock, signal
overloading and clipping are discussed. The anti-aliasing filtering requirements
and their impact on signal quality are also examined. An exact formulation of the
quantization noise and a re-derivation of signal-to-quantization-noise ratio that
takes into account the statistics of the input signal are also presented.

Chapter 6 is concerned with analog to digital conversion and the architecture of
the various data converters. The various building blocks of the ADC such as track
and hold amplifiers and comparators are studied. The impact of aperture time
accuracy clock feedthrough, and charge injection and their impact on signal SNR
(signal to noise ratio) are also discussed. Next the Nyquist converter as a class of
data converters is discussed. We delve into the architectural details of the
FLASH, pipelined, and folding ADC architectures. Key performance parameters
such as dynamic range, SNR, and harmonic distortion among others are also
discussed. Next, we discuss oversampled converters and contrast it with Nyquist
converters. The basic loop dynamics are derived. The architectures of contin-
uous-time and discrete-time AX modulators are presented and their advantages
and disadvantages are also contrasted. The MASH converter architecture is then
presented and its pros and cons versus a single loop converter are also discussed.
Chapter 7 presents two topics that deal with loops: the automatic gain control
(AGC) loop algorithm and frequency synthesis phase-locked loop (PLL) design.
While discussing the AGC loop, we discuss topics such as receiver lineup and
gain, noise and noise figure, linear optimization, and dynamic range. We also
discuss the digital signal processing implementation of the AGC loop. Closed
loop dynamics are also presented in some detail. In the second portion of the
chapter we discuss frequency synthesis. The Linear PLL model is discussed and
performance parameters pertaining to error convergence, order and type,
stability, and operating range are presented. The various blocks that constitute
the PLL such as the frequency and phase detector, loop filter, and VCO are
discussed. Finally, we focus on synthesizer architectures relevant to integer-N
and fractional-N PLLs where we discuss various programmable digital counters
such as the dual modulus prescalar and counters based on AY — modulators. The
performance of both architectures is evaluated especially with respect to spurs,
loop bandwidth, and resolution.

Chapter 8 is focused on receiver architecture. In particular, we study the direct
conversion architecture, the superheterodyne architecture, and the low-IF

Xi



Xii Preface

architecture. We present the nuances and pros and cons of each of the archi-
tectures and discuss the various performance parameters. Two appendices con-
cerning DC offset compensation and IQ imbalance compensation are also
provided.

Tony J. Rouphael
San Diego, California
October 2013
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2 CHAPTER 1 Antenna Systems, Transmission Lines, and Matching Networks

In wireless communication, the antenna represents a fundamental component of the
radio and exerts a major influence on its link budget. Therefore the choice of a
proper antenna system becomes of paramount importance to ensure satisfactory con-
nectivity amongst the various communicating devices. On the other hand, a poorly
designed antenna impacts both the transmit and receive chains of the radio. In the
uplink for example, an inefficient antenna could force the power amplifier along
with the other gain stages in the transmit path to operate at higher gain, causing,
amongst other things, excessive current consumption. In the downlink, a poorly
designed antenna impacts the sensitivity of the receiver and hence the area of
coverage under which the wireless device should be able to operate.

When designing an antenna, there are many factors and specifications that have to
be taken into consideration. The antenna gain and directivity, the signal bandwidth
and data throughput, the frequency band or bands of operation, path loss and radio
frequency (RF) propagation environment, the interfaces to the antenna, and the
matching networks are just a few of the key parameters that impact the performance
of the radio as a whole via the antenna. Other factors involved in the design that must
be well understood are the antenna form factor, the interaction between the antenna
and its environment such as the package in which the antenna is housed, or the inter-
action between the antenna and the human body and other nearby objects. Given the
intricacies of modern digital communication systems, it is then imperative that the
antenna be designed as part of the whole radio rather than as an individual element.

The aim of this chapter is to provide an overview of antenna system design and
analysis. The chapter is divided into three major sections. In Section 1.1, we discuss
basic transmission line theory and antenna parameters, including topics ranging
from radiation fields, gain, directivity, and efficiency to circuit realization. Sec-
tion 1.2 discusses matching circuits. The section starts out by describing the impact
of load mismatch on antenna performance. The discussion then further investigates
transmission lines followed by an in-depth discussion of matching networks and
transformers. Finally, Section 1.3 presents an overview of common antenna types.
Antennas such as the dipole, monopole, small loop, patch antenna, and helical an-
tenna are discussed.

1.1 Basic parameters

The purpose of this section is to discuss basic antenna parameters. Topics such as
radiation density, radiation fields, antenna gain and antenna directivity, antenna
efficiency, and load mismatch are discussed. The intent is to provide the reader
with an overview of antenna theory and to point out critical design parameters.

1.1.1 Radiation density and radiation intensity

Simply put, an antenna is a transducer that changes the energy from magnetic
(inductive) or electric (capacitive) to electromagnetic and vice versa. For example,
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on the receiver side, the electromagnetic energy received by the antenna is converted
to electric or magnetic energy to be processed by the analog front end. The instan-
taneous power associated with an electromagnetic wave can be obtained via the
Poynting® vector as [1]:

— - = 2
P = E x H Watts/m (1.1)

. =g . . . .
where again P designates the instantaneous Poynting vector denoting the power
. - . . . . . .
density or energy flux, E is the instantaneous electric field intensity in Volt per

= . . . . o
meter, and H is the instantaneous magnetic field intensity in Ampere per meter.
The time-averaged Poynting vector or average power density can be defined over
a certain period T as

t+T

— 1 —
Paverage = ? / Pdt (L.2)

t

where T = 2m/w is the period. A field is said to be monochromatic if the said field
vector changes sinusoidally in time with respect to a single angular frequency w. In a
Cartesian coordinate system, we can relate the complex electric and magnetic fields

— —
to E and H as
E)x,y-z,t = Re{Eyyze’”'}  and ﬁx,y,z,t = Re{Hyy e’} (1.3)

The Cartesian and time indices in Eqn (1.3) will be eliminated in consequent
equations for the sake of simplifying the notation. Substituting Eqn (1.3) into
Eqn (1.1), we obtain the relationship for the instantaneous Poynting vector as

1 1 ;
P = ExH = Re{Ex H'} + Re{E x H'e P} (1.4)
Substituting Eqn (1.4) into Eqn (1.2), we obtain time-averaged Poynting vector over
a period of time T as
+T
— 1 — 1 N
Paverage = ? / Pdr = ERC{E X H } (15)

t

The relationship in Eqn (1.5) is often referred to as the radiation density of the an-
tenna in its respective far field. The average power radiated by an antenna over a

certain area can be expressed as the contour integral over the surface A as

—~

— 1 v
Pradiated = # P averagedA = 5 #RC{E x H*}dA (1.6)
A A

“Named after the English physicist John Henry Poynting.
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At this point, it is befitting to define the radiation intensity of an antenna. The radi-
ation intensity in the far field region of the antenna is simply the radiation density
multiplied by the square of the distance

7 2
PWatts/unit solid angle (6,¢) — PWatts/mZRmZ (.7

The radiation intensity can be also related to the electric field of the antenna in the
far field region as defined in the following section.

1.1.2 Radiation fields

The far-field region of radiation of the antenna, also known as the Fraunhofer
region, is the region of radiation situated at a distance R > 2/%/A where [ is the
overall dimension of the antenna and 4 is the wavelength defined as the ratio of
the speed of light ¢ = 3 x 10® m/s to the frequency F or simply A = ¢/F. In this
region, the radiation pattern of the antenna has the same field distribution regardless
of distance.

On the other hand, the near field of radiation of the antenna can be classified
as either the reactive near field region or the Fresnel region. The reactive near
field region is within the immediate vicinity of the antenna where the distance R
is such that R < 0.62+/13/A. In this region the electric and magnetic fields are
90° out of phase, unlike the far field region where both fields are orthogonal but
in phase.

Finally, the Fresnel region or the radiating near field region is typically defined
within the distance R from the antenna and is expressed as

\/z? 2
0.62{/— <R <2— 1.8
3 < 3 (1.8)

In this region, the shape of the radiating fields varies with distance. As the distance
increases, the shape of the fields becomes more like far field waves and less like
reactive near field waves.

1.1.3 Antenna gain, directivity, and efficiency

The directivity of an antenna is a dimensionless quantity defined as the ratio of the
radiation intensity in a given direction to the average radiation intensity given out by
the antenna in all directions. In other words, it is given with respect to an isotropic
element in terms of a solid angle

PWarts/0,¢

Dy = (1.9)

P Watts /isotropic/6,¢

where 0 is the elevation angle and ¢ is the azimuth angle. The directivity of an an-
tenna, when it is not specified in terms of elevation angle or azimuth, refers to the
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ratio of maximum radiation intensity to the radiation intensity of an isotropic
element with respect to a solid angle as

(1.10)
PWatts/imtropic/ﬁ,qS

Diax =

The directivity can also be expressed as the ratio of maximum radiation intensity to
the total radiated power by modifying Eqn (1.10) as

47TInaX{PWatts/07¢}
Dyax =

Piotal radiated power of isotropic element

(1.11)

Note that the directivity of an isotropic element according to Eqns (1.10) and (1.11)
is unity. The reason is that an isotropic source radiates power in equal amounts in all
directions. For all other radiating sources, the maximum directivity in Eqn (1.11)
will be greater than unity or in 0 dB in the log scale.

Define the normalized radiation intensity of an antenna as

1
Fﬁ,qﬁ = C_OPWatts/unit solid angle (6,¢) (1.12)

where ¢, is a certain normalizing constant representing max { Pwussyunit solid angle (6,4) } -
Then the relationship in Eqns (1.10) and (1.11) can be expressed respectively as

F
Dyy = 4m—— 6.0 (1.13)
/ / Fg 4 sin d0d¢
0 0
and
maxq Fy
Dpay = 47 - i o} (1.14)

PTotul = //F9’¢ sin 0d0d¢
0 0

Note that the denominator of Eqn (1.14) is the power per unit solid angle integrated
over a spherical surface. The average power per unit angle can then be obtained by
dividing the P;y; by 47." The absolute gain of the antenna with 100% efficiency is
defined as the ratio of antenna intensity Pyyg,4 in a given direction (6, ¢) to an
equivalent isotropic radiating source. In both cases, the power delivered to the direc-
tive antenna and the power delivered to the isotropic source is assumed to be the

®Recall that there are 4 steradians on the surface of a sphere.
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same after all losses are taken into account. Hence, the absolute gain in a given
direction is

47TPWatts/t9.¢

Gabsolute/ﬂ,:j) = (1.15)

P input

where P, is the power at the antenna after all the losses have been accounted for.
The relative gain with 100% efficiency, on the other hand, refers to the power

gain of a given antenna in a direction (6, ¢) to the power gain of a reference antenna

in the same direction. For example, in reference to an ideal lossless isotropic source,”

the ratio may be defined as

47TPWattx/0,¢

Grelative/0,¢ = (1.16)

Pisotropic

However, a more practical and reasonable definition of gain must include the
efficiency of the antenna. When accounting for losses due to impedance
mismatch or polarization loss, for example, the gain of the antenna can then be
expressed as

47rPWatts/9.¢

Gplog = 1 (1.17)

P isotropic

where 7 is the antenna efficiency defined as the ratio of the radiated power out of
the antenna to the total input power into the antenna. This definition of antenna
gain is a more common figure of merit in the wireless engineering circles. It is
also common to specify the gain of the antenna in terms of directivity and
maximum directivity as

Gy/0.0 = MDy,g relative to a solid angle(6, ¢)

Gp/max = MDmax relative to maximum directivity (1.18)

1.1.4 Circuit realization

While transmitting, the antenna acts as a load impedance that mainly consists of a
resistive element R, and a reactive element X,,, as depicted in Figure 1.1. In
simplest terms, the resistive portion of the load can be attributed to the power losses
in the antenna circuit and its surroundings, whereas the reactive part signifies the en-
ergy stored in fields in the vicinity of the antenna. To the transmitter, the antenna
then appears as a load impedance. The transmitter itself can be modeled as a voltage
generator Vyx with a load impedance of its own consisting of a resistive element Ry
and a reactive element Xr,.

“The reference antenna or source could also be a monopole or a dipole, since they are more practical
antennas.
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X Tx I Tx

Rant

Transmitter
2
3
Antenna

Xant

O O

FIGURE 1.1

Transmitter with antenna represented as a circuit element. (For color version of this figure,
the reader is referred to the online version of this book.)

Using Kirchhoff’s current law and Figure 1.1, we can determine the current at the
antenna input terminals as I, = Vp /(Zpy + Zan:) Where Zpy, is the impedance of the
transmitter Ryy + X7 and Z,,, is the impedance of the antenna R,,; + X The
power lost in the transmitter due to its resistance Ryx can also be determined in a
similar manner as

R
B Vil (1.19)

I, 1
Prransmitter = §|1Tx| Rty Em
Tx ant

The total power delivered to the antenna can then be simply determined as

Ran
—— |V (1.20)
|ZTx + Zant|

M| —

L.
Panl = ElITx| Rant =

However, not all the power delivered to the antenna will be radiated. Some of the
power delivered to the antenna will be lost in the antenna itself. These resistive-
type losses are known as ohmic losses. The rest of the power is radiated. The resis-
tance associated with the radiated power is known as radiation resistance. The ratio
of radiated power, say P,qgiareq to the power delivered to the antenna P, is the ef-
ficiency factor 1 defined earlier in Eqn (1.17). In order to maximize the power deliv-
ered to the antenna, and hence prolong the battery life of the device, it is then
essential to conjugate match the transmitter load Zr, to the antenna load Z,,,, thus
minimizing the power lost in the transmitter. Conjugate matching of the load imped-

ances implies that Zr, = Z ., which in turns implies that the transmitter resistance
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and antenna resistance are equivalent, or Ryx = Ry, and that the reactance of the
transmitter and the reactance of the antenna are such Xy, = —X_,,,. With this in
mind, revisiting the relationship in Eqn (1.20), we obtain

1 R
Pant,maX - E%H/TXF Rant = Ry
‘ZTx + Zanl|

ZszRTx"'jXT) (1 21)
Zant = Rr—j X1« ’

1 Ry 2 1 2

= ——|V = V-
24R%~x| Tx‘ SRTx| Tx|

On the other hand, the antenna in receive mode acts in a very similar manner to the
antenna in transmit mode. While receiving, the receiver appears to the antenna at the
output of its connector as a load impedance as represented by the circuit in
Figure 1.2. Using the reciprocity principle, and given for the sake of simplicity
that the transmit frequency is the same as the receive frequency, the load of the an-
tenna in receive mode is identical to the load of the antenna in transmit mode Z,,,.
Let the receiver load be given as Zg, = Rg, + jXgy, then the current flowing into Zg,
18 Lypt = Vg (Zgx + Zans)- The power delivered to the receiver can then be given in a
manner similar to Eqn (1.19) as

1 1 Rge

2 2
Preceiver = §|Iant| RRX = Emlvant| (] 22)
Rx ant
[ —O O
EEE—
Kant Lant
g| Rrx
g Rant %
S o
z g
< X
RX
Vord, "\~

8

FIGURE 1.2

Receiver with antenna represented as a circuit element. (For color version of this figure, the
reader is referred to the online version of this book.)
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Furthermore, when the antenna load is matched to that of the receiver load, that is
Zam = Zj,, the maximum power is delivered to receiver

1
PRremax = @W,m,ﬁ (1.23)
X

1.1.5 Friis link budget formula

The effective aperture or effective area of the receive antenna is defined as the ratio
of the power absorbed by the receiving antenna to the incident power density of the
transmit antenna at a given distance R

PRx

P1x

Apy = (1.24)
The effective isotropic radiated power of the antenna is defined as the product
of the transmit gain and transmit power of the antenna or simply Pgpgrp =
Pr.Gry, where Pry is the power of the transmitting antenna and Gy, is gain of
the transmitting antenna. The free-space power density at a distance R can then
be obtained:

opP Tx _ p TxGTx

= = 1.25
PIX = 5S(R.0,4)  4nR? (1.25)
Combining Eqns (1.24) and (1.25), we obtain the well-known Friis formula
PrGreAR
Pre = Arepre = — 7 (1.26)

The transmit and receive gains Gry and Ggy of the transmitting and receiving
antennas can be further expressed in terms of the effective area as

A
GTx = 47T/\—€x

B (1.27)
GRx = 471’%

where A is the free-space wavelength of the transmitted signal defined as the ratio of
the speed of light ¢ in meters per second to the carrier frequency F.in Hz or A = ¢/F
where ¢ = 2.9979 x 10% m/s. Substituting Eqn (1.27) into Eqn (1.26), we obtain the
free-space Friis formula

A 2
Pgy = (m) GrxGRryPrx

(1.28)
A
PRryapm = 20logg (ﬁ) + Grx,dB + Grya + PTxdBm

The inverse of the square term in Eqn (1.28) is known as the free-space path loss and
is often expressed in equation form as 1010g10(167r2R2//12).
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EXAMPLE 1.1 ANTENNA GAIN AND PATH LOSS

Consider a UWB MBOA signal transmitted at the carrier frequencies of 4488 MHz. The
transmit power is set at —14 dBm EIRP at the output of the antenna. What is the received
signal power at 9.5 m assuming the gain of the antenna is —2 dBi? Assume a free-space
model.

The free-space path loss at 9.5 m can simply be computed as

A7 x9.5m

Path Loss in dB = 20 logjo (—4ZR) = 20/logo (m

) = 65.0434dB (1.29)

8
Where 1 — & _ 2:9979 x10°m/s

_ 299X IVM/S 4 0668 m.
F. ~ 4488 x 106Hz m

The transmit power at the output of the antenna of —14 dBm simply implies that
Grx,dB + Prx.dBm = —14 dBm. Hence using Eqn (1.28), the received signal power at the
receiving antenna is

A
Pry,am = 20 logig <m> + Grx,a8 + Grx,d8 + Prx.dBm

—65.0434dB — 14 dBm —2dB = —81.0434 dBm (1.30)

1.1.6 Electrical length
In antenna theory, engineers differentiate between the physical length of the antenna
and its electrical length. This differentiation is particularly important when
analyzing an antenna. Two antennas can have the same physical length L but
different electrical lengths. Recall that in free space, the wavelength is related to
the velocity of light as

U

A== = Zc=3x10°m/s (1.31)
F U=c in free—space F

The velocity in general depends on the electric permittivity and magnetic perme-
ability, defined as the ratio

1
/UE

where the magnetic permeability and electric permittivity are simply defined as

U =

(1.32)

W = pop,, Wwhere uyg = 4 x 1077 (H/m)

1 (1.33)
€ = eoer, Whereegy = T6n < 10~%(F/m)
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Substituting Eqn (1.33) into Eqn (1.32), we obtain

8

g 32X e s e > LU <c (1.34)
where ¢, is the dielectric constant. The maximum attainable velocity as presented
in Eqn (1.34) is the speed of light. In RF components and antennas, U never attains
the speed of light, and hence the wavelength in the medium A,egiym = U/F is al-
ways less than the free-space wavelength A = U,/u,&,/F. Note that the electric
permittivity can be defined as the ratio of the electric flux density D, to the electric
field E

D,
=== 1.35
£=—F (1.35)
Similarly the magnetic permeability can be defined as the ratio of magnetic flux
density B, to the magnetic field H or
By
= £ 1.36
k=g (1.36)
For example, a short vertical antenna has capacitive impedance with a small resistive
impedance.’ Capacitive impedance stores the energy and does not radiate or dissi-
pate power.

1.2 Matching circuits

In order to avoid high voltage standing wave ratio (VSWR) losses, a source is
matched to a load, possibly an antenna via a matching circuit. This section starts
out by elaborating on the impact of load mismatch on power transfer and then dis-
cusses the various circuit matching schemes.

1.2.1 Antenna load mismatch and reflection coefficient

Thus far, we have treated the antenna as a matched load to the transceiver in both
transmit and receive modes. In this section, we address the important issue of
load mismatch. In Eqn (1.21), for example, we assumed that the maximum power
was delivered to the antenna. However, in reality, only a fraction of the power deliv-
ered to the antenna is radiated mainly due to ohmic and dielectric losses. Therefore,
in order to address antenna matching and the effect of load mismatch on the circuit,
consider the relationship given in Eqns (1.20) and (1.21). Then we can relate

Pout = MuPant,max (1.37)

9In reality, the small radiation impedance for a length L < 2/20 has a radiation resistance approxi-
mately given as R,y = 2002w L/2)%
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where 7, is the mismatch efficiency, as opposed to the total efficiency defined in
Eqgn (1.17), expressed as the ratio

l Rant
_ 2 |ZTx + Zant|2 _ 4RTxRant
m = 5 = 5 (1.38)
l@ |ZTx + Zant|
8 RTx
When Z7, and Z,,; are purely resistive loads, that is when X7, = X,,; = 0, the
mismatch efficiency can be written as
4R7R
n = . 2Tx ant (139)
RTx + R(mt + 2R7Rant
From Eqn (1.39), we obtain
2 2 2
1 — n = RTx + Ranr - 2RTxRant _ (RTX - Rant) _ |F|2 (140)

B R%x + R%nt + 2RTXRa"f (RTx + Ram‘)2

where I' is termed as the reflection coefficient and expressed in terms of load imped-
ances as

Zaw — Z
r=—>m oK (1.41)
Zant + Zrx

1.2.2 Transmission lines and the wave equation

In this section we will use transmission line theory and the Telegraph Equations® to
determine the voltage and current relationship in a transmission line with respect to
two parameters: time ¢ and distance Az. Consider the circuit representation of an

l(z,t) l(z+/\z,t)
— —»
R Az LAz *
+
GAz f—
V(ZYt) <> C e V(Z+AZ] 0

FIGURE 1.3

Circuit representation of an elementary component of a transmission line.

“Oliver Heaviside is credited with the transmission line model and the discovery of the telegraph or the
telegrapher equations.
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elementary transmission line component as depicted in Figure 1.3. The resistance R,
the inductor L, the capacitance C, and the conductance G are specified per unit dis-
tance Az. The steady state voltage V(z, ) given as a function of time and distance can
be expressed as

—V(z,1) + Az(R+ QL) (z,0) + V(z + Az,1) = 0 (1.42)
V(z+ Az, 1) = V(z,1) = —Az(R +jQL)I(z,1) '
where Q is the frequency. Divide both sides of Eqn (1.42) by Az and we obtain

V(z+ Az, t) — V(z,1)
Az

= —(R+jQL)I(z,1) (1.43)

Similarly, consider the current /(z, f) in Figure 1.3 as a function of time and distance,
then I(z, f) can be expressed as

I(z,1) = I(z+ Az, 1) + Az(G +JQC)V(z,1) = 0

. 1.44
I(z,t) = I(z + Az,t) = —Az(G +jQC)V(z,1) (1.49)
Again, divide both sides of Eqn (1.44) by Az and we obtain
I(z,t) — 1 Azt
(@0 =1z+820) _ G4 iac)yvin (1.45)

Az

As Az approaches zero, the relation in Eqns (1.43) and (1.45) can be expressed as
differential equations by taking the partial derivatives:

9 + A —

V(z,1) i Viz+Az1) = V(1) _ —(R +jQL)I(z,1)
9z Az—0 Az

0l(z,1) I(z+ Az,1) —I(z,1) e
Z;t . < Z’t Z7t — 1

TZ A1z1—>0 Az = —(G+jQC)V(z,1)

From Eqn (1.46), we can deduce that the change of voltage is proportional to the
resistance and inductance parameters, whereas the change in current is proportional
to the conductance and capacitance parameters. Furthermore, taking the second de-
rivative of Eqn (1.46) and dropping the time variable ¢, we obtain the second order
differential equations:

d%z) — (R+JQL)(G +jQC)V(z) = 0
: (1.47)
ddlz(zz) — (R+jOL)(G +jQO)I(z) = 0

It is interesting to note that for small values of R and G, the transmission line of
Figure 1.3 becomes lossless. Define the complex propagation constant vy as

y = a+j8 = /(R +/OL)(G +,/QC) (1.48)
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V+ (Z) — VUJre—aze—/‘ﬁz

e
Forward
S Wave
-
V- (Z) _ Vz)feﬂ'x:eéffﬁz
-t >
-z +z

FIGURE 1.4
Forward and backward wave propagation in a transmission line.

Obviously, for a lossless system, & = 0 and 8 = Q+/LC rad/m. Decomposing Eqn
(1.48) results in o and ( as

o= \/% <\/(R2 +Q22) (G2 + QC2) — (QPLC — RG))

(1.49)

1

6 = \/5 <\/(R2 +Q22) (G2 + Q*C?) + (QPLC - RG)>

The mathematical solutions to the second order differential equations presented in
Eqn (1.47) are:
V(z) = Vie ™+ Vet

I(z) = Ife "+ Iy et (1.50)

where {VO+ Vo Iar Ay } are constants defined by the boundary conditions.

Further investigation of Eqn (1.50) indicates that there are two possible waves:
one wave propagating forward (incident wave) and one wave propagating backwards
(reflection wave) as illustrated in Figure 1.4. The incident wave is propagating in the
positive z direction and is given as

Vi(z) = Vye ™ = Va'e_z(“Hm = Va—e—aze—jﬁz

If(z) = Ife™ = If e o) = [Femozpib (3D

whereas the reflection wave is propagating in the negative z direction and is given as

V7(z) = V&eﬂz _ V(;ez(a+jﬂ) _ Vaeazejﬁz

i ; 1.52
I (z) = ]O—e+72 — [O—ez(aﬂﬂ) _ Io—eaze/ﬁz ( )

Examining the relationship in Eqns (1.51) and (1.52) reveals that the phase velocity
is simply the ratio

Q
Vphase = — (1.53)

=
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From the relationships in Eqns (1.46), (1.47), and (1.50), the characteristic imped-
ance of the transmission line is given as

Vo
]—+ = ZLchar
0 (1.54)
Vo
F = —Zchar

where the characteristic impedance is found to be

IR +jOL
Lehar = 4| =——— 1.55
cha G+JQC ( )

The negative sign in the second equation in Eqn (1.54) is due to the direction of
propagation (in the negative z direction) of the backward wave.

At this point it is interesting to note that for a low-loss transmission line, that is
when QL>>R and QC>> G, the characteristic impedance and its corresponding
parameters « and (§ can be approximated as

8=QvVL
(1.56)
1 /L R G L
Zow==1l2|2-j (= -2 [=y/=
char 2\/; / <QL QC) \/;
=0

In a similar manner, when the transmission line experiences high loss, that is when
QL < R and QC < G, the characteristic impedance and its corresponding parame-
ters « and § can be approximated as

a=VRG

6=0 (1.57)
R

Zehar = E

In this case, the electromagnetic wave attenuates rapidly across the line.

1.2.3 Impedance and standing wave ratio

Consider the transmission line depicted in Figure 1.5 connected to a load Z; 4. The
load could be any microwave element including an antenna. The load itself can be
determined by the ratio

VLoad
I1oad

Zioad = (158)
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Zchar ZLoad

FIGURE 1.5

A transmission line Z.p,-connected to a load Z; ... (For color version of this figure, the reader
is referred to the online version of this book.)

The voltage across the load is the sum of the incident and reflected voltages

Viear = VI +V~ (1.59)

Furthermore, the current passing through the load is the sum of the incident and
reflected currents

v+ V-

Inoga = 1T +1 = (1.60)

Zehar  Zchar
The ratio of the reflected voltage to the incident voltage can be found via simple
manipulations of Eqns (1.58), (1.59), and (1.60) to be
K _ ZLoad — Zchar _
v+ Zioad + Zchar
Not surprisingly, this ratio in Eqn (1.61) is the same reflection coefficient defined in
Eqn (1.41). A further manipulation of Eqns (1.51), (1.52), and (1.61) results in the

lossless reflection coefficient as a function of location z being expressed as the com-
plex ratio

(1.61)

Vo Vo eV e

— = = +/26z
7 V(Te*fﬁz V(T Troaae (1.62)

I'(z) =

where I',44 is the reflection coefficient at the load. Observe that Eqn (1.62) implies
that the origin of the location z-axis is taken at the load. For a lossless transmission
line, the magnitude of the reflection coefficient does not change as a function of z,
that is |I'(z)| = T'roaq-

Given the reflection coefficient as defined in Eqn (1.62) and the relation in Eqns
(1.51) and (1.52), we can rewrite Eqn (1.59) as

Views = VI + V™ = Ve 4 vye 5 = v (e75 4 Tppuae ™) (1.63)
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And by the same token, we could also rewrite the current load as

Vi . , . .
Ioad = 7~ (7% = Tiaae™) = If (7% — Tpoaae™ ) (1.64)
char

At this point, it is interesting to examine the average power at the load. Recall that
the average power is defined as the product Pyyergge = O.SRe{VL(,udlzo “ d}, then the
average power at the load is given as

vl 2 + -
Proat = 5= (1= Praaa) = Ploa = Proad (1.65)
2 Zehar
where PZ) wa and Pp ., are the incident and reflected powers defined as
2
Ve
2 Zehar

Pz_oad =
5 (1.66)
2V |
Zchar

_ 1
Plowa = E‘FLoad |

In general, the total voltage V(z) and total current /(z) at any location z on the trans-
mission line can be expressed with the aid of Eqn (1.62) as

V(z) = VT(1+T(z))

I(z) = I'"(1 - T(2))
And hence, the input impedance can then be expressed based on the ratio of V(z)
over I(z) as

(1.67)

Za = Y& VUT@) L+ Cuauae ™
input 1(z) IT(1-T(2) char1 — T paqe 282
Lt Trage Zioad + i Zenar a0 (B
— Zipar Lot = Zypg oo T char 0BD) g

h T . _Aa .
arl — FLaade—ﬂﬁl I=—z Zchar +]ZLoad tan(ﬁl)

The relationship expressed in Eqn (1.68) is not constant across the transmission line.
This relationship forms the basis of the Smith chart as shown by way of an example
in Figure 1.6.

A further important observation concerning Eqn (1.63) is in relationship to
its absolute maximum and minimum. For a lossless transmission line, we have
already established that |['(z)| = T'Loaq, then a reexamination of Eqn (1.63)
reveals that

maX{VLaad} = |VL0ad|max = ‘V(T’(l + |F(Z))

|
. (1.69)
min{Vioaa} = [Viead|min = |V(;r|(l = [T@)])
Hence we define the voltage standing wave ratio as the ratio
V . 1+ T
VSWR = ‘ Load|mdx _ +| (Z)‘ (170)

\Vioadlmin 1 —IT()]
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FIGURE 1.6

Smith chart of simple load Z; 5,0 = 50 — j30 and Zgpar = 75 + j50. (For color version of this
figure, the reader is referred to the online version of this book.)

Note that there are two extreme cases and one general case that are of interest. The
first two result in either a pure standing wave or a pure traveling wave along the
transmission line, while the last case results in a mixed wave.

1.2.3.1 Standing wave case

In this case, the load is either open or short. In either scenario, the load does
not consume any energy. To start out describing the standing wave case, we assume
that the load is open, that is Z;,,; = %, then according to Eqn (1.61) we have

1 Zchar
 Z1oad
T = lim —Zdd s — ] 1.71
open ZLnai - ®© 1+ Zchar ( )
ZLoad

And in the second case, we assume that load is short, that is Z;,,; = 0, and again
according to Eqn (1.61) we have

Zioad — 2.
Ty = lim {M} =1 (1.72)
Z1oaa 0 ZU)ad +Zchur
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Note that the VSWR is o for both open and short loads. At this point it is instructive
to look at the voltage and current for both open and short loads. For an open load, the
voltage and current along the line can be expressed as

) ) 2
V(z) = Vg (e 4 ™) = 2V cos(Bz) = 2V COS<7Z>L .

178 ; ; % 2V 2
1(z) = 52 (e — %) = — 720 gin(gz) = —2-0 sin(%z)

Zchar char char

o=
(1.73)

The load Z(z), the ratio of V(z) over I(z), is always reactive in this case, that is
Z(2) = jZcehar cOt(Bz) = —jZepar cot(BI)|,—_. (1.74)

In this case the load does not absorb any energy and the transmission line is
in pure standing wave state. The phase difference between the current and the
voltage is 90° as shown in Figure 1.7. Likewise, for a shorted transmission line,
the voltage and current along the line can be expressed in a manner similar to
Eqn (1.73) as

) . 2
V(z) = Vg (e — e ) = 2V sin(Bz) = j2V; sin (;Z)‘ﬁ .
(1.75)

179 , . 2V 2V 2
16) = 0 (e ) = 20 cos() = 210 cos(2T )
Zechar char Zchar A 8 2m

It can be easily shown that the impedance of a shortened transmission line is also
purely reactive. This is done by taking the ratio of V(z) over I(z) or

Z(z) = —jZehar tan(Bz) = jZepar tan(B1)|,__. (1.76)

The impedance for both open and shorted transmission lines alternate along the z
axis to periodically appear as inductive reactance or capacitive reactance as shown
for the open transmission line case of Figure 1.7.

1.2.3.2 Traveling wave case

In this case, the reflection coefficient is equal to zero, that is I' = 0, and there is no
wave reflecting back from the load. The input impedance is equivalent to the char-
acteristic impedance, and the total voltage along the line is simply the incident wave
voltage

Vioad = Vi o= V(;r e_jﬁz

(1.77)
Zinput = Zchar
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(a) Voltage

Current
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FIGURE 1.7

The standing wave of an open transmission line. (a) Voltage amplitude and current
amplitude, and (b) impedance distribution along the transmission line. (For color version of
this figure, the reader is referred to the online version of this book.)

As a matter of fact, the input impedance at any given cross-section along the trans-
mission line is equal to the characteristic impedance of the line. Furthermore, the
load impedance is also equivalent to the characteristic impedance of the transmis-
sion line resulting in a matched load. It can be seen that in this case, the matching
load to the transmission line absorbs all the energy from the wave generator, say
in our case a transmitter. That is

+12
od 2 Zehar (178)
PZaud =0

1.2.3.3 Mixed wave case
The mixed wave is the most prominent case that is encountered in practical systems.
Here, some of the energy will be absorbed by the load and some of the energy will be
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reflected back along the transmission line, thus resulting in a mixed wave. A mixed
wave then is a combination of a traveling wave and a standing wave. The voltage and
current along the line are given as

V(z) = Va_ejﬁl(l + FLoade_jzﬁl)

v o : . (1.79)
I(Z) = 7 0 éﬁ (1 - FLOud37] 6)
char

Note that I';yuge 726! in Eqn (1.79) is periodic, which implies that the voltage and
current on a transmission line in the mixed wave case are distributed periodically
with a period equal to /2.

EXAMPLE 1.2 TRANSMISSION LINE AND ANTENNA MATCHING

Consider the transmitter circuit with internal impedance of 50 ohm connected to an
antenna via a transmission line and matching circuit as shown in Figure 1.8. Assume
for the sake of this example that the transmission line is also resistive with resistance of
50 ohm and antenna load of 10 ohm. Determine the VSWR without any matching element.
Determine the load impedance of the matching circuit to obtain a VSWR of 1.4:1. Note that
this is not a realistic scenario, however, it will serve to illustrate certain aspects of antenna
matching.

First, in order to obtain the VSWR of the circuit, we must determine the reflection
coefficient of the circuit according to Eqn (1.61)

r = ZLoad _Zchar _ RTL - Rant o 10 -50 _

— = = = -0.667 (1.80)
Zioad + Zchar R1 + Rant 10450
And consequently, the VSWR, expressed in Eqn (1.70), implies
14 140667
VSWR = i 1—0.66775 (1.81)
Rs=50 Ohm Rr. =50 Ohm Rm

—< 2 NN 1\ \—

VTx Ranl
NN NN
Transmitter Transmission line Matching circuit
FIGURE 1.8

Resistive matching circuit between antenna and transmission line. (For color version of
this figure, the reader is referred to the online version of this book.)

Continued

21
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EXAMPLE 1.2 TRANSMISSION LINE AND ANTENNA MATCHING—cont'd

Obviously, a VSWR of 5 is far away from the required VSWR of 1.4. Therefore, we can
determine the required reflection coefficient from the VSWR, that is

140
1-1r]

VSWR — 1 14-1
:>‘1"‘ = =
VSWR + 1 1441

VSWR = = 0.1667

(1.82)
I' = £0.1667

Now, let’s determine the required load that needs to be added. According to Eqn (1.61),
we have

_meZTL_RmfRTL . 1+T
U= ZnvZn  Rmi R =T
_ (1.83)
o 501:&:0‘1667 - 70 Ohm I = +0.1667
™ TT1F0.1667
35.71430hm I = -0.1667

In terms of power consumption, choosing R, = 35.7143 Ohm makes more sense.

1.2.4 Antenna bandwidth and quality factor

The antenna bandwidth is the frequency band for which the antenna will allow the
transmitted or received signal to pass through with minimal attenuation. In essence,
the antenna in this case has the passband characteristics of a filter. Define the antenna
bandwidth as the difference between the 3-dB frequencies Fyjg, and Fp,,, as illus-
trated in Figure 1.9.

1
(0]
B e e el
ERI
5 |
S
o
(0]
N
©
£
(]
=z

FLuu E Flligh Frequency

FIGURE 1.9

The 3-dB bandwidth of an antenna.
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Another figure of merit that is used to define the performance of an antenna is
the bandwidth factor or fractional bandwidth defined in terms of resonant fre-
quency as

Frigh.vswr — FrLow,vsWR

BWfractianal = x 100% (1.84)

Fcenrer

where Fyign vswr and Fi, yswr are the upper and lower frequencies at a given an-
tenna VSWR. The center or resonant frequency F. is defined as the square root of the
product

Fe = \/Fhigh,vswr X FLow,VSWR (1.85)

It is the frequency where the antenna load appears purely resistive,” that is, the
impedance is neither capacitive nor inductive, and therefore the imaginary part of
the impedance is zero. Recall that in a series or parallel RLC-circuit, resonance oc-
curs when Q.L — 1/Q.C = 0 or simply Q. = 27F. = 1/v/LC.

The quality factor Q could simply be defined as the ratio of maximum energy
stored in an inductor L or capacitor C over the energy dissipated in a given cycle.
In a series RLC circuit, for example, the quality factor is given as

2nwF L 27F,

0="7" =25 (1.86)

The relationship in Eqn (1.86) reveals that the Q of an RLC-circuit increases as the
resistance decreases and decreases as the resistance increases. This quality factor is
known as the unloaded Q. Similarly, for a parallel RLC-circuit, the quality factor is
given as

0= = 27F.RC (1.87)

2wF L

This quality factor is typically called the loaded Q. For an antenna, a more general
definition of Q is needed. The general expression for Q is

Energy stored in capacitor or inductor

0%2r (1.88)

Energy lost per cycle

In more practical terms, and in the context of this chapter, the quality factor is
defined as the ratio

Q — Fcem‘er _ FL'(fn[(fr (1.89)
Frigh.vswr — Frow,vswr BW

which is the inverse of the fractional bandwidth. Equation (1.89) implies that a
narrowband antenna has a high quality factor whereas a broadband antenna has a
low quality factor.

"That is, the resistance in this case is a combination of loss resistance and radiation resistance.
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EXAMPLE 1.3 ANTENNA Q

This is a hypothetical example. Determine the radiation resistance of an antenna operating in
the 698-746 MHz band. Assume that the capacitive reactance is in series and is equal to
j200, j20, and j2 ohm as shown in Figure 1.10. What is the inductance in each case? What is
the impact of the various capacitive reactances on the transmit power?

X

—iXc

S

FIGURE 1.10
Schematic for capacitive load antenna.

Assume that the center frequency of the band is the resonant frequency of the antenna, that
is, Fc = (746 MHz 4+ 698 MHz)/2 = 722 MHz and that the bandwidth of the antenna is
BW = (746 MHz - 698 MHz) = 48 MHz, the quality factor can then be simply determined
from Eqn (1.89) as

Feenter 722 MHz
Q= BW — A8 MHz 15.04 (1.90)

Furthermore, for a series RLC-circuit, the radiation resistance is the ratio of the reactance to

the quality factor

X, 200 ohm
Rag = 9= 1500 ~ 13.3 ohm (1.91)

Note that in order for the circuit to resonate, the inductance must be +200 ohm. Using
Eqn (1.91) the radiation resistance for the capacitive reactance of j20 ohm and ;2 ohm
cases at resonance is R = 1.33 ohm and 0.133 ohm, respectively.

It is important to keep in mind that this is a hypothetical example, especially when answering
the last question. The antenna circuit depicted in Figure 1.10 obviously is not realistic since it
does not exhibit any resistive loss. Having said that, recall that the efficiency of an antenna is
the ratio of the radiated power over the total power:

Pradiated
K Pradiated + Ploss (1.92)
The total power is the sum of the radiated power plus the power lost in the antenna
resistance. The radiated power is directly proportional to the radiation resistance, that is
Pradiated = \l|2RRad, and hence higher radiation resistance simply implies higher transmit
power.®

ENote that this is only valid with current-source transmitter.

Another circuit configuration that is of importance is a mixed series—parallel cir-
cuit as shown in Figure 1.11. In practice, the coil has a certain resistance associated
with it, say R.,;. In order to compute the resonance of the circuit depicted in
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Rcoll

2

FIGURE 1.11

A mixed series-parallel RLC-circuit. (For color version of this figure, the reader is referred to
the online version of this book.)

joL

—
Equivalent Rparatier Koaratol
Rcoi/

FIGURE 1.12
Parallel equivalent circuit of the model series L-R circuit of the coil.

Figure 1.11, we first represent the shaded series L-R circuit of the coil with a parallel
equivalent as shown in Figure 1.12. Using the admittance transformation, we can write

1 1 1

+ - = - (1.93)
Rparallel ]Xpamllel Reoit +]QL
which simply implies that
R%, + Q%12
Rparullel = —col
Reoil (1.94)
R%,, + Q*1L?
Xparallel =—col__*~ ~
QL

The equivalent parallel circuit realization of Figure 1.11 is the circuit depicted in
Figure 1.13. From circuit theory, we know that the resonant frequency of the circuit
in Figure 1.13 is

1 R,
Q. = = Tlcoil 1.
c e 12 (1.95)

This can be obtained by realizing that the input admittance of Figure 1.13 is

1 1 1 1
y_ L, +j(__ ) (196)
R Rparallel Xc Xparullel
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R p— jXC R parallel § ./X parallel

e

FIGURE 1.13

Equivalent parallel circuit realization of Figure 1.11. (For color version of this figure, the
reader is referred to the online version of this book.)

Note that capacitors in practice are also lossy and exhibit a certain amount of
resistance. The losses in these practical elements can always be expressed in
terms of their respective Q. In general, if a lossless capacitor is connected in par-
allel with a lossy inductor, the Q of the inductor is the Q of the resulting parallel
circuit” given as

R inductor

Oinductor = 27F.CR = m

= Rinductor = 27FcLQinductor = X1LQinductor

(1.97)

Similarly, when a lossless inductor is connected to a lossy capacitor that exhibits a
certain amount of resistance, the latter, that is the resistance, can be described in
terms of the capacitor’s Q.

In general, both capacitors and inductors have resistive losses associated
with them. Given a parallel RLC circuit, where the inductor and its corresponding
resistance, the capacitor and its corresponding resistance, and a load resistance Ry,
are all placed in parallel, the circuit’s total resistance can be expressed as

1 1 1 1
= + -
R Total QinductorXL QcapacimrX C RLoad
1 (1.98)
R Total — 1 1 1

+ +
QinducrorXL QcapacimrX C RLoad

At resonance, the capacitive and inductive loads are equal X; = X¢ and the relation-
ship in Eqn (1.98) becomes

"That is placing the inductor and its corresponding resistor and the capacitor in parallel to form a par-
allel RLC circuit.
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1 1 1 1 1
_— = — + + or
R Total Xy Qinduclor Qcapaci tor RU)ad

XL 1 1 XL
= + +
RTotal Qinductor Qcapacitor RLoad
According to Eqn (1.99), the unloaded Q is the Q related to the reactive elements

only without the load and, hence, can be found as

1 1 1

Qunloaded Qinductor Qcapacitor

(1.99)

(1.100)

1.2.5 Matching networks

Thus far, we have limited our discussion of matching circuits to single components. In
reality, matching circuits over an entire frequency band or frequency bands coupled
with certain VSWR requirements tend to be complex circuit problems. There are
several basic circuit topologies that are usually considered by designers. In this section
we will examine some of the more common ones. Note that the objective of all match-
ing networks is to ensure the maximum transfer of power to the load over a certain fre-
quency or frequency band. This, in essence, implies that the resistive part of the load is
made to match (or equal) that of the source while neutralizing the reactance part. The
various matching techniques at the designer’s disposal vary in complexity, cost, avail-
ability of parts, size, and certainly bandwidth. So in choosing an appropriate matching
technique, one would have to take into account these parameters.

1.2.5.1 L-matching networks

We start our discussion with the L-matching networks shown in Figure 1.14 and
Figure 1.15. The letters S and P designate the components that are in series and
in parallel, respectively. In Figure 1.14, the parallel-series or shunt network has

Parallel-Series L-matching network

/S

S

! P

i J Load
l

S

FIGURE 1.14

Parallel-series or shunt L-matching network. (For color version of this figure, the reader is
referred to the online version of this book.)
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Series-Parallel L-matching network

js

S
15 i Load
l

S

FIGURE 1.15

Series-parallel or simply series L-matching network. (For color version of this figure, the
reader is referred to the online version of this book.)

the component P in parallel with the load. On the other hand, the series-parallel or
simply series network displayed in Figure 1.15 shows the S component to be placed
in series with the load. The components S and P are either capacitors or inductors. To
gain an intuitive understanding of these circuits, consider the impedance looking
into the matched L-network and load impedance Z;,,; in Figure 1.14. The load
impedance in this discussion refers to the antenna load. If the circuits are matched,
it implies that the resistance (or real part) of the input impedance R,, is [2]

ZLoad _ —P SZL()ad +]S + ZLuad
jPZLoad +1 jPZLoad +1

R = jS+ o = jS+
" JP+1/ZLoad

(1.101)

Let Z; 44 be a complex load of the form Zj,,s = Rioud + jX1oad> then separating the
real from the imaginary, we obtain two equations and two unknowns P and S. Hence,
solving for P and S in Eqn (1.101), we obtain

XLoad (\/R%oad + X%oad - RmRLoad) ( RR[X_?)
P= R2  +X>
Load + Load

(1.102)

Note that in order to obtain a valid solution for P in Eqn (1.102), the argument in the
square root cannot be negative. This is particularly true if R;,,s > R, for any value
of X} aq- This condition implies that the network of Figure 1.14 performs a down-
ward impedance conversion. Furthermore, Eqn (1.102) indicates that there are
two valid solutions for P. A positive P implies a capacitor, while a negative P implies
an inductor. The series reactance S can then be expressed as a function of P as

1 Rm > XU)aanz
S=—(1- + (1.103)
P( RLoad Rlnad

Similarly, S can take either a positive or a negative value. A positive value implies
that S is an inductor, while a negative value implies that S is a capacitor. So there are
four possible configurations for Figure 1.14.
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Next, consider the series-parallel L-matching network of Figure 1.15. Again, the
impedance looking into the matched L network and load impedance Zj,.; is
matched to the circuit if the resistance (or real part) of the input impedance R, is

given as [2]
L — i+ 1 _ —PS+ 1 4+ jPZ1 04 . —PS+ 1 — PX1oaa + jPR1oaa
Ry, ZL0ad +]S ZLoad +]S Riroad +] (XLoad + S)
(1.104)

Similar to the previous analysis, separating the real from the imaginary in Eqn
(1.104) we obtain two equations and two unknowns P and §

S = —Xroad £ \/RuRioaa — K2,y (1.103)

The relation in Eqn (1.105) provides two valid solutions for S if R, > Ry ,44. Solving
for P as a function of S, we obtain

R,
p = gV e (1.106)
R

Again, we observe that the condition R,, > R, implies that the network of
Figure 1.15 performs an upward impedance conversion. Similar to the previous
case, S and P can take either positive or negative values. A negative S value implies
a capacitor, while a positive S value implies an inductor. Likewise, a negative P value
implies an inductor, while a positive P value implies a capacitor. Consequently, there
are eight different configurations of Ld-matching networks for Figure 1.15.

The L-matching network provides for two degrees of freedom, namely P and S.
For a given center frequency, the circuit Q automatically determines the bandwidth
of the system. Furthermore, the transformation ratio can also be determined. The
beauty of the L-matching network is its simplicity. However, L-matching networks
are limited by the matching frequency and have been effectively used up to 1.3 GHz.

EXAMPLE 1.4 L-TYPE MATCHING NETWORK FOR CAPACITIVE
ANTENNA LOAD

Assume that the antenna impedance at 900 MHz is Z; = 0.3 — j20 ohm. The antenna is
connected to a 50 ohm transmission line. Design an L-network matching circuit.

From our previous discussion, it is obvious that the L-matching network needs to perform
an upward impedance conversion. Therefore, given the capacitive nature of the antenna
load, we design an L-matching network as depicted in Figure 1.16. In order to obtain the
values X¢ and X; we use the relationships expressed in Eqns (1.105) and (1.106). That is

XL = —XLoad + \/ RmRLoad - Rfoad = —Xant = vV ZmRant — Rs,-,f
16.138 (1.107)
=20+Vv50x03-0.32 = { Ohm

23.86

Continued
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EXAMPLE 1.4 L-TYPE MATCHING NETWORK FOR CAPACITIVE
ANTENNA LOAD—cont'd

Note that both solutions are mathematically valid. Next compute X according to
Eqn (1.106), that is

R, Z 50
\/ P \/ w1 50 1
_ Rioad _ Rant ~ Vo3 o
Xc = R = 7 = =) = 0.2574 Ohm (1.108)
Now, compute the inductance based on the value of X,
& = 2.85nH X, = 16.138 Ohm
XL 27 x 900 x 108
= = (1.109)
arfe | 238 40504 x, - 23.860hm
2m x 900 x 106 L=
Similarly, the capacitance may be computed as
C = 1 1 = 687 pF (1.110)

2wFcXe ~ 27 x 900 x 10° x 0.2574
What is the VSWR of this circuit? Hint: use Eqn (1.104) to compute Z,.

Xu

Rant

T_jxant

| ™ —iXe

Matching network

FIGURE 1.16
L-matching network with capacitive antenna load.

EXAMPLE 1.5 L-TYPE MATCHING PARALLEL-SERIES RESONANT
FREQUENCY AND INPUT RESISTANCE

Consider the parallel-series network depicted in Figure 1.17. Find the resonant frequency of
the network and the corresponding input resistance R,. Does the load resistance impact
the resonant frequency?

The input admittance to Figure 1.17 is given as

1 . 1 RLoad p L
2 _jac+ _ tjelc-—— (1.111)
Zn " T RiatioLl T R2 0?12 R2 .+ Q212

X
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EXAMPLE 1.5 L-TYPE MATCHING PARALLEL-SERIES RESONANT
FREQUENCY AND INPUT RESISTANCE—cont’d

Resonance frequency occurs when the imaginary portion of Eqn (1.111) is zero, that is, the
shunt susceptance is X = 0 and hence the resonant frequency can be found as

g C=0 L Pl (1.112)
2 o2 2 resonant = \| 7~ — )
Rgoad + Qgesonam‘L2 LC 12

From Eqn (1.112), the load resistance R aqdirectly impacts the resonant frequency. Note
that at resonance, the reciprocal of the conductance of Eqn (1.111) is none other than the
input resistance, that is

Rm _ Rfoad JFQ?z—zsonanceLZ _ RLoad +QgesonanceL2 (1.113)
RLoad RLoad
Substituting Eqn (1.86) into Eqn (1.113), we obtain
Rm = RLoad(l +02) (1.114)
L
o

I
1
!
[l
1
1
I
1
1
I
1
:
1
| ~~C RLcad
1
1
I
1
1
I
1
1
I
1
I
1
1
!

Matching network
FIGURE 1.17

L-matching parallel-series network.

EXAMPLE 1.6 L-TYPE MATCHING SERIES-PARALLEL RESONANT
FREQUENCY AND INPUT RESISTANCE

Now consider the shunt network depicted in Figure 1.18. In a manner similar to the previous
example, find the resonant frequency of the network and the corresponding input resistance
R

The input admittance to Figure 1.18 is given as

, 1/Rioad , c
Zm = JOL+ —— = +jQL-—————| (1.115)
m=/ 1/Rioad +/QC  1/R?, +Q°C? ! 1/RE 4+ Q°C?
X

Continued
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EXAMPLE 1.6 L-TYPE MATCHING SERIES-PARALLEL RESONANT
FREQUENCY AND INPUT RESISTANCE—cont'd

In order to achieve resonance, the series reactance would have to equal to zero, or X= 0, and
the resonant frequency can then be obtained as

C 1 1

[ =——— — — =0 = R
1/Rfoad + 92 c? resonant Le Rand c2

(1.11e)

Substituting Eqn (1.116) into the input admittance relation in Eqn (1.115), we obtain the
input resistance as

Rioad
Ry = —koad (1.117)
T 1402C2RZ

Again, to obtain the input resistance in terms of the matching circuit @, substitute Eqn
(1.86) into Eqn (1.117) we obtain

Rioad
Rm = —25 1.118
T 1+ @2 ( )

C ;f R Load

Matching network

FIGURE 1.18
L-matching parallel-series network.

1.2.5.2 w-matching networks
As mentioned in the previous section, despite the fact than the L-matching network
can match any arbitrary load to any arbitrary source, the Q-factor and matching
bandwidth are uniquely determined by the matching elements. The addition of a
third element to the matching network, as is the case of the w-matching network’
depicted in Figure 1.19, provides the necessary flexibility of controlling the band-
width. As a matter of fact, the matching network can be made arbitrarily narrow.
A m-matching network can be thought of as a shunt L-matching network connected
to another shunt L-matching network joined via the series elements as shown by way

The m-matching network is sometimes referred to as the A-matching network.
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n-matching network

x> s

JP1 JP2 Load

© 2

FIGURE 1.19

The w-matching network. (For color version of this figure, the reader is referred to the online
version of this book.)

of an example in Figure 1.20. The load resistance undergoes two transformations. The
first transformation lowers the load resistance to a certain intermediate resistance
at the connection of the two inductances. A second transformation performed by
L-matching circuit farthest from the load transforms the intermediate resistance up
to a certain input resistance. The importance of the intermediate resistance is simply
the fact that it decouples the matching circuit Q from the transformation ratio.

Next, we will show how in this circuit configuration, the Q of the matching
network can be chosen as a design parameter. To do so, let us reexamine Figure 1.19.
The elements S and P, perform the impedance transformation, while P is used as a
compensation element to further tune the reactance of § and P,, respectively. Ac-
cording to the previous discussion on L-matching networks, the shunt element P;
and the series element S, or at least part of it, serve to reduce the resistance by a fac-
torof 1/(1 + Q%) as indicated in Eqn (1.118) where Q, is the Q-factor with respect
to P,. Likewise, the shunt element P and the series element S serve to increase the
resistance by a factor of 1 + Q% as indicated in Eqn (1.114), where Q; is the Q-factor
with respect to Pj. The final transformation results in an input resistance R, that, by
design, is either larger or smaller than the load resistance Rj,,s. The answer of
course depends on the values of Q; and Q; For R, less than R;,,s, Q1 must then
be less than Q5 In this case, O, will to a great extent determine the bandwidth of
the matching circuit.

e 2
L, }
|
|
| | 1 Load
~C; 3 ~~C:
Intermediate re#istanoe ‘

& |

m-Matching network

s |

A}

FIGURE 1.20

A m-matching network made-up of two L-matching networks. (For color version of this figure,
the reader is referred to the online version of this book.)
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In this case, define the intermediate impedance Zipermediate =
Rintermediate + JXintermediate Where the shunt transformation due to P, results in the
values for the intermediate resistance and reactance as

R: g o Rioad
intermediate — 2
1+ 03 (1.119)
Ximermediate = _Q2Rinlermediate

Note that the resulting series element is now the sum S = S — Q> Rintermediate- Lhis
series reactance will increase the resistance from the intermediate resistance value
according to the relation

Rm = Rintermediate:(1 + Q%)

R, (1.120)
Xp = —2
0
where
Rintermediate (ﬁ - Q2)
0 = R (1.121)
m
Rm <RL0ad Rm > RLvad
0,>90 0,<9
_ Ry _ R,
Rintermediate_ 1 + QZZ Rintermediate - 1+ le
A
R, Ryt
0= ~1 0,= =l
' Rintermediate ’ Rintermediate
A
S =Rintermediate Ql + QZ S =Kmermediate Ql + Q2
A
PZ — QZ P2 — QZ
RLoad RLoad
A
R=2 R=2
R, R,
FIGURE 1.21

Design procedure for w-matching networks. (For color version of this figure, the reader is
referred to the online version of this book.)
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Note that the intermediate resistance can be expressed as

S
Rintermediate = m (1.122)

The design procedures for R,;; < Rppqq Ot Ry > Ry qq are summarized in Figure 1.21.
Finally, the m-matching network is ideal when the source and termination parasitics
are capacitive, thus enabling them to become part of the matching network.

1.2.5.3 T-matching networks

The T-matching network, sometimes referred to as the Y-matching network, is shown
in Figure 1.22. The matching circuit has a dual topology of the w-matching network,
that is, all the parameters of the T-matching network can be derived from the -
matching network and vice versa. The T-matching network can be thought of as a
cascade of two L-matching networks. However, in this case, the load resistance is
transformed by the series reactance S, thus raising the intermediate resistance value
Rintermediate. The value of Rintermediate 1S then lowered with the aid of the shunt suscep-
tance to its final input matching resistance R, as illustrated in Figure 1.23. In theory
then, the 7T-matching network is equivalent to the m-matching network. However,
this topology is preferred when the source and termination parasitics are inductive.
In this manner, their effect can be absorbed into the network. The design procedure
for implementing 7-matching networks is outlined in Figure 1.24.

T-matching network

o = jS2

jP Load

S

FIGURE 1.22

The T-matching network. (For color version of this figure, the reader is referred to the online
version of this book.)
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© 9 |

T-Matching network

FIGURE 1.23

A T-matching network made-up of two L-matching networks. (For color version of this figure,
the reader is referred to the online version of this book.)
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R, >R, .. R, <Ry
0, <0 0,>0
RLoad = Rm
Rinlermediale - l+ sz Rimennediate - l+ Q]Z
A
0= R, -1 0 = % -1
&nlen‘nediale "Load
A
SZ =}€intennediateQ2 SZ = QZRLoad
A
P= 0+0, P= 9+0,
Rimermediale Rinlermediale
A
5-2 e
R, R,

FIGURE 1.24

Design procedure for T-matching networks. (For color version of this figure, the reader is
referred to the online version of this book.)

1.2.5.4 Tapped reactive-element impedance transformers
A tapped reactive-element impedance transformer can be implemented using capac-
itive or inductive elements as shown in Figure 1.25. Like the 7 and 7-matching net-
works, a tapped reactive-element transformer has the ability to set the circuit Q as
well as the transformation ratio at a given RF. Ideally, this impedance transformer
can transform impedances without any loss as opposed to a purely resistive voltage
divider implemented using resistors. The latter is especially not desirable at RFs. In
reality, however, all capacitive and inductive components have certain resistive los-
ses associated with them.

To further understand this simple network, consider the tapped capacitor trans-
former shown in Figure 1.25(a). The admittance of this circuit can be simply found
as

_ —@*C1CaRppaa +JQC

- (1.123)
1 +]QRLnad(Cl + CZ)
The resistive part of the admittance based on Eqn (1.123) is
Q*CIR
Re{Y} = 1 Load (1.124)

2
14+ Q°R},(C1 + C2)
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@ co— (b)

T~C4
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© > >
FIGURE 1.25

Tapped reactive-element impedance transformer: (a) tapped capacitor transformer, and (b)
tapped inductor transformer.

While the reactive part can be found as

QCy + Q%R?,,,C1Co(Cy + C2)
14+ Q%R ,(C1 + C2)?

Im{Y} = (1.125)

For a large value of Q that is at very high frequency, the expression in Eqns (1.124)
and (1.125) can be reduced to

Qz C%RLoad

Re{Y}=
{ } QzR%oad(Cl +C2)2

for Q?R},,(C1 + C2)*>1 (1.126)

1 c?
= —————5 = Ry,
Rioad (C1+ )

And

QCy + Q’R?,,C1Co(Cy + C2)

Im{Y!=
{r} Q?R?, (C) +C)?

for Q?R?,,,(C1 + C2)*>1

C)+ QR ,C1Co(Cy + C3)

QRl%oad(Cl + C2)2

Im{Y} =

cC
- Qﬁ for QzR%oadcl C(Cr+ C)>C
1 2

(1.127)

The expected resistive impedance transformation according to Eqn (1.126) is then

C 2
R, — (1 +C2> Rivad (1.128)
1
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In summary, the tapped capacitor transformer is a voltage divider and hence serves
to transform the load resistance Ry,,q; upward to the input resistance R,,.

The tapped inductor—matching network works in an analogous manner to the
tapped capacitor—matching network.

1.2.5.5 Single and multisection quarter-wave transformers

The quarter-wave or A/4 transmission line transformer, depicted in Figure 1.26 is
by far the most popular distributed-matching technique that enables matching at
high frequencies, as will be explained shortly. In this method, two different imped-
ances, say Zipyr and Zj,qq, are matched via an intermediate matching network,
namely a A/4 transmission line Zj;. To further illustrate this point, recall that
the input impedance of a lossless transmission line of length A/4 can be found as
given in Eqn (1.68) as

Z10ad +jZ/1/4 tan(ﬁl)

Z; = lim -
input ,31—’7% )\/4ZA/4 +]ZL0ad tan(ﬁl) L
BlI=54=3
Zioad | .
) ™ — +JZ54
L Z1oad +JZ; )4 tan (5) s tan (5)  Zy
= lim Z; 4 = = lim Z; > =3
Bl—3 Zl/4 +jZL()ad tan (5 fi=3 A/;Lr +jZLoad Load
an(2)
(1.129)
This simply implies that
Z}\/4 = /ZinputZioad (1.130)
Input impedance A/4 matching Load impedance

transformer

Match input impedance to load
impedance via
quarter-wave transmission line’

FIGURE 1.26

Single section quarter-wave matching transformer.
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where Z;4 is the characteristic impedance of the matching circuit. Note that the pur-
pose of the matching circuit is to match the load impedance Z; .4 to the input imped-
ance Zjpu, thus implying that I' = 0 looking into the quarter-wave—matching
circuit. This further implies, according to Eqn (1.129), that the load impedance
gets transformed into its reciprocal value normalized by the square of the matching
circuit impedance. This is true, however, at only one frequency. At this one fre-
quency where 81 = /2, Z;, ;s equal to the characteristic impedance Z of the trans-
mission line. And hence, there is no reflection beyond this point toward the
generator. However, at frequencies where 6/ # /2, the reflections toward the gener-
ator are not zero, and the reflection coefficient can then be computed using
Eqn (1.129) as

Z10ad +JZ)4 tan(B)
A4 . -2

C = Zinput -2 _ ZA/4 +JZ1oad tan(ﬁl)
in Zinpul + 7y Zioad +jZA/4 tan(ﬁl) 7z
. 0

)\/4ZA/4 +]ZL0ad tan(ﬁl)

Z/\/4(ZL0ad - ZO) +J tan(ﬁl) (Z,%/4 - ZLoadZO)

ZX/4(ZL0ad + ZO) +Jj tan(lgl) (Z%/4 + ZLaudZO)

(1.131)

From Eqn (1.131), we can compute the magnitude of the reflection coefficient as
Zioad — 20
\/(ZL()ad + ZO)2 + 471 paaZp tan? (81)

Assume that F, is the frequency for which @I = @/2, then for a given frequency F,
such that 8l = (w/2)(F/F,,), we can write based on Eqn (1.132)

|Fin‘ =

(1.132)

F. 2 Zioad — 20)" — Ui’ (Z :
Fe_ 2 \/( Loat = 20)* = Ui (Ziaaa + %) .

Fn ™ 4ZLoud Zy

The relationship in Eqn (1.133) is a design equation from which one can determine a
set of frequencies where the magnitude of the reflection coefficient does not exceed a
certain given value. Note that the impedance matching method presented above is
limited to real load impedances only. One such load is a resonant antenna. A reso-
nant antenna is typically a quarter-wavelength long or a multiple thereof where the
reactance of the antenna itself is zero. This is not practical for most mobile and
portable devices where the antenna is electrically small. These types of antennas
are typically capacitive with low radiation resistance. In this case, an inductive
element is added to cancel the capacitive reactance.

An extension of the single quarter-wave transformer is the multisection trans-
former comprised of say N-quarter-wave sections connected between the load and
a transmission line with characteristic impedances Z;,,s and Z, respectively. All
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Z() Zﬂ./4,] Zﬂ,/4,2 Z/l/4,N ZL
( § o } f | } | ——t I —} | t oad -
Input impedance #/4 matching /4 matching /4 matching Load impedance

transformer transformer transformer

Match input impedance to load
impedance via
N-Section
quarter-wave transmission line

S
FIGURE 1.27

Multisection quarter-wave—matching transformer.

individual sections have the same length but with varying characteristic impedances,
as depicted in Figure 1.27. The input impedance of the N-section quarter-wave loss-
less transmission line transformer can be found according to the simplified

relationship
Bl 4 Tye il
N N
Zinput = ZN’X/4€].6[ — FNeijﬁl (1134)
where
Zroad — Zy ;
Ty = —ed N (1.135)

 Zioad + Zn s

The reflection coefficient between the N and (N—1)" section is given as the

ratio
Z —Zy_
Ty, — N,/4 — LEN-1,2/4 (1.136)
Znaja T 2ZN-1,/4
Then the reflection coefficient as seen from the (N—1)" section is simply
¥ - Zzez]put - ZN—I,A/4
N-1 = o [,
le:’l]put + ZN*LA/“
(ZN,A/4 - ZN—I,A/4) P+ Ty (ZNJ/4 + ZN—I,A/4) e B!
(ZN,A/4 + ZN71,1/4> &bl + Ty (ZN,A/4 - ZN71,1/4) eJbl
v Tve 26
_ N1t lwe (1.137)

1 + Ty Tye /268

It is interesting to note that if 1>>T"y_1 'y, that is I'y and I'y—; are small, then the

denominator in Eqn (1.137) can be approximated simply as 1 + Ty_ Ty e /28! =1,
——

and hence 1>Ty Ty

Yn_1=Tn—1 + Lye 720 (1.138)
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Note that the assumption that I'yy and I'y—; are small implies that Z;,,,, is close to
both Zy ;4 and Zy_ 4. This approximation can be applied to subsequent sections
if the same assumption concerning the reflection coefficients can be made.

EXAMPLE 1.7 QUARTER-WAVE TRANSFORMER

Match a 50 ohm transmission line to a 40.5 ohm antenna using a /4 impedance matching
transformer. Assume that the frequency for which the matching circuit is /4 is F,. What
is the magnitude of the reflection coefficient at the frequency F. = F,/2?

The characteristic impedance of the matching circuit can be found using the relationship
obtained in Eqn (1.130)

Zyys = \/ZoZi0ag = V50 x 40.5 = 45 ohm (1.139)

where Zj is the impedance of the transmission line. Recall that 8/in Eqn (1.129) is related to
the matching frequency as

(27 (Am\ _ (27F\ (Cignt\ _ wF
o= (3)(8) - (G5) (@) -7,
where A = Ciighd Fm and Cignt is the speed of light. Now for F = F. = F/2, the 8/ in Eqn

(1.140) becomes wF/2Fy = wFp/4Fy, = w/4, then the input impedance, which is dependent
on the frequency, according to Eqn (1.129) becomes

. s
_ Zioad + jZy4 tan (Z) Zioad + 1234

Zioad + jZ3/4 tan(B/)
e ‘ ™ T Mz + 12
-1 Zyy4 + JZ1oad tan(z) 2/4 t 14 Load

Zinput = /1/4—2)‘/4 + Z10aq tan(B]) N

44.7514 + j4.7238

(1.141)
The magnitude of the reflection coefficient then becomes
o |Zioput — 20| |A4.7514 + j4.7238 — 50|
il = |7 o+ 2| = 487514+ ja.7238 50, ~ 00744 (1.142)
And consequently, the VSWR is
VSWR = i}?: ~ 1.1608 (1.143)

Next, we examine a scenario where the matching circuit happens to be less than
AM4. If the load impedance is an open circuit, that is if Z;,,; = o, the relationship in
Eqn (1.129) becomes

7~ lim Z1oad +JZ;4 tan(B])
I 4Z/1/4 + jZ10aa tan(Bl)
) 1+ jZZL’—/iI tan(B1)
= lim Z, TS
+ j tan(BI)

(1.144)
= —jZ) /4 cot(Bl)

ZLoatl" @®

Z1oad
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There are two characteristics that we must note according to Eqn (1.144) for a trans-
mission line that is less than a quarter wave. First, the relation in Eqn (1.144) is
imaginary and hence Z;,,,, is a pure reactance. And second, the transmission line
is capacitive. In a like manner, assume now that the load impedance is a short circuit
that is Z;,.q = 0, then Eqn (1.129) becomes

Z10ad +JZ;4 tan(B1)
ZA/4 + jZ10ad tan(ﬁl)

Zinpur = ZA/4 = jZ,\/4 tan(ﬁl) (1.145)

Load=0

Again, from Eqn (1.145) we deduce that for a transmission line that is less than a
quarter wave, the Z;,,,, is a reactance and that it is inductive.

EXAMPLE 1.8 HALF-WAVE TRANSFORMER
What is the input impedance of a lossless half-wave transmission line transformer?
The answer is simple. For 8/ = <&> <£> = m the relationship in Eqn (1.129) becomes

A)\2

Zioad + JZ)y4 tan(B/)
Y4714+ iZ10ag tan(B1)

Z0ad + JZ5)4 tan(m)

= —= A7 L Z 1.146
A/421/4 + JZL.0aq tan(m) toad ( )

Zinput =

Bl=m

This is an interesting transformer since it can match the input to the load (called 1:1
transformer). However, this transformer has a limited bandwidth capability. Increasing the
bandwidth can be done via a multisection quarter-wave transformer.

1.2.6 Transformers

Transformers in general are used for various applications in RF circuits. Some of
these applications are impedance transformation, power combining for amplifiers,
power splitting, phase inversion and phase shifting, converting single-ended circuits
to differential circuits and vice versa (baluns), and balanced mixers.

A transformer, by definition, is an RF device that uses magnetic coupling to
couple energy from one circuit to another. Coupling implies that a current running
through one wire will induce a current in the second wire. The coupling strength de-
pends on the medium separating them. One type of medium may have a lower resis-
tance or reluctance than another. In order to better understand the transformer and its
parameters, consider the ideal transformer circuit depicted in Figure 1.28(a). The
mutual inductance M is the coupling measure between two inductors. It is present
on the primary (input) side of the transformer as well as the secondary (output)
side of the transformer. The self inductances are L; on the primary side and L, on
the secondary side. The input and output voltages as referred to in Figure 1.28(b)
can be found as

. e
in(Q) £jOM I 5,,(Q) Self Voltage

(1.147)
out(Q) £ JOM T 1,,(Q) MutualVoltage
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FIGURE 1.28

The ideal transformer (a) circuit symbol, and (b) equivalent T-type circuit model.

Similarly, the relationship in Eqn (1.147) can be expressed in the more traditional
time-domain expression

R
di(t di t
vin(t) = Ly ld’:( ) +M lgl;t( )
d_'> " d_) " (1.148)
l 1
Vour(t) = L 3‘;’ +M ci’;

Note that the sign & in front of the mutual inductance terms in Eqns (1.147) and
(1.148) is dependent on the digction of_) the windings in a typical transformer.
(_Is)nventionally, if the currents [ ;, and I ,, go into the coiliLl and L,, that is
I o flows in the opposite direction in Figure 1.28(a) while I ;, stays the same,
the sign due to the mutual term in Eqn (1.147) is positive. If the currents flow in
the same direction as depicted in Figure 1.28(a), that is [ ;, flows in the direction
of the coil L; whereas I ,, flows away from it, then the sign due to the mutual
term in Eqn (1.147) is negative. To denote this convention, the currents in Eqn
(1.147) will be expressed in vector notation.
Next, define the coupling coefficient k as the ratio

M

k =
VLiL2

(1.149)
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The coupling coefficient can be simply derived as follows. First, let us obtain the
input couplin&) coefficient k; from Eqn (1.147) by forcing the input current to
zero, that is, 1 ;;, = 0 we obtain

. —
Vin = JQM I our

_9 (1.150)
Vour = jQLZ I our
And hence k; is the ratio of V}, over V,,, in Eqn (1.150), or
. d
ko= o  SM Low M (1.151)

Vour jQLzTOm B Ly

Similarly, the output coupling coefficient l;o can be obtained from Eqn (1.147) by
forcing the output current to zero, that is, I ,,; = 0 and hence we obtain

—

o . V. M
Vin = JQL1 Lin }:kg = (1.152)
Vour = ]QM Lin

Vie L
Finally, the coupling coefficient is expressed as k = v/kik, = M/\/LiL, as
already given in Eqn (1.149). An ideal transformer has k = 1, that is
M = +/L|L,. Realistically, in integrated circuits this figure could be as low as
0.54 and as high as 0.9.

The T-circuit model of Figure 1.28(b) is a simplified model of an actual trans-
former. This model does not feature any DC isolation, resistive or capacitive para-
sitics, or the transformer turn ratios. First we address the transformer turns ratio.
In order to keep with traditional transformer notation, we define the transformer
turn ratio as the ratio of two numbers. In an ideal transformer (k = 1), the turn ratio
is proportional to the voltage as well as the inductances

N L 1
=2=,/2=C (1.153)
Ny L v

and is inversely proportional to the current

Vaut
Vi

—

I out Nl Ll
=—=,/==7 (1.154)
7>in N2 L2
The parameter vy is known as the turn ratio. Define the impedances Z;, = Vi,/ 7,-,,

and Z,,; = V(,L,[/T)om, then using the relationships given in Eqns (1.153) and
(1.154), we can simply relate Z;, to Z,,;, that is

Vi Vo (N Vou (N1 Li\? )
Zin = = = N-_) = [7 = = N— Zour = L_ Zour = Y Zow
I in VT I out 2 I out 2 2

(1.155)

The result presented in Eqn (1.155) is intriguing since it implies that the reflected
impedance from the secondary Z;, is directly proportional to Z,,, and vice versa.
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FIGURE 1.29
|deal transformer model incorporating a turn ratio .

Thus, in RF systems, a transformer may be used to perform impedance transforma-
tion, thus manipulating impedances and matching circuits.

At this point, it is important to address the T-type circuit model depicted in
Figure 1.28(b). Note that in this model, the turn ratio y as well as the coupling
coefficient k are not featured in the circuit but rather indirectly incorporated in the
values of the components. Furthermore, the shared connection exhibited by the
mutual inductance does not exhibit the inherent DC isolation in the actual compo-
nent. A more realistic model that incorporates an ideal transformer showing the
turn ratio vy is depicted in Figure 1.14. The voltage—current relationships in this
case can be simply expressed as

i~y ) —
Vin(Q) = jOL I'in(Q) +jQMy I c(Q)

. —> . — (1.156)
Vc(Q) = jQLoy" I C(Q) +jOM~y 1 ,n(Q)

In this case, the £ sign was eliminated in Eqn (1.156) to reflect the direction of
the current /¢ shown in Figure 1.29. A more comprehensive model that incorpo-
rates a nonideal transformer with coupling ratio k # 1 is further shown in
Figure 1.30.

At this point, it is important to mention the parasitic effects that exist in trans-
formers. This topic may seem out of place in an antenna chapter, however, it is
important to note that resistive and capacitive parasitics can greatly influence the
transformer matching characteristics at high frequency and adversely affect

performance.
JOL(1-F) JQLay* (1-k) o
+ Iin It lout +
Vi JQ KL, % A Viur
© 9 © 9

y:1
FIGURE 1.30

Nonideal transformer model incorporating a turn ratio v and coupling factor k.




46 CHAPTER 1 Antenna Systems, Transmission Lines, and Matching Networks

EXAMPLE 1.9 HIGH FREQUENCY TRANSFORMER

Consider the ideal transformer circuit depicted in Figure 1.31. Let the wiring losses be given

as Ripand Ryt This transformer has a tuned primary and a complex load Z;. Determine the

input impedance. Next, determine the impedance reflected into the primary side. If Z; is

capacitive, would the reflective impedance into the primary appear capacitive or inductive?
First, consider the loop equations according to Eqn (1.147). Then

Vin = (Rin +JQL1) T in — JOM T out (1.157)
and
0= (Rout+ZL>7out —jQMT/n (1.158)
Solve for 7out in Egn (1.157), we obtain
/out - 7Rout+ZL in (1.159)
Substituting 70ut in Eqn (1.158), we obtain
V; ) QZMZ
= Zp = (Rp+jQL)+ 57— (1.160)
I'in Rout + Z1

The second term in Eqn (1.160) is the impedance reflected or transformed into the primary
side, namely

Q2 M2

Zin.ref/ected = m (1.161)
ou
Let the load Z; be capacitive, that is Z, = R, — jX|, then the reflected load in Eqn (1.161)
becomes

Q2 M2

Zinreflected = (Rout + R — X0 (1.162)
ou

which is obviously capacitive.

Ry 7w O\ R

Vout

FIGURE 1.31

Single-frequency tuned transformer circuit.

In a similar manner, the secondary of the transformer can be tuned by placing a
capacitor C,,, across the load resistor Ry as shown in Figure 1.32. The resonant fre-
quency of the secondary can be computed as

1

F.=— 1.163
‘ 27/ Lo Cous ( )
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R Rin m Rout

4: Cout R L

FIGURE 1.32

Secondary-tuned transformer circuit.

FIGURE 1.33

Primary and secondary-tuned RF transformer circuit.

The total impedance in the secondary is the sum of the reflected impedance due to
the primary plus R,,,; or

Q2M2
Rout + ZUWJEﬂected = Rout + m (1164)
where Ry is the resistance of the primary circuit. Finally, the Q of the secondary
becomes
2nF L
0= T (1.165)

Rout + Zout,reﬂeclea’

A natural extension of this discussion is to look at transformers where both the pri-
mary and the secondary can be tuned as shown in Figure 1.33. The tuning capac-
itors are Cj, and C,,,. Each side of the transformer can be tuned separately with
resonant frequency for the RLC circuit given as F, = 1/2m/LC. Only when the
primary and the secondary circuits are well isolated, their respective Os become

Qprimary = Q.L/R;; and Qsccondary = Q:Lo/Ryys-

1.3 Common antenna types

Thus far, we have treated the antenna in terms of circuits and general performance
parameters. In this section, we will delve into specific antenna types that are
commonly used in handheld and portable systems.
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1.3.1 Small and resonant antennas

In order to understand the treatment of electrically small antennas as circuit elements,
we must highlight the differences between long, short, and resonant antennas and how
this classification impacts the way a certain antenna is treated and analyzed.

A resonant antenna, or resonant-length antenna, is an antenna whose length is a
quarter of a wavelength, or multiples thereof, long. In this case, the antenna is purely
resistive and its reactance is zero, and hence the maximum amount of current flows
through the antenna. In most wireless applications, however, the antenna is much
smaller than A/4 in order to constrain its size. Due to this condition, an electrically
small antenna has much lower radiation resistance than a resonant antenna and
possesses a capacitive reactance thus resulting in multiple reflections at the load.
In order to tune the antenna with capacitive reactance, an inductive reactance can
be used. For an electrically small monopole, for example, the input impedance of
the antenna can be approximated as Zypu = — jZcpar cot(Bl), which is negative
for frequencies below resonance and positive for frequencies above resonance.

1.3.2 The short dipole and monopole antennas

Consider a two-wire open-circuited transmission line as shown in Figure 1.34(a).
From Eqn (1.68), the load impedance is infinite and hence

ZLoad + chhar tan(ﬁl)
Zehar + JZLoad tan(ﬂl) Zoad™ ®

Zinput = Zchar = —jZchar COt(ﬁl) (1.166)
Note that the input impedance Z;,,,, is imaginary, that is a reactance, given the
characteristic impedance Z.,, that is real. Z;,,, is either positive or negative
depending on (I. The open circuit depicted in Figure 1.34(a) has a zero current at
the ends away from the source and thus causes a standing wave on the line. Note
that at any cross-section on the line, the currents are of equal magnitude and opposite
directions thus causing their respective radiated fields to be equal in magnitude and
opposite in direction and thus do not radiate.

Next consider a scenario where the wires are bent at 90 degrees in opposite
directions at their respective ends as shown in Figure 1.34(b). The currents in the
bent portions of the wires as shown in Figure 1.34(b) are no longer flowing in the
opposite direction, but rather in the same direction, causing the wires or dipole
antenna, to radiate. The current distribution is depicted as decaying linearly away
from the junction, which is a good approximation for L < 0.1A. Note that the currents
at the ends of the wires are still zero. Furthermore, the current distribution has also
changed from that of the open-circuit transmission line. The current distribution can

be found analytically as
sin <277 (L |l|>>
L L
A2 (1.167)

o <I<=

sin W—L 2 2
A

I(l) = Ijunction



1.3 Common antenna types
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FIGURE 1.34

Current distribution on (a) open transmission line and (b) dipole antenna. (For color version
of this figure, the reader is referred to the online version of this book.)

where [jycrion 18 the current at the dipole—transmission line junction, / is the current
at given location on the dipole, and L is the length of the dipole. The total electric
field radiating from the dipole is the sum of the individual fields

1 — cos (WL>
inl. . Le—iBr
g, — IMhncionLe /. in(6) (1.168)

NG
A A

where 0 is the elevation angle, r is the distance between an infinitesimally small point
on the dipole to a point in the electric field, and n = \/u/e as defined in Eqn (1.33).
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A short dipole can be expressed as a simple three-element circuit as shown in
Figure 1.35. In free space n = 1207 and the radiated power can be expressed as

2
L
1 —cos|{— 2m
Wcsion | L (A) ,
Ptotal radiated power — ju/émon E L (TrL) / /F(hj) s t9d(9d¢
Sosnl) /) oo

7n=1207 in free space

2

1 —cos (FL)
L A I junction
=80| - :
A

(1.169)

For a dipole with uniform current, the radiation resistance for L less than 0.14 can be
expressed as

I\ 2
Ryuq = 807 (E) (1.170)
On the other hand, the radiation resistance for an open-ended short dipole is given as
2 (LN
Riaa = 20w 2 (1.171)

Note that the radiation resistance in Eqn (1.170) is dependent on the wavelength as
well as the length of the antenna. The resistive loss in a dipole can be approximated
simply as [3]

L F
Rioss = ThTe (1.172)

3dperimeter a

where dperimerer 18 the distance around the perimeter of the wire, and ¢ is the con-
ductivity expressed in mhos per meter. The relationship in Eqn (1.172) assumes
that the current diminishes linearly away from the junction as shown in

=

"N

RLOSS

)
Vtransceiver

Antenna

Kant

FIGURE 1.35

Circuit representation short dipole antenna. (For color version of this figure, the reader is
referred to the online version of this book.)
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Figure 1.34(b). The capacitance of a short dipole, on the other hand, can be also
approximated as [4]

Smel
c— _Oomel (1.173)

In <£) —1
dy
where d,, is the diameter of the wire.

The results discussed thus far are only true if the antenna is placed away from any
large obstacles that can alter its radiation pattern. In practice, however, nearby objects
can largely alter the radiation pattern of a transmitting antenna and can induce currents
back into the antenna itself changing its impedance. While the former effect of radi-
ation altering can be thought of as a far field effect, the change in impedance can be
regarded as a near field effect. In order to understand this phenomenon, consider the
impact of a vertical dipole placed a distance z = d, above a perfect ground plane. Due
to this symmetry, the radiated fields due to the dipole can be expressed as

1 (TFL)
. s — COS| —
E, — JnljunctiunLe Jer A
b 2Ar L . (wL
— Sin| —
A A

Although not obvious, the relationship in Eqn (1.174) implies that the dipole image
below the conducting plane is situated at a distance z = —d, and has the same fields
as the dipole apart from for a phase delay thus adding to the field strength. This is
only true for dy < 0.054. For larger distances, the phase differences become more
pronounced, thus reducing the field strength. The radiation resistance for the
open-wire dipole over a perfect conducting plane is given as

sin(6) cos(Bdy cos(8)) (1.174)

I\ 2
Rya = 401 (A) (1.175)
which is double the radiation resistance found in Eqn (1.171).

The monopole antenna is half of a dipole antenna placed on top of a ground
plane, and hence its radiation pattern will be identical to that of the dipole in the up-
per hemisphere. Given a perfect conducting infinite plane, a monopole antenna is
equivalent to a dipole antenna whose lower half is the exact image of its upper
half as shown in Figure 1.36. The total radiated power of a monopole is half of
that of a dipole, and hence the monopole radiation resistance is also half of that
of the dipole, that is

1

Piotal radiated power,monopole — EP total radiated power,dipole

(1.176)

Rrad,monopole = ERrad.dipole

On the other hand, the directivity of the monopole is twice that of the dipole since
Pwausiisotropicig,¢ in the denominator of Eqn (1.10) is doubled.
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(a) (b)

< <
Current I(1)\
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FIGURE 1.36
(a) Monopole above perfect ground plane and (b) its equivalent dipole.

1.3.3 The small loop

Another common antenna type is the small loop antenna depicted as a circular loop
in Figure 1.37. A circular loop antenna is considered small if the radius is roughly
less than or equal to A/20 [5]. The electric field radiating from the circular antenna
can be expressed in a manner similar to Eqn (1.168) and according to the coordinates
shown in Figure 1.37 as [3]

I . BAe BT
_ nw termmazlﬂ e E’ sin(ﬁ)
A (1.177)

Ey

FIGURE 1.37

Circular loop antenna with uniform current in x—y plane. (For color version of this figure, the
reader is referred to the online version of this book.)
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where A is the area of the loop. It is important to note that the electric field of a given
loop, unlike a dipole, scales by the wavelength squared, and the field strength varies
in inverse proportion to A%. Furthermore, the relationship expressed in Eqn (1.177) is
true of any loop regardless of geometry and rather depends on the total area A. The
horizontal small loop is horizontally polarized and has the same magnitude pattern
as the vertical dipole, which happens to be vertically polarized. Incidentally, this im-
plies that in the near field, the short dipole stores its energy in the electric fields
whereas the small loop stores its energy in the magnetic field.

The equivalent circuit for a small loop is shown in Figure 1.38. According to
[6,7], the resonance of a small loop occurs at approximately 7D gjgmerer/A = 0.49,
where D jigmerer 1 the loop diameter in meters. This number tends to vary even at
frequencies where the loop is considered small. It is somewhat higher for thinner
loops and somewhat lower for thicker loops, and thus this variation can be modeled
by the shunt capacitor C shown in Figure 1.38. To resonate at 7D jigmeter/A = 0.49,
the capacitance value is found to be

D2
C — diameter (1178)
(0.98)* L
where L is the inductance given in pH. The radiation resistance for the loop antenna
can be expressed in terms of its area squared as
8nmiA?
3

In free space where n = 120, the radiation resistance can be simply computed by
substituting A = ¢/F, where c is the speed of light as

Ryd = (1.179)

Rigg = 0.346F*A% (1.180)
and the frequency F is in MHz.

=
R /
rad

Vtransceiver 8‘ ©
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% _@77 C Rioss

£ G

()

jxant } L

FIGURE 1.38

Circuit representation of small loop antenna. (For color version of this figure, the reader is
referred to the online version of this book.)
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The resistive loss per unit length is the same as that of the dipole, and hence the
total resistive loss is given as

1 muF,

Ripss = (1.181)

dperimeter g
where dpripmerer is the distance around the perimeter of the wire, and ¢ is the conduc-
tivity expressed in mho per meter. The inductance L, on the other hand, can be found
as [4]

D
L= ﬁl)diameter |:ll] (m> - 2:| (1.182)
2 dy

Note that the same can be computed for a square loop or a rectangular loop. An
excellent reference on this subject is found in [3]. Finally, it is worthy to note that
loop antennas are less susceptible to nearby objects than wire antennas. Their
biggest drawback lies in their inefficiencies.

1.3.4 Patch antennas

A microstrip patch antenna is comprised of a radiating metallic patch situated on one
side of a nonconducting substrate panel with a metallic ground plane placed on the
other side of the panel. A patch antenna, depicted in Figure 1.39, can take many geo-
metric shapes, with the rectangle, square, and circle being the most common. The
radiation of the patch is perpendicular to the board on which it is placed. The dimen-
sion L is slightly less than half the free-space wavelength divided by the square root

Feedline

Equivalent
slots

FIGURE 1.39

Patch antenna with two equivalent slots and microstrip feedline. (For color version of this
figure, the reader is referred to the online version of this book.)
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FIGURE 1.40

Equivalent circuit model of a patch antenna.

Ay
A

FIGURE 1.41

Equivalent circuit for the microstrip feedline.

of the effective dielectric constant of the board. The feedline, in this case a micro-
strip line, is etched alongside the patch at the center of its width as shown in
Figure 1.39 for the rectangular patch. The equivalent circuit for the microstrip
line is shown in Figure 1.41.

For a rectangular patch, the radiation is generated from the two edges with two
equivalent slots as shown in Figure 1.39 [8,9]. The other two opposing edges that are
W apart do not radiate so long as the feedline is at the center of the radiating edges.
Thus, it can be concluded that a radiating patch can be modeled by two slots sepa-
rated by a transmission line. Each slot can be represented by a parallel circuit of sus-
ceptance X and conductance G as shown by the equivalent circuit depicted in
Figure 1.40. Note, however, that the circuit presented in Figure 1.40 does not model
the mutual coupling present between the two radiating slots’' nor does it account for
the radiation due to the nonradiating edges of the patch. Due to these limitations, this
model becomes unsuitable to analyze nonrectangular shapes and hence it is very
limited in its application [9].

A rectangular microstrip radiator can be modeled as an open cavity bounded by
the patch and the ground plane. Assume the relative dielectric constant to be ¢, and

JA slot is a radiating narrow aperture.
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the substrate thickness to be /," then the total electric field in the leaky cavity can be
expressed as

E.(x,y) = Z Z Cinn cos(%r)x X COS (%)y (1.183)

where the constant C,,,, depends on the feed location and L and W are the patch’s
resonant length and nonresonant width as shown in Figure 1.39. The resonant fre-
quency of a rectangular patch in the fundamental mode can be predicted using its
dimensions and the relative dielectric constant, that is

c
Fo = —F——— 1.184

¢ 2(L+ h), [Eeff ( )

where ¢ is the speed of light, and e,y is the effective dielectric constant defined

as [10]

I 61 1
_Er e where W/h > 1 (1.185)

Eeff )
2 2 Jin2d

Note that for a very small 4, the relationship for the resonant frequency in Eqn
(1.184) becomes

c
Fresonant = —— (1186)

2L\/e,

At this point it is important to elaborate on g,.5in Eqn (1.185). A basic patch antenna
is depicted in Figure 1.42. The distribution of the electric field of a rectangular patch
when excited in its fundamental mode is also shown. The electric field is zero at the
center of the patch and progresses to become maximum positive on one side and
maximum negative on the opposite side. The polarization of the field interestingly
enough depends on the instantaneous phase of the applied signal. Note, however,
that the electric fields do not end immediately at the patch’s edges but rather extend
somewhat to the outer periphery of the patch. These field extensions are known as
fringing fields. The electric field radiates along the z axis, whereas the magnetic field
is present in the x, y plane. It is because of these fringing fields that the patch looks
electrically greater than its physical dimension. This increase in dimension of the
patch along its path, and denoted by AL, is a function of the effective dielectric con-
stant .4 and the ratio W/h as [10]

%
210264
% - 0_412( Eoff +002'28> b (1.187)
Eeff — 1 - 08

YThe substrate is assumed to be very small and hence the fields radiate in the z direction.
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FIGURE 1.42
Basic patch antenna comprised of a flat plate over a ground plane and feedprobe.

Note that the resonant frequency in Eqn (1.186) does not account for the
fringing effect. Accounting for fringing effects, the modified resonant frequency
becomes

1
Fresonant.fringing = 2(L+2AL)\//W
e

For an efficient radiator, the width can be predicted using the resonant

frequency as
1 2
W= \/ (1.189)
2Fresonant\/l-t(]8() g+ 1

EXAMPLE 1.10 PATCH ANTENNA DIMENSIONS

Consider a rectangular patch antenna with a dielectric constant of 2.9, h=0.15 cm. Compute
the length and width of the patch for a resonant frequency of 2.5 GHz.
The width of the patch W can be computed using Eqn (1.189) as

(1.188)

W 1 2 1 [ 2
2Fresonant /io%0 \ er +1 2, [ar % 107 x ghox 1079 x 25 x 109 ¥ 2911
us
= 4.2967
(1.190)
Next, using the relationship in Eqn (1.185), the effective dielectric constant may be
obtained as
er+1 e -1 1 29+1 29-1 1
Eeff = + = + = 2.7475
2 2 Ji+12g 2 2 J1+12808
(1.191)

Continued
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EXAMPLE 1.10 PATCH ANTENNA DIMENSIONS—cont'd
To obtain the length L, first we must obtain AL using Eqn (1.187)

AL — o.412n< eeff +0.3 ><L,5+0.264>

eerf —0.258 )\ ¥+ 0.8
2.7475+0.3 \ (48 +0.264
= 0412 x 0.15<2.7475 — O.258> ( 45?27 o8 | = 0.0743 (1.192)
Using Eqn (1.188), we can obtain L as
L= L —2AL
2 Fresonant,fringing\/ HoEQE€eff
L= L g —2x0.0743 = 34712
2x2.5x% 109%” x 1077 x ——x 1072 x 2.7475
36w
(1.193)

Reexamining the equivalent patch antenna circuit presented in Figure 1.40,
and assuming that each slot posses the parallel admittance and that both slots
are identical, then the admittance for the slot closest to the feedline in Figure 1.39
is given as [11]

Y = G+jX
w 1 /27 \? h
G="07 57\ 5h 2 < 0.1, W finit
120,1< 24<A >> AT (1.194)
W 27.(. h . .
X = 1200 (1 —0.6361n<7h>) }<0-1,Wf1n1te

Finally, it is important to note that patch antennas, in wireless portable applications, are
largely used at high frequencies for narrowband applications with semispherical
coverage. Wider bandwidth can also be supported using various bandwidth widening
methods.’ Patch antennas are inexpensive and can be integrated with circuit elements.
Incidentally, it is interesting to note that patch antennas exhibit large ohmic losses.

1.3.5 Helical antennas

A helical antenna, depicted in Figure 1.43, is a broadband antenna that exhibits cir-
cular polarization. The antenna itself is connected to a conductor, the shaded circular
portion, which itself is connected to a transmission line. Given a circular ground
plane, the radius p is chosen such that p > 0.75A. The helix itself consists of a

'One such technique uses thick and low permittivity substrates.
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FIGURE 1.43

Helical antenna on a ground plane. (For color version of this figure, the reader is referred to
the online version of this book.)

conducting wire wound N times. Each turn has a diameter D. The spacing between
each turn is §, resulting in total length of the antenna being L = NS. The total length
of the wire can be expressed as

Lyotar = NV S? + w2D? = NLgy (1.195)

where L is the length of the wire between each turn as depicted in Figure 1.43 [10].
The geometric properties of the antenna along with the wavelength control its radi-
ation characteristic.

Next, define the pitch angle as the angle that can be outlined between a tangent to
the helix wire and a plane perpendicular to the helix axis

1 S T
Hpitch = tan : (E); 0< Hpitch < E (1.196)
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According to Eqn (1.196), there are three scenarios that can ensue due to various
values of the pitch angle: (1) for 6., = 0 the helix becomes a loop antenna
comprised of N turns, (2) for 6,;;., = 7/2, the helix becomes a linear wire, and finally
for all other scenarios (3) for € (0,7/2) a helix is formed. A helical antenna
operates principally in broadside or normal mode (typical in portable and mobile
devices) or in endfire or axial mode with the latter being the most common in
most applications. In the broadside mode, the radiation exists in a plane normal to
the helix axis. In the broadside mode, the helix is typically small in size compared
to the wavelength, that is NLo < A. The far zone electric field is similar to that of a
short dipole and is given as

. hoSe_jkr

Ey,., = Jn sin (pitcn) (1.197)

drr
where I is a constant, k = 27F./,/u€, and 7 is the intrinsic impedance of the
medium given as n = \/u/e. Helical antennas have been used extensively in
cellular phones.
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In this chapter, we introduce a powerful set of tools to analyze microwave networks
without having to resort to the more powerful but more complex Maxwell’s equations.
Maxwell’s equations provide comprehensive information concerning the electromag-
netic field distribution within a microwave network. Aside from the antenna, a micro-
wave engineer may only be interested in how a microwave circuit reacts to external
microwave signals. On the other hand, basic circuit analysis that is used typically at
direct current (DC) or low frequency is far too simple to provide practical guidance
for the design and analysis of microwave components. Circuits at microwave fre-
quencies exhibit characteristics that cannot be easily delineated by mere application
of Kirchhoff’s voltage and current equations. Therefore, simply put, a set of analytical
tools is needed to enable the engineer to obtain such simple, but realistic, parameters
as current, voltage, and power through a microwave circuit or a set of interconnected
microwave components without having to resort to very complex analysis.

One such tool is based on the scattering parameters (S-parameters) of the forward
and reflected voltage and current waves derived in Chapter 1 from transmission line
theory. Given a multiport network, S-parameters can be used to provide a thorough

Wireless Receiver Architectures and Design. http://dx.doi.org/10.1016/B978-0-12-378640-1.00002-0 6 1
Copyright © 2014 Elsevier Inc. All rights reserved.
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description of the network behavior in terms of incident and reflected waves onto the
various ports. S-parameters can be obtained either via network analysis or via mea-
surements using a network analyzer. Once S-parameters are obtained, they can be
related to more traditional network parameters such as impedance and admittance
matrices. These parameters can also be related to a transmission (ABCD) network
analysis matrix technique that is suitable for cascade analysis of multiport networks.

The chapter is divided into three major sections. While Sections 2.1 and 2.2 deal
mostly with two-port network models, Section 2.3 addresses three-port and four-port
network models. Section 2.1 addresses the various circuit network models and their
advantages and disadvantages. Specifically, it discusses in some detail the imped-
ance and admittance multiport network model, the hybrid network model, and scat-
tering parameters network model. Section 2.2 presents an extremely useful
analytical technique known as signal flow graphs. Topics ranging from power
gain equations to stability theory are discussed. In Section 2.3, three-port and
four-port network models are studied. However, rather than repeating the general
theory already presented in the previous two sections, it presents two very special-
ized and very common three-port and four-port devices, namely power dividers and
combiners and the directional coupler.

2.1 Network models

The purpose of this section is to give an overview of various popular circuit network
models. It addresses the use of these models in front-end system analysis and circuit
design.

2.1.1 The characteristic impedance revisited

Define the potential difference voltage Vas the work done by a certain external source
in moving a unit positive charge from an initial point ;s to a final point £g,q

Yinal Linitial
- — = 17
v / Bl — / E-dl @1
Linitial Cinal

On the other hand, Ampere’s law states that the total current flowing through a
closed surface S is given as [1]

I = %ﬁ-d? (2.2)
S

The characteristic impedance for a traveling wave is then the ratio of the voltage in
Eqgn (2.1) to the current in Eqn (2.2) or [1,2]
14

Zehar = 7 (2.3)
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FIGURE 2.1
One-port network.

Given a one-port network as depicted in Figure 2.1 and recall from Chapter 1

. . . 1 r 2 % -~
that the complex power delivered to this network is P = 5 § E-H -ds, then P
N

is broken down into dissipated energy or the real value of P and stored
energy in the form of electromagnetic energy or the imaginary value of P. The
impedance at the input point of the network of Figure 2.1 can be expressed
in the frequency domain as Z(Q) = V(Q)/I(Q). For a real input voltage and
current, that is v(¢) = v¥(f) and i(¢) = i*(¢), we know according to the Fourier trans-

form that
Vi(Q) = V(-Q)
2.4)
reQ) =I1-9Q
which implies for Z*(Q) = Z(—Q). This implies that for
Z(Q) = R(Q) +jX(Q) (2.5)

R(Q) is even in Q and X(Q) is odd in Q.
Given the reflection coefficient I'(Q), defined as

o Z(Q) - Zchar _ R(Q) +]X(Q) - Zchar
F(Q) B Z(Q) + Zchar B R(Q) +JX(Q) + Zchar (26)

The relationship in Eqn (2.6), in light of the characteristic of Z(€2), also implies that

z* (Q) - Zchar _ R(Q) _]X(Q) - Zchur
Z5(Q) + Zepar  R(Q) —jX(Q) + Zepar

r(Q) =

= I(-0)
2.7
M@ = M@ (Q) = NQ)T(-0) = (- Q)P

The relationship in Eqn (2.7) implies that the magnitude of the reflection
coefficient as well as the magnitude squared are even functions of the frequency
variable Q.
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2.1.2 The impedance and admittance multiport network model

At the nth port of a multiport network, as depicted in Figure 2.2, define the total
voltage and currents as the sum of the incident and reflected voltages and the differ-
ence of the incident and reflected currents [3], or

Ve =VEi+ V-

o oo (2.8)

L =17 -1
Then relate the total voltages of the network to the total currents via the impedance
matrix Z defined via the relation

Vi Ziy g o Zin I
Vs Ly lap DN I
2.9
Vn N1 Znp vt ZNN Iy
S—— S——
v Z 1
V=17
where Z is the impedance matrix with elements defined as
V,
Zn = —= (2.10)
I” I,)=0 for l#n

The relationship in Eqn (2.10) is obtained by setting the currents, the independent
variable in this case, to zero at every port except at the driving port, that is for

N
N-port network

FIGURE 2.2
An abstract depiction of an N-port network.
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Port 1 Port 2
II ]2
e Ia—
+
Z 7
v " Two-port 22 v
! network 2
- Zl.212 Zz.1]| B

FIGURE 2.3
Two-port Thevenin impedance-equivalent network.

I;=0and ! # n, using open circuit termination. The parameters in Eqn (2.9) are
therefore known as open circuit impedance parameters [4].

To further illustrate this point, consider the two-port network depicted in
Figure 2.3. The impedance parameters are obtained via Eqn (2.9) as

Vi Ziy Zip || §L
Vs L1 Lp| | Db

or
Vi = Zigh +Ziphh and Vo = Zo 111 + 2o 00

@2.11)

To compute the input impedance Z;; for example, set I, =0, then we obtain
Zy1=Vi/I. That is, Z; ; is the input impedance with the output port (port 2) termi-
nated in an open circuit (/2 =0). In a similar manner, Z; is the output impedance
obtained while the input port (port 1) is open circuited. Similarly, the forward transfer
impedance 7, ; is computed with the output terminal open circuited while the reverse
transfer impedance Z; , is obtained with the input port terminated in an open circuit.

At this juncture, it is important to point out that the impedance model is most rele-
vant at low frequencies. At high frequencies, however, fringing capacitances make use
of an open circuit increasingly hard to implement. This is especially true when it
comes to performing measurements on active devices. As we shall later see, this lim-
itation is overcome by the use of the powerful “scattering parameters model”.

Next we turn our attention to the admittance model. In this case, the voltages are
the dependent variables. The admittance matrix relates the currents to the voltages
according to

I Yi, Yip - Yin Vi

163 Y201 Yo - Tn Vs
(2.12)

Iy Yvi Yvo - Yyn Vn

1 Y v
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. - . . . - _ 51
where the admittance matrix is the inverse of the impedance matrix or ¥ = Z .

From Eqn (2.12), the individual admittance elements are obtained such that
I,
Yun = —- (2.13)
V” V,=0 for l#n
The relationship in Eqn (2.13) implies that the impedance Y, ,, is obtained by driving
the nth port with the voltage V,, and short-circuiting all other ports such that V; =0
for | # n.
To further understand the impedance model, consider the two-port impedance
network depicted in Figure 2.4. The admittance parameters are obtained via

or

(2.14)

I = Y11Vi+Y12Vo and I, = Y21V + Y222

To estimate the input admittance Y ;, for example, set the output voltage V, =0,
then we obtain Y7 | = [;/V_ that s, the input admittance is computed with the output
short-circuited. In a similar manner, the output admittance Y5 is obtained with the
input voltage short-circuited, that is V| = 0, then we obtain Y, » = I,/V;. The forward
Y, 1 and reverse Y » transfer admittances are obtained by short-circuiting the output
and input voltages, respectively, that is
Y1 = 1—2 and Y, = I—l (2.15)
Vi Vy=0 i Va V=0
These parameters are in general very accurate and well represent the circuit behavior
when used in higher impedance networks only. This is due to the difficulty in imple-
menting a short circuit that is typically done using large capacitances.

At this point it is important to note that both the impedance and admittance pa-
rameters can be complex valued. Furthermore, for a purely lossless network, the ad-
mittances and impedances are purely imaginary values.

Port 1 Port 2
I 1,
—> e —
+ +
Two-port
d I s network s I £
- 1.7, L -

FIGURE 2.4

Two-port Thevenin admittance equivalent network.
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Z

Z,

FIGURE 2.5

Series network represented by single impedance matrix.

FIGURE 2.6

Parallel network represented by single admittance matrix.

Next, let us address the additive properties of impedance and admittance net-
works. Given two series networks with impedances Z; and Z, as depicted in
Figure 2.5, it can be proven that the total impedance of the network is none other
than the sum of the impedances Z; and Z, or

Zeq =Z1+72; (2.16)

Similarly, given a parallel network comprised of two circuits characterized with
admittance matrices Y| and Y5, as depicted in Figure 2.6, then it can be shown that
the total admittance of the network is the sum of the parallel circuit admittances, or

Yooy =Y1+1 .17

EXAMPLE 2.1 IMPEDANCE PARAMETERS OF TWO-PORT NETWORK

Consider the two-port network depicted in Figure 2.7. Compute the impedances 711, Z12, 201,
and Z», for R=50 ohm. What happens as R gets much larger?

The relationship in Eqn (2.11) implies that Z;; and Z»2 can be found independently by
leaving port 2 open and then port 1. That is, if we open the circuit at port 2, we find the
input impedance as

Vi =2Z11h +Zl.2/2{/2:0 =Z1h=
(2.18)

Zi1 :?: Ry + R = 10 +50 = 60 ohm
' 1

In a likewise manner, if we open the circuit at port 1, we find the output impedance as
Vo = Zo1h +2o2b|, o = Zo2lo1=
(2.19)

2y :%: Ro + R = 50+ 50 = 100 ohm

Continued



68

CHAPTER 2 Microwave Network Design and Analysis

EXAMPLE 2.1 IMPEDANCE PARAMETERS OF TWO-PORT
NETWORK—cont'd

The forward and reverse transfer impedances are equal in this case. To compute Z;, allow
port 1 to open circuit while applying a current at port 2, that is
w W R
b R+R,

Vi = Ziih +Zigh|, g = Zi2kh=215 =
(2.20)

ZL2 = (R+R2><m> = R = 500hm

Note that as R becomes larger and larger, all three impedances approach the value of R.

I Two port network A
o—Pp— -4—o
+ Ry =10 ohm Ry =50 ohm +
4 : 4

FIGURE 2.7

Two-port T-network.

2.1.3 The hybrid network model

Unlike the impedance or admittance matrices, the ABCD matrix is defined for a two-
port model only [3.4]. A further difference can be seen by noticing that the output
current in Figure 2.8 exits the network in comparison with the impedance network
model shown in Figure 2.3.

)= Lo o)l

Vi = AV, +Bl, and I} = CV, + DI,

221

1] 12
—» —»
o—— —o0
A B
v 4
€ D
o—— ]

FIGURE 2.8
Voltage and current parameter representation for ABCD matrix.
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A B Al BI AZ BZ
C D <:> Cl Dl CZ DZ
FIGURE 2.9

Cascade of ABCD matrices.

To obtain the ABCD parameters, both a short circuit termination (V, =0) and an
open circuit termination (/; = 0) are needed. Using the relationship expressed in
Eqn (2.21), we obtain

Vv Vv
A=-1 and B = -
V2 L=0 I V,=0
(2.22)
I I
C =— and D = —
V2 L=0 I V,=0

Observe that in the hybrid model, the parameters exhibit different units. Further-
more, the ABCD parameters can be complex similar to the impedance and admit-
tance parameters.

A powerful feature of this network model can be seen when cascading several
networks together in a chain. The overall parameters are found by multiplying the
various ABCD matrices and obtaining a total ABCD matrix. By way of an example,
consider the network depicted in Figure 2.9, the overall equivalent ABCD matrix is

computed numerically as
A B A B

Ci D

Ay B
G D

C D
(2.23)
A1Ary +B1Cy ABy +B1D;

CiAy +D1Cy CiBy+ DDy

It is obvious that the matrix multiplication in Eqn (2.23) is not commutative. In other
words, the order of the matrices is not interchangeable in the multiplication.

EXAMPLE 2.2 HYBRID ABCD NETWORK

Consider the ABCD network depicted in Figure 2.10. Assume that the network is made up of a
cascade of two circuit elements. The first element can be modeled by a series impedance Z
followed by a second element that can be modeled by a shunt admittance Y. Compute the
parameters A, B, C, and D. What is the ABCD matrix if you swap the elements? Express the
input impedance in terms of Z; for the first cascade configuration.

The series and admittance elements are depicted in Figure 2.11. The corresponding ABCD
matrix of the series impedance element is:

L Z} (2.24)

(ABCD)seriesimpedance = {O 1

Continued
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EXAMPLE 2.2 HYBRID ABCD NETWORK—cont'd

Similarly, the ABCD matrix of the shunt impedance can be expressed as

1 0
(ABCD)shunt admittance — |: y 1:| (2.25)
The cascaded ABCD matrix can then be computed according to Eqn (2.23) as
1 zZ||1 O 1+2y 7
(ABCD)cascage = o 1lly 1 = % 1 (2.26)

If we swap the elements, that is, if the shunt element precedes the series element in the
cascade, the total ABCD matrix then becomes
1 Z
0 1

(2.27)

(ABCD) 1 0 1 V4
cascade — Yy 1 - Y YZ+1
Note that the swapping operation is not commutative, that is, the matrix operations in Eqn
(2.26) and Eqn (2.27) result in a different cascade ABCD matrix.
Next, in order to obtain the input impedance, consider the ratio of V; by /; as given in Eqn

(2.21), that is

Vs B
, W _AbeBL "7 Az 1B
"Th T ChiDh Vo CZL+D?:ZL
l2 2 (2.28)
4L +7Z
T Y +YZ+1 [1 z }
(ABCD)=
Y ¥Z+1
12
—>
A B
Vs |z

cC D

FIGURE 2.10

ABCD network.

1st element 2nd element
z
Y
e
Series impedance Shunt admittance
FIGURE 2.11

Series and shunt circuit elements.
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EXAMPLE 2.3 INSERTION LOSS OF HYBRID ABCD NETWORK

Consider the ABCD network depicted in Figure 2.10. Compute the insertion loss of the network
given that the impedance circuit element is cascaded with the shunt circuit element of
Figure 2.11. Assume Z; = Zy to be real.

The insertion loss of the network in Figure 2.10 is in reference to the voltage source Vs and
hence can be expressed as

V. 2
Pinsertion Loss = 10 10819 <VZ> (2.29)

In order to compute the insertion loss, however, we must compute the ABCD matrix of the
network including the impedance of the generator Zp. That is,

ATotaI BTotaI 1 ZO
(ABCD) = = (ABCD)
Total CTotaI DTotaI 0 1 cascade
(2.30)
1 4|1 7 1+20Y Z+Z5(YZ+1)
o 1|y vz+1 Y YZ+1
According to Eqn (2.21), we have
Vo
A Vo + Brotal—
Vs ArotaiVo + Broaly T2 Bz, _ A, 4 Brotal
V2 V2 V2 Total ZL
gz 2ERZED L avi L vz (2.31)
Z =7 2
V4
=2+ (LH+20)Y +—=
4
Hence, the insertion loss can be expressed as
Vs 2 Z\?
Pinsertion Loss = 10 logig 72 = 10logio| 2+ (ZO +2)Y +7O (2.32)

EXAMPLE 2.4 ABCD NETWORK OF 7t-MATCHING NETWORK

Consider the -matching network depicted in Figure 2.12. Determine the equivalent ABCD
matrix.

In order to determine the overall ABCD matrix of the t-matching network of Figure 2.12, we
must partition the network into three basic ABCD matrices and then compute the product to
form the total ABCD matrix, that is

-ATotaI Brotal 1 0 1 /XS 1 0
(ABCD)1ota1 = :| = 1. .

L Crotat  Drotal /XP1 1 0 1 j)(/::2 1
(1 07[1=XsXp, jX

- :| ‘ SAP, S (2.33)
LXe 1 JXe, 1

[ 1 XsXe, Xs
_j'(X;J1 +XP1X5+].) _XP1XS+1

As an exercise to the reader, what is the total ABCD matrix of a T-matching network?

71

Continued
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EXAMPLE 2.4 ABCD NETWORK OF 7=-MATCHING NETWORK—cont'd

TT-Matching network

C 2 s

& 2

FIGURE 2.12

7t-matching network. (For color version of this figure, the reader is referred to the online
version of this book.)

2.1.4 Scattering parameters network model

At microwave frequency, implementing open and short circuits for accurate mea-
surements is not practical mainly due to parasitic effects and the possible instability
of the device under test. Further complications arise in the biasing requirements
when open or short circuit loads are used. Consequently, a more robust method of
defining the operating requirements for the various microwave devices than can
be pragmatically and accurately measured is needed. The S-parameters, based on
transmission line theory and traveling waves, fulfill this need [5].

Recall from Chapter 1 that the forward and reverse waves can be described in
terms of incident and reflected waves as

v = Vi@ F incident wave
(2.34)
Vo =

Vye (Qr+62) reflected wave

where Bz as defined in Chapter 1 is the propagation coefficient. Given the N-port
network depicted in Figure 2.2, the scattering matrix can be defined in terms of
the incident and reflected waves as

Vi Sty Sz 0 Siw v
Vy S0 S22 0 S vy
_ N (2.35)
Vy Svi Sn2 0 Sy Vv
vV S v
+
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where the individual elements of the scattering matrix are given according to the
relation

Smn = Vi (2.36)
Vj V=0 for I#n
Each scattering element may be found by driving port n with an incident wave voltage
V" while setting all other incident waves on the other ports to zero. Then the param-
eter is computed by measuring the reflected wave at the mth port V, = and then taking
the ratio of the amplitudes V,, /V," as shown in Eqn (2.36). Note that all ports are
terminated with matched loads in order to circumvent any reflections.

Define the reflection coefficient as the scattering matrix element according to Eqn
(2.36) where m=n, or S, ,. The reflection coefficient is found by driving port m
with an incident wave and measuring the reflected wave. All other ports are terminated
with matched loads to avoid reflections. In a similar vein, define the transmission co-
efficient S,,, , where m # n as the ratio of the reflected wave at port n due to an incident
wave at port m and where all other ports are terminated with a matched load. For any
matched port m, the reflection coefficient is zero or S, ,, = 0. Furthermore, for any pas-
sive circuit the reflection coefficient ‘Sm7m| < 1. A network is said to be reciprocal if

Smn = Snm (2.37)

which implies that the S-matrix is equal to its transpose, or § = S”. This in turn im-
plies that a reciprocal network is a network that has identical transmission charac-
teristics from port 1 to port 2 and vice versa.

A network is said to be lossless and reciprocal if

N ) N
Z |Smn| = Z Sm,nS;n7n =1 (2.38)
m=1

m=1

The relationship in Eqn (2.38) is true due to the energy conservation of the network,
which further implies that the S-matrix is unitary, that is

SSH =1 or1—8s" =0 (2.39)

where ()" denotes hermitian or conjugate transpose. A further interpretation of a
lossless network is the implication that the power incident on the network equals
to the power reflected back from the network, which is exactly in line with the pres-
ervation of energy assumption. Finally, we note that lossless networks (or almost
lossless) are typically used as matching networks between amplifier stages.

A lossy network on the other hand is a network where I — SS” is positive
definite or

I—Ss7>0 (2.40)

The relationship in Eqn (2.40) implies that the eigenvalues of the S-matrix reside in
the left-half plane, which in turn signifies that the impulse response of the network is
made up entirely of decaying exponentials. The physical implication of a lossy
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SZ.I

Vi Iy

o —e

Two-port
S
Port S”) network ” g Port
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SI.Z

FIGURE 2.13

S-Parameters of two-port network.

network is that the net power reflected from the network is less than the incident po-
wer going into it.
To further illustrate the workings of S-parameters, let us consider the two-port
network depicted in Figure 2.13. Using the relationship in Eqn (2.35), we obtain
Vi

Sip S| v

Vy S Sop V;‘ (2.41)

Vf = S1,1V1++S1’2V; and VE = S2,l‘/1+ +SZ,2V2+

The reflection coefficient at port 1 can be obtained by setting V2+ = 0 in Eqn
(2.41) or

V-

Sip =L

=T 242
v 1 (2.42)

Vi=0

Similarly, the reflection coefficient at port 2 can be obtained by setting Vl+ = 0in
Eqn (2.41) or

Ve
=z =1, (2.43)
Valvico

Sop =

The transmission coefficients from port 1 to port 2 S5 ; and from port 2 to port 1 5 »
can then be computed as

(2.44)

V=0 2

At this point, it is important to introduce certain key design parameters. The gain
defined as the ratio of output power P,,, to the available power from the source P;
is given as

Gas = 1010g;0 (521 ) (2.45)
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The parameter S5 | also dictates the phase shift of the network, that is, £S5 ;. The
insertion loss, on the other hand, is defined as the ratio of the power available
from the source to the power delivered to the matched load, that is

[S24[°
IL|;; = —101og;o ﬁ (2.46)

Another important parameter of interest is the return loss at the input defined for a
matched load as

1
RLinldB = 20 logm <m> (247)

This measure specifies the closeness of the input impedance to that of the network. A
similar parameter can be defined for the output return loss given as

1
RLou|sp = 2010gyg <—’522’> (2.48)

Similar to the definition of the input return loss, the output return loss defines the
closeness of the output impedance to that of the network. Finally, define the reverse
isolation as absolute value of the reverse gain or

2
Greverse|d3 = 1010g10(|S1.2| ) (249)

The VSWRs at the input port as well as the output port can also be defined in terms
of S-parameters as

1+S
VSWRpori1 = ILSMVSWR at input port (port 1)
=511
(2.50)
1+ S
VSWRpor11 = J—S?‘?VSWR at output port (port 2)

These design measures are used repeatedly throughout the text.

EXAMPLE 2.5 S-PARAMETERS OF A T-ATTENUATOR TWO-PORT
NETWORK

Consider the two-port network depicted in Figure 2.14. Compute the value of R3 for which
there is no reflected power. The characteristic impedance is 50 ohm

Recall that for a matched load, S;; = I" = O implies a return loss of « dB, and hence
there is no reflected power, say as opposed to a total reflection of the incident power
where I" = 1. In order to obtain the reflection coefficient Sp 1, the network must be
terminated by a matched load of 50 ohm. According to Eqn (2.42), we have

V- P
Sl 1 1 _ Z/ Zmatched (2.51)

=vF =z
Vi VA =0 Zin + Zmatched| z,,.p.,~50 ohm
/=

Continued
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EXAMPLE 2.5 S-PARAMETERS OF A T-ATTENUATOR TWO-PORT
NETWORK—cont'd

where Zj, can be computed as

o R3(Ry + 50)

Zin = Rt g R8O
(2.52)

o R3(Ry + 50)

Zin = 12+R’3+12+5O

Sweeping the value of R3 say between 1 and 200 ohm we obtain the return loss in dB as a
function of R3 as shown in Figure 2.15.

It turns out that at approximately 98 ohm, the return loss is + . Given that R; = R», the
resistive T-attenuator depicted in Figure 2.14 is also known as a pad. Pads are circuits that
are commonly used when we desire to maintain the input/output matching while increasing
isolation between various circuits.

1, Two-port network 5
O—>—r —1—0
+ R1 =12 ohm R, =12 ohm +
4 " "
FIGURE 2.14
Simple two-port network.
80
70
60
)
T 50
: /
(2]
S 40
=
=}
@ 30
x \\x
20
10 el
0
0 20 40 60 80 100 120 140 160 180 200

R3 (ohm)
FIGURE 2.15

Return loss in dB versus value of Rs. (For color version of this figure, the reader is referred
to the online version of this book.)
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EXAMPLE 2.6 S-PARAMETERS OF RESISTIVE NETWORK

Consider the two-port resistive network depicted in Figure 2.16. Compute the values Sy
and 52,1.
In order to compute the desired parameters, we must first compute the input impedance Zj,

RoZo + RiRy + 12
R2 —+ Zo

Zin = R+ Ra||Zp =

(2.53)
100 x 50 + 30 x 100 + 30 x 50
- 100 + 50 =633 ohm
51,1 can then be computed as
Vi Zin — Z 63.3-50
S =L e e =0.12 (2.54)
A o It 63.3 150
So,1 on the other hand can be found as a function of S1; as
Vo RaZy
So1=-—(1+S = 1+S
2Ly (1+511) R220+R2R1+R120( +S11)
Vo
_ 2 2.55
v ( )
100 x 50
~ 100 x50+ 100 x 30+ 30 x 50 T 0-12)=0.59
where obviously according to Eqn (2.55)
V2 Rl% R229 (2.56)

Vi ~ Ri+RollZo  RoZo+ RoR1+ Rido

Note that for passive networks Sp 1 = S1 2.

I, | Two-port network I,
o—P -4—o
+ Ry =30 ohm +
4 R, = 100 ohm Zo = 50 ohm 4
Zin
[  J

FIGURE 2.16

Two-port resistive network.

2.1.5 Transmission parameters network model

The scattering parameters of a cascade of two-port networks cannot be easily manip-
ulated via matrix multiplication. In order to do so, we resort to the transmission
matrix (7-matrix) representation. The 7-matrix is in fact none other than the
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ABCD-matrix for high frequency networks. Like the ABCD-matrix, the T-matrix is
simple to manipulate in the sense that a cascade of two or more two-port network
circuit elements can be readily obtained via matrix multiplication. To do so, we
use the terminology used in Eqn (2.41) and define the two-port 7-matrix as

Vi Ty Tip V2+

L= ~ (2.57)
Vl Tgﬁl Tzﬁz Vs
However, since most instruments conduct measurements using S-parameters, a con-

version between 7-matrix and S-matrix elements is necessary. The relation can be
stated as

T, Ti1Trp —TipTh,

St Sia] _ Ty T, (2.58)
S$21 S22 1 T2 '
T, 1>

In a likewise manner, the transmission matrix can be expressed in terms of the S-pa-
rameters as

S1,1822 —S1281 Si

T Tip| _ 521 52,1 (2.59)
Ty Ty S22 1 '
S2.1 S2.1

Note that the definition of the T-parameters as presented herein is not unique.

Next, consider the cascade of two network elements characterized by their
respective transmission matrices T and T’ as depicted in Figure 2.17. From Eqn
(2.57), we can express the output of each element in terms of its inputs as

)= [ el e [ = 12 ) OF]
v Ty TV, Vit T, T, 3

1% A
where [ }+] = [Vz_]
i Vs

(2.60)

n— s n_,
| . e
Ly T, T, T,
L, T, L, T,
- TS ——oe
— — «— —
a oW €

FIGURE 2.17

Cascade of transmission matrices.




2.1 Network models 79

Then the cascade matrix is the product of the transmission matrices T and 7”, and
hence the input and output relationships can be expressed as

Vi Ty Tip Ti,l T{,z Vf
vy Dy D] [Ty Thy] Vs

, , : ) (2.61)
ThTy, +ToTh, TiaTy,+ T1$2T2,2]

ToaTi ) +TapTyy ToaTi, +TaaTh)

Again as in the case of the ABCD matrix multiplication, keep in mind that the matrix
multiplication is not commutative.

2.1.6 Power gain based on two-port S-parameters model

At this point, it is instructive to consider the power transfer characteristics of a given
two-port network as depicted in Figure 2.18. The ultimate goal is to be able to deter-
mine vital parameters such as power gain, transducer power gain, and available gain.

To do so, several parameters have to be determined first. Recall from Eqn (2.42)
and Eqn (2.43) that the reflection coefficients from the network looking toward the
source and from the network looking toward the load can be stated in terms of the
characteristic impedance Zj as

Zs — 7 . - L

r == 9 reflection coefficient from network looking into the source
Zs + 272y
Z1oad — Z . - o

I, = ZLoad — 20 reflection coefficient from network looking into the load
ZL()ad + 2

(2.62)

Next let us determine the input reflection coefficient I'y, = Vi / Vfr =
(Zin — Zehar) | (Zin + Zehar) where Zy, is the impedance looking into port 1 when
port 2 is terminated. Recall that I'; is the reflection coefficient from the network
looking into the load, and hence I'y = V2+ /V5 , then using Eqn (2.41) we obtain
Vi =SV + 81210V,
(2.63)
Vi = S0,V + 82210 V5

Two-port -
network ﬁ r Z 1 oad

5= |:S1,| S1,2:| V-
Sz,l Sz‘z -

FIGURE 2.18

Two-port network with voltage source, source impedance, and load impedance.
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Note that from Eqn (2.63), V, can be expressed as

Sy Vi
Vy = SoiVi 4 S0l Vy =V, = —2 (2.64)
' ’ 1-— S272F2

Furthermore, substituting Eqn (2.64) into Eqn (2.63) reveals that
Vf = Slﬁl‘/fr +5172F2V27:>

Fin - E = Sl 1 —|—M — M (265)

In a similar fashion, we can determine the reflection coefficient I",,; as

Vy S1282,1T
Tow = 2 =8 == 2.66
v 2"2+1—Sl,11"1 (2:60)

Again, recall that I, is the reflection coefficient obtained by looking into port 2
given that port 1 is terminated by the source impedance Z;.
The average power delivered to the network can then be determined as

Vit P (1= Iral?)

Pipur = 2.67
input 2Zchar ( )
where one can obtain Vf via voltage division as
VsZ;
— yt - _ yt . — s&in
Vi =Vi+V =V (1+Ty) 7 17 s (2.68)

Zin=Zchar -,

Substituting Eqn (2.65) into Eqn (2.68) and placing the result in Eqn (2.67), we
obtain

Vil =P (1= Tal?)
SZchur“ - 1—‘irzl—‘s|2

(2.69)

input —
In a similar analytical fashion, the power delivered to the load can be found as

|V5|2(1 - |FLoad|2)

P = 2.70
Load 2Zchar ( )
After manipulation, we can verify that P;,,s can be written as
2
|Vs‘2’S2,1| ‘1 - FS|2(1 - |FL0ad|2)
PL()ad = (271)

2
SZchar|1 - Finrs|2’1 - SZ,ZFLoad|
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The power gain can then be obtained as the ratio of Eqn (2.71) over Eqn (2.69) as

2 2
G B Proad . (1 - |FLoad| )|S2’1| 57
Power Gain — P = 3 : ( 7 )
input |1 — Sz,zFLoad| (1 — |Tin| )

There is another power gain parameter that is of interest, namely the ratio of the
maximum power that can be delivered to the load that is available from the network
to the maximum power delivered to the network that is available from the source.
First, it can be shown that the maximum power delivered to the load that is available
from the network Ppenvork ioad 15

Vo2 1 = Ty[?
Pnetwork,load = Pinput r,=r" = | S| ‘ S| 2 2.73)
’ 8Zchar(1 - |Fs| )

Similarly, the maximum power delivered to the network that is available from the
source Pyource,nework 18

2
[Val*[S21 |1 = T
Psource,network = PLoad|[‘Lmd:I‘;’m = B 5 (2.74)
8Zchar|1 - Sl,lrs’ (1 - |F0ut| )
The available power gain can then be expressed as the ratio of Eqn (2.73) to Eqn
(2.74), that is

2 2
Prretwork load (1 — [T )!52,1}
GAvailable Power Gain = nefwork,oa  — (2.75)

Psource,nerwork ‘1 — Sl,lrsyz (1 — |Fout|2)

Note that both Eqn (2.72) and Eqn (2.75) are independent of V and that Eqn (2.73)
and Eqn (2.74) are both independent of the input or load impedances.

2.2 Signal flow graphs

Signal flow graph is a design technique that allows the engineer to follow the inci-
dent and reflected waves through the network. The technique itself will provide a
unique insight into the working of microwave networks [1,6].

2.2.1 Basis operations

Consider the two-port S-parameter relationship given in Eqn (2.41) or
Vi = Su1Vi +812V5 and Vi = S1V{ + S,V,". Designate each variable
{v, V1+ Vo, V2+ } as a node. Each of the S-parameters will constitute a branch.
Each node is the sum of the branches entering it. Consider first the relation

Vi =SVl +812V5 (2.76)
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(a) (b)

+ v ' '
Vl I ! S” N TVZ :Sz,lVl JrSz,sz
S S
LSW —% i vy
= Sl.lVl+ + SLsz+ ’

(c)

Y ?Vz
Sy S,,

< S J
v v

FIGURE 2.19
Signal flow graph for a two-port network.

The signal flow graph for Eqn (2.76) is depicted in Figure 2.19(a). Similarly, V" can
be expressed as

Vi = S0V +82,Vs (2.77)

The relationships between the incident and reflected waves can be readily
derived. It can be seen that the reflected wave V| is made up of both incident
waves Vl+ and V; as illustrated in Figure 2.19(a). Similarly, the reflected wave V;
is also made up of a combination of the incident waves Vl+ and V; as shown in
Figure 2.19(b). Combining Figure 2.19(a) and Figure 2.19(b) produces the flow
graph for the two-port network as depicted in Figure 2.19(c). Now, it can be
seen that the incident wave V1+ , for example, is split where part of it propagates
out of the network and contributes to V, and part of it is reflected back and
contributes to V| . The S-parameters serve as complex multipliers to reflected
waveforms.

Signal flow graphs can be used to effectively model linear systems with combi-
nations of feedforward and feedback paths. The transfer function of such systems
can be derived by using Mason’s gain rule.’' Before we delve further into the analysis
of signal flow graphs and Mason’s gain rule, certain ground rules and terminology

"Mason’s gain rule or Mason’s gain formula is named after Samuel Jefferson Mason. This method can
be used to obtain transfer function of a linear continuous time or a discrete time system.
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FIGURE 2.20

Signal flow graph comprised of several forward and feedback paths.

need to be established. Consider the signal flow graph depicted in Figure 2.20.
Consider the following rules:

1. Aloop is a closed signal path that starts and ends at the same node. In a loop, no
single node may be encountered more than once. For example, consider the loop
(A BA) depicted in the signal flow graph shown in Figure 2.20. The signal enters
the A node, then proceeds to the B node via the AB path with gain g, and then
loops back to the A node via the BA path with path gain g,. Other loops in
Figure 2.20 include (C DC), (E FE), and (A BCDEFA).

2. Two loops are said to be non-touching if said loops do not share a common signal
node. One example of non-touching loops, according to Figure 2.20 are (A BA)
and (C DC). On the other hand, an example of two touching loops would be
(A BA) and (A BCDEFA).

3. The gain of a loop is the product of all path gains in the loop. For example, the
gain of the loop (E FE) is g7gs.

At this point, we state Mason’s gain rule as the output-to-input ratio defined as

3 giol)

=1 2.
G A (2.78)

where g; is the linear gain of the ith-forward path and
== A .
A=1-> 6+ b= lr+-

A further explanation of Eqn (2.79) is necessary. The summation ) ¢; is comprised
of the sum of all loop gains. In Figure 2.20, this implies

ZEI = 8182 + 8485 + 8788 1 818384868789 (2.80)

The summation ) ¢; is the sum of products of non-touching loop gains taken two at
a time, that is

Zfz = 81828485 + 81828788 + 84858788 (2.81)
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Hence the determinant A in Eqn (2.78) and Eqn (2.79) can be textually
expressed as

A =1 — sum of all loop gains

+ sum of products of non-touching loop gains taken two at a time

(2.82)
— sum of products of non-touching loop gains taken three at a time

Next we examine the determinant 6 associated with the ith-forward path. The sum-
mation ZE(;) is comprised of the sum of all loop gains that do not touch the ith-

forward path at any node. Similarly, the summation 3 Zg) is the sum of the products
of non-touching loop gains taken two at a time and excluding the ith-forward path.
This can be best illustrated via some examples.

EXAMPLE 2.7 SINGLE-PORT GENERATOR CIRCUIT

Figure 2.21 depicts a single-port network model of an ideal voltage source Vs jqeas cOnnected to
source impedance Zs. In accordance with the S-parameter network models discussed thus
far, the terminal current is conventionally entering the port. Assume the characteristic
impedance Z.p,r at the port to be known. Determine the terminal voltage Vs and the source
reflection coefficient I's. Draw the signal flow graph of Figure 2.21.

The total terminal voltage V; can be found as the sum of incident and reflected voltages as

Vs = Vs idear + IsZs

= Vs,ideal + </;r + E)Zs

Vi
= Vs idear + <SZS> Zs
char

(2.83)

5
S

v T
.

Ve ideat\ = v,

—e
FIGURE 2.21
Single-port voltage source circuit.




2.2 Signal flow graphs 85

EXAMPLE 2.7 SINGLE-PORT GENERATOR CIRCUIT—cont’d

where /7 and /; are the incident and reflected currents. The reflected voltage V5 can be
computed by manipulating Eqn (2.83)

_ Vi — Vo
Ve = V;r + Vs = Vs idear + <%> Zs
char

- (Zchar + ZS> st _ Vs ideal — (Zchar - Zs) V;
Zehar ’ Zehar

(2.84)
Z char Zchar - ZS

Vo = (o= ) Vo igear — [ 222—22 ) Vo
Vs <Zchar+zs> sideal <Zchar+zs> s

V4
Vi = (5= ) Vs igear + T's Vi
= Vs <Zchar+zs> 54,/dealﬁL sVs

where the source reflection coefficient is T's = (Zs — Zcpar)/(Zs + Zchar)- Note that if the
source impedance is matched to the characteristic impedance (Zgpar = Zs) then the reflected
voltage becomes

- _ Zchar .
Vs - <Zchar+zs Vs, ideal (2.85)

The signal flow graph is depicted in Figure 2.22.

v

s ideal

har s
char + Z\-

[

s

char

z,
char 7
L T2, T Vo= [%]K.rd«a/ +T 7

FIGURE 2.22

Signal flow diagram of voltage source circuit of Figure 2.21.

EXAMPLE 2.8 TWO-PORT NETWORK ENCOUNTERED IN AMPLIFIER
DESIGN

Consider the typical amplifier circuit represented by a generator connected to a load via a two-
port network as shown in Figure 2.23. Using a signal flow graph and Mason’s gain rule,
determine the input and output reflection coefficients. In order to simplify the analysis, as-
sume that T'syyrce 1S negligible or 'y, =0.

Let by = (m) Vs idear then the signal flow graph corresponding to the circuit

depicted in Figure 2.23 is shown in Figure 2.24.

First, the input reflection coefficient can be determined by computing the ratio of V|~ to Vf.
In order to apply Mason’s rule, a close examination of Figure 2.24 reveals two forward paths
that lead from V1+ to V]~ as shown in Figure 2.25.

Continued
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EXAMPLE 2.8 TWO-PORT NETWORK ENCOUNTERED IN AMPLIFIER
DESIGN—cont’d

Based on Figure 2.25, the first path gain is gainpam = S1,1 whereas the second path gain is
8aiNpathy = Sp1 X 1 X Tigag X 1 X S1p 0f gaiNpaihy = So 1T 10aqS1,2. Next, according to
Figure 2.24, there is only one non-touching loop that starts and ends at the same node as
shown in Figure 2.26.

Again, based on Figure 2.26, the loop gain is given as gaifjep = 1 x Tppagx
1 x Sy = T'1pa¢S2.2, then according to Mason’s rule, the input reflection coefficient is

VI gainpam (1 — 8ainiep) + 8aiNpathe

1—‘input = = ;
Vit 1 — gain,
! , i s s (2.86)
, 8aiNpath2 210102051 2
= gaiNpath1 ++———————— = S11++ =
pa 1 — gainioop 1 —TroadS2,2

In a similar manner, the output reflection coefficient can also be computed. First, we must
compute the ratio Cougpur = V5 / V.

]

C*) Two-port 7
= ’—> network ‘—‘ Load]
Vi idea
FIH r/)ll/
[
FIGURE 2.23

Voltage source with two-port network and load termination.

Source Load
. a b
. > ! > 2 A oad
1
1 SZ.I
S S L
1 N 1
a a ot} o
l)l a, bLmu/

FIGURE 2.24

Signal flow graph representation of the network shown in Figure 2.23.

P P

Sl.l vr Load
. S ! _
4 V, ° < * < ®V

FIGURE 2.25

Two distinct forward signal paths that lead from \/1+ to V.




2.2 Signal flow graphs 87

EXAMPLE 2.8 TWO-PORT NETWORK ENCOUNTERED IN AMPLIFIER
DESIGN—cont'd

There are two forward paths that lead from V2+ to V; as shown in Figure 2.27.

The first gain path is gainpam1 = So,» whereas the second gain path is the product
8ainpatny = S1TsSp 1. Furthermore, there is one non-touching loop as shown in
Figure 2.28.

The gain of the loop depicted in Figure 2.28 is estimated as gainj,qo, = I'sSy 1. According
to Mason’s rule, the output reflection coefficient is ratio

Vo gainpam1 (1 — 8ainieep) + 8aiNpath2

I‘autput = ¥ = :
/A8 1 — gain,,
2 , P s s (2.87)
. 8alNpathp 120521
= _S%pathe  _ g _le - sv2l

EalMpat + 1 — gainjeep 22+ 1 —-T1oadS11
— 1 14 i

V, ¢ P @ "Load

Sz,z A V FLM/

1
Ve < ® Y
FIGURE 2.26
First non-touching loop of Figure 2.24.
(@  (b) "
Vz K P o P9 Vz’
1 S
21
S2<2 A I“S
1
v, S A G —
v v, S,

FIGURE 2.27
Two distinct forward signal paths that lead from Vf to V5.
1

V; +
"
r“ Sl.]
1
vt "

FIGURE 2.28
Second non-touching loop of Figure 2.24.
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2.2.2 Power gain equations based on signal flow graphs

Signal flow graph principles can be used to develop the various power gain relation-
ships in a two-port or N-port network in a simple manner. To do so, consider the
traveling voltage wave relationships defined in Eqns (2.76) and (2.77), respectively.
Define

Vi vy
al = =
V Zchar V Zchar
(2.88)
\% Vy
by = —L ) = —=

where again Z.j,, is the characteristic impedance of the transmission line. Note that
the square of the magnitude of the new variables aj, ap, by, and b, divided by one-
half are traveling power waves. That is, based on the variables a; and a;, we can
estimate the incident power waves on ports 1 and 2, respectively. Similarly, the
variables b and b, can be used to estimate the reflected power waves on ports
1 and 2, respectively. Given the variable definitions in Eqn (2.88), we can state
that the S-parameters relate to the new variables as

by = S11a1 + S1pa2
(2.89)
by = $21a1 + S20a2

Thus far, it has been shown that in order to allow for maximum power transfer, the
load source reflection coefficient I'y is equal to the conjugate of the load reflection
coefficient I'z,,y. However, given an amplifier for example, the source can supply
the maximum power to the input if and only if the two-port input reflection coeffi-
cient I'jypy is the complex conjugate of the source reflection coefficient I'y. In a
similar vein, the load will receive maximum power from the two-port device if
and only if the output reflection coefficient I"yupys is the complex conjugate of
the load reflection coefficient I'; 4.

Based on this discussion, we can define various useful power gain relationships
and analyze them based on signal flow graphs. One such useful relationship is the
transducer power gain. The transducer power gain is defined as the ratio of the power
delivered to the load to the power delivered from the source. To determine this rela-
tionship, consider the two-port signal graph depicted in Figure 2.24. The power
delivered to the load can be determined as

p o |aL0ad|2 - |bL0a(/i|2 )
Load — ) (2.90)

Recall, however, that from Eqn (2.89), it can be easily derived that |bj,uq| =
ITLoad||@Loaal, then Eqn (2.90) becomes

1 1
Proad = §|aLoad|2<1 - |FL0ad|2) = §|b2|2(1 - |FL0ad|2)

(2.91)

|hz ‘:‘alﬁad‘
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The power available from the source can be computed as
2 2
_bs|” — al
2

Relying on Figure 2.24, we can deduce that by = by + I'say. For maximum power
transfer, however, we can claim that

P, (2.92)

by = bg + lsay = bg + Tsbroaa = bg + IsTroadroad (2.93)

where |azoqq|* is the power incident on the load and [bzoug|* = |Troadl|*|aLoadl” is
the power reflected from the load. Again, for maximum power transfer, that is
aroaqd = bs, We can rewrite Eqn (2.93) as

b
by = by +T\'roqa  bs=bs = ﬁ

The power delivered by the source can be found by substituting Eqn (2.94) into Eqn
(2.92), and allowing for maximum power transfer, we obtain

(2.94)

2
1 |bg| 2
P :—7(1— . ) (2.95)
s 2|1 _ FSFLoad|2 | L)ad|

Finally the transducer power gain can be obtained by taking the ratio of Eqn (2.91)
over Eqn (2.95) or

Proad _

2
G b2 =lasaal _ D2
transducer —

315 (1= Prgaa) 2
= 2‘1 - F‘eraad|

Pe bl 2 b
i\lfr}mﬁ (1 ~ [T Load ) ]

(2.96)

Next, we employ Mason’s gain rule to find a closed form solution for Eqn (2.96).
More specifically, we need to compute the ratio by/b, as depicted in Figure 2.29.
Note there is only one forward path going from b, to by. The path gain can be found
upon examination of Figure 2.29 as gainyqm1 = 1 X 1 x S21 = §31. Next we examine

Source Load
b, ‘ b, n a, _ @y
] 1 1
L S L pa
L L
as B bl - bl_oad

FIGURE 2.29

Signal flow graph of Figure 2.24 using reflected power waves variables.
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the three loops (bv alblasbs)s (bv a1b2aLaadbLouda2asbs), and (b2 aLaadbLouda2b2)-
The respective gain of these loops is given as

(bs arbrashy) = gainog = 1% S11x 1 x Ty = ST,
<bs a1b2aL0adbLoada2asbs) :gainLoop2 = 1xTrpaa X 1X S2.,2 = FLoadSZ,2

(bz aLoadbLoadazbz) = gaingpop3

= 1x81 X1 xXTrpeex1x812x1xT

= SZ,IFLaadSl,2Fs
(2.97)
The ratio by/b, can then be computed as
b_2 _ gainpathl
bg 1 - (gainLoopl + gainL(mpZ + gainLoop3) + gainLooplgainLoopZ
(2.98)

_ $21
1— (S1,iTs + TroaaS22 + 821 Tr0aaS12Ts) + 1,1 s + TroadS22

Substituting Eqns (2.98) and (2.65) into Eqn (2.96), we obtain after simplification
the ratio

Pload by
Gtransducer = % = % <1 - |FLoad|2) (1 - ‘Fs|2)
s 5

s (1= Praaal®) (1= I14P2)
= |81
|1 =811y = $22T Loaa + S1,1522T5 T 10ad — 52,1512  10aaTs

_ 2 1 - |FLoad‘2 1 - ‘Fs|2
=[S 5 5
|1 - SZ,ZFLoad| |l - FinFs|
(2.99)

Next we define the power gain or operating power gain of a two-port network as the
ratio of the power coupled to the load P;,,; to the power coupled to the two-port
circuit Pj, where Proug = \b2|2(1 - |FL0ad|2) and P, = |a |2 — |by |2 =
lai|*(1 — |Tiu|?). Hence it is obvious that we need to use Mason’s rule to evaluate
the ratio b, /a;. Disconnecting the source, there exists only one forward path with
gain gainpqs1 = S»,1 and one loop with gain gainpeopt = S22110aq Tesulting in
the ratio

by S$21

22 _ _ sl (2.100)
ai 1 - SZ,ZFL()ud
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Hence, using Eqn (2.100), the operating power gain can be expressed as

b2 (1 = IProaal?)
jar?(1 = I0ul?)

) 52,
(1 - |Fin|2> 11— 822T Load ?

(2.101)

In a similar manner, the available power gain is defined as the available output power
of the two-port circuit to the available power from the source. Recall from Eqn
(2.91) that the network will deliver maximum power to the load if and only if the
load reflection coefficient is the complex conjugate of the output reflection coeffi-
cient, and hence available power gain can be expressed as

b 2
Gup = ﬁ (1 - |FS\2> (1 - |F0m|2) (2.102)
8

where the ratio b,/b, can be estimated by employing Mason’s rule to be

by $2.1

by 11— (S110s + 822 1oad + 52,151 20T 10ad) + S1152205T Loaa

S2,1
(1 - S],IFS) + (1 - FoutFLoad)

S2.1
(1 - Sl,lr‘s) + (1 - |Fout|2)
(2.103)

Finally, substituting Eqn (2.103) into Eqn (2.102) results in the available power gain
expression

Troaa=T,

out

(-in)

2
Gap = }52,1f m

(2.104)

2.2.3 Stability analysis

When designing amplifiers, for example, an always important question arises. In the
process of maximizing the transducer gain of the network, will the amplifier be
driven into an unstable state during the matching process? Consequently, is the cir-
cuit conditionally or unconditionally stable?

From control theory, we can state that the amplifier circuit depicted in Figure 2.30
is said to be conditionally stable if and only if Re{Z;,} > 0 and Re{Z,,,} > 0 for
some but not all passive source Z; and load Z;,,; impedances. This, however, is



92

CHAPTER 2 Microwave Network Design and Analysis

o 2
c <
g L
E = Amplifier g
_ e Single stage = ZLoad
vV 2 — transistor model >
s L 1-|r | 3 [<% 2
Gain_ = —) Q = . 1*‘1"/“!“/‘
e 1-1, = 3 Gainp,\=1— 7
o ‘] -5, rLum/‘

R 2
Gain,,, 5= ‘SZ.I‘ <

I
in out

FIGURE 2.30
Amplifier circuit with input and output matching.

only true at a given frequency. Note that Re{Z;,} > 0 and Re{Z,,;} > 0 implies that
|Tin| < 1 and |Toue| < 1 or

S$128 1 10aa
Cin| = |S11+—7F——| <1 (2.105)
| m| ) 1 =822 10aa
and
S12821
. | Si1282Ls| 2.106
T o 2’2+1—S1,]FS ( |

On the other hand, a network is said to be unconditionally stable if and only if
Re{Z;,} >0 and Re{Z,,;} >0 (|Tin| < 1 and |Tyy| < 1) for all passive source
and load impedances, that is, (|[I's| < 1 and |Tfoqq| < 1). The stability criteria
discussed herein is only true at a single frequency. Therefore, in order to ensure
the stability of broadband networks, one must repeat the following analysis at a
representative set of frequencies representing the band of interest. The relation-
ships in Eqns (2.105) and (2.106) imply that the source and reflection coefficients
I’y and I'1 544, lie within a certain range of values where the amplifier is said to be
stable. The stability of the amplifier can be analyzed with the aid of a Smith chart
in conjunction with an input or output stability circle. The information provided
by the chart and the stability circles can be used to determine the region of

stability.
The input stability circle can be determined as the locus of all values of I'; for
which |T';,| = 1. Similarly, the output stability circle can be determined as the locus

of all values of T'f,4q for which |y, | = 1. Both I'y and 'y, are bounded in
magnitude for passive matching networks such that || < 1 and |T'1,44] < 1 and
both parameters lie on the Smith chart. Note that unconditional stability implies
that both input and output stability circles are either completely outside the Smith
chart, that is they do not intersect the chart, or the Smith chart is completely enclosed
in the circles. Conditional stability implies that the stability circles intersect the
Smith chart.
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To establish the output stability circle first, consider the input reflection coeffi-
cient presented in Eqn (2.105). Setting |I';,| = 1 establishes a boundary condition
on the input reflection coefficient and implies that in order to ensure stability, ' .4
must lie within a unit circle defined by |T'1,44| = 1 for a given passive load and
matching network. Therefore restricting |T';,| < 1 implies that T,y will lie on a
circle with radius r7,,q given as

$1282,1

2 3|5 TLoad€ R* (2.107)
1S22]" = |S1.1822 — S1252,1

FLoad =

where r7,4q 1s real. The center of the circle ¢y, is given as

*
(Sz,z — (81,1822 — 51,252,1)57,1)

CLoad = » CLoad € C (2.108)

f52,2|2 — 11822 — S1252,1 |2

where ¢4 1S complex. To obtain the radius and the circle, the S-parameters must be
given or measured for a certain frequency. The locus of all values of I';,,, such that
|Tin| < 1 can be found by plotting the circle defined in Eqns (2.107) and (2.108) over
a Smith chart using the upper bound |T';,| = 1. The stable region would then be
either inside or outside the circle boundary as will be shown later on.

The input stability circle is defined in a like manner to the output stability circle.
The circle radius is defined similar to Eqn (2.107) by substituting S; | for S>» and
vice versa, that is the radius is given as

S1282,1
S1.1 ’2 —|S1.1822 — S1.252,1 ‘2

reRt (2.109)

Is

and the circle is centered at

(511 = (S10822 = $1282.1)855)
}51,1|2 — |S1.1822 — S1252,1 |2 ’

c,eC (2.110)

Cs =
In order to determine the output stability region, assume that the load is matched to
the amplifier, that is Z; .4 = Zo, then the load reflection coefficient I';,,4 is equal to
zero, which in turn implies that for |Sl,1 | < 1, |Ti| < 1 according to Eqn (2.105).
This, in turn, implies that the center of the Smith chart where I';,,y = 0 is in the
stable region, and hence the stable region is the intersection of the exterior of the
output stability circle with the Smith chart as shown in Figure 2.31. On the other
hand, if |S;| > 1, this implies || > 1 for I';54¢ = 0, and hence the stability re-
gion does not include the center of the Smith chart, and hence it is the intersection of
the output stability circle with the Smith chart as shown in Figure 2.32. Similar re-
sults can be obtained for input stability circles.

As mentioned earlier, unconditional stability implies that the stability circles are
either completely enclosed or completely outside the Smith chart where additional
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Stable N
region

FIGURE 2.31

Stability region as an intersection between the Smith chart and the exterior of the output
stability circle for conditionally stable amplifier circuit as indicated by the arrow for

IT'jn] < 1and |SM| < 1. (For color version of this figure, the reader is referred to the online
version of this book.)

Stable

. T
region

in

<1

FIGURE 2.32

Stability region as an intersection between the Smith chart and the output stability circle for a
conditionally stable amplifier circuit as indicated by the arrow for |T'j,| < 1 and \SM} > 1
(For color version of this figure, the reader is referred to the online version of this book.)
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constraints are placed on Eqns (2.107)—(2.110). Concerning the output stability cir-
cle, unconditional stability implies that for |Sl~,1‘ <1

||CL0ad| - rLoadl > 1 (2.111)

must be met. Similarly, for the input stability circle, unconditional stability implies
that for ’5232’ <1

lles| —rs] > 1 (2.112)

must be met.

Unconditional stability can also be guaranteed as follows. In order to ensure
maximum transducer gain, it was shown that the reflection coefficient of the source
has to equal the complex conjugate of the input reflection coefficient I'y = I';, and
the reflection coefficient of the load has to equal the complex conjugate of the output
reflection coefficient I'1,,¢ = TI',,. Then the amplifier is said to be unconditionally
stable if and only if

1+ ‘51,152,2 — 81281 ’2 —|S1,1 ‘2 — ’52,2’2
K = >1
21812/[S2,1] 2.113)

S1180 — S12821] < 1

Note that in reality, the relationship in Eqn (2.113) does not account for temperature
variations nor does it take into account any VSWR changes due to drift in the
S-parameters. Therefore, care must be taken when applying Eqn (2.113) to amplifier
design, for example, due to the reasons stated above.

2.3 Three-port and four-port networks

Thus far, the discussion has centered on two-port networks. In this section, we will
extend the concepts discussed herein to multiport networks and, more precisely, to
three and four-port networks. In order to characterize a three-port network, for
example, nine parameters will be required as opposed to four parameters for two-
port networks. Given the three-port network depicted in Figure 2.33, in order to
measure the reflection coefficient S;;, we must terminate the second and third
ports each with an impedance equivalent to the characteristic impedance of the cor-
responding transmission line at those ports. Other S-parameters can be computed in
a similar manner, given that the other ports are properly terminated. Note then, that
the same method of computation or measurement is also applicable to four-port or
N-port networks. The difference, however, lies in the number of computations or
measurements needed. It can be easily verified that the number of measurements in-
creases by the square of the number of ports available.

Rather than repeating the theory presented thus far for two-port networks, the
aim of this section is to present some typical three-port and four-port components
used in radio frequency (RF) designs.
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Three-port
network

FIGURE 2.33
Three-port network.

2.3.1 Power dividers and power combiners

Power dividers are commonly used in mixers, active circulators, and power ampli-
fiers just to name a few devices. 7-junction power dividers and combiners are three-
port networks, as depicted symbolically in Figure 2.34 [5]. Consider the scattering
matrix of a three-port reciprocal network

0 Sip Si3
S = S12 0 83 (2.114)
S13 S23 0

where S is unitary and all ports are assumed to be matched (i.e., S1.1, S22, and S3 3 are
all equal to zero). If the network is assumed to be lossless, then its characteristics as
stated earlier in Eqn (2.38) must hold

1S1a* + [Sis]” = [Sial” + 823 = [S13) + [S25]” = 1 2.115)

(a) (b)

Port 2 Port 1 5
Power divider | _® -\ ower
Port 1 combiner Port 3
< >——1—9
™ |
Port 3 Port 2

FIGURE 2.34

Three-port network. (a) Power divider, and (b) power combiner.
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-
Port 1 Z ey lé 4

Zinput

FIGURE 2.35
Three-port T-junction resistive power divider.

and
S’1‘73Sz73 = S§7351,2 = ST72S173 =0 (2.116)

Note, a simple comparison between Eqns (2.115) and (2.116) implies that all the
ports of a three-port lossless network cannot be matched.” On the other hand, a
three-port reciprocal power divider made up of lumped element resistors (passive
elements) can be matched at all ports. The network, depicted in Figure 2.35, suffers
from poor isolation at the output ports. The reason is that part of the power reflected
due to a mismatched output load is coupled to the other output port. The power at the
output ports is in theory 3 dB less than the input power.

Given the output impedance Z,,,; looking into the resistors at any of the output
ports can be computed as Zyypur = 23’ + Zehar = 4Z§’"” provided that all the ports
are terminated with Z.,,. Consequently, the input impedance can then be computed
as Zippur = ZTh + 2ZT” = Zchar and hence the input is matched to the feedline with
impedance equal to the characteristic impedance. Furthermore, due to symmetry, we
observe that the parameters S; 1, S22, and S3 3 are all equal to zero given that the
output ports are also matched.

In order to obtain the voltages V, and V3, we must relate the junction voltage
Viunction 10 the voltage of the input port V7, that is, using voltage division on the
network depicted in Figure 2.35, we obtain

2Zchar
o 3 _2
V]unctton - ZZchar Zchar Vl = 3V1 (2117)
3 3

From Eqns (2.115) and (2.116), this implies that either two of the parameters, S; 3 or S, 3_are equal to
zero.
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And hence, the output voltages V, and V3 can then be obtained:

Z “har
Vo = V3 = Liazh Vjunction
Zchar + c3ar
(2.118)
2Zchar
Zchar 3 1
7 +Zchar 2Zchur Zchar ! 2 !
char 3 3 3
Thus the resulting S-matrix is computed as
- 1]
0 - -
2 2
- 1 1
5= (L o1 2.119
3 5 ( )
1 1
S -0
L2 2

This in turn implies that the output power of ports 2 and 3 P2 and P43, TESPEC-
tively, are one-fourth the input power P;y,,,; supplied into the network. The other half
of the power is dissipated in the resistors.

In order to overcome the matching and isolation problems of a 7-junction, de-
signers resort to using a Wilkinson power combiner or divider instead. A Wilkinson
divider, for example, is said to be lossless provided that all of its output ports are
matched. A Wilkinson divider can be made to split the power evenly or unevenly
amongst the output ports. A microstrip Wilkinson power divider is shown in
Figure 2.36. Wilkinson power dividers are known to offer broad bandwidths of
approximately one octave and equal phase characteristics at the output of each
port. Port isolation is obtained by terminating the output ports with a series resistor.

The quarter wave lines depicted in Figure 2.36 and Figure 2.37 have a character-
istic impedance of v/2Z.j,,, while the output ports 2 and 3 are connected with a
lumped resistor 2Z.p,,~ This in turn ensures that all the ports are matched to a char-
acteristic impedance of Z ;.

2.3.2 Directional couplers

Directional couplers offer an excellent example of four-port devices. These passive
devices are used to couple out a certain amount of the power traveling in one trans-
mission line through another connection or port [4,7]. One common application of
directional couplers is used to measure the output power of the transmitter, thus
enabling the radio to perform closed automated output-level power control. This en-
ables the radio to sense the output power levels without connecting directly to the
transmission line carrying the power. The coupler’s four ports can be labeled as
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FIGURE 2.36

A Wilkinson equal-power microstrip power divider. (For color version of this figure, the reader
is referred to the online version of this book.)

such: the input port; the through port where the incident signal exits the device with
minimal degradation to its input power; the coupled port where the input signal ap-
pears with a fraction of the incident input signal power; and finally the isolated port.
The isolated port is typically terminated. The coupler is called directional because its
operation can be reversed, that is, the through port can act as the input port by
feeding the input signal through it. The signal then exits through the former input
port with minor degradation. The coupled port is now the isolated port and the
coupled port is the former coupled port. The coupled port is determined based on
which port is used as the incident or input port.

char

char
char

char

FIGURE 2.37
Transmission line circuit of Wilkinson combiner depicted in Figure 2.36.
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Port 3 Port 4
([ .
@ @

Port 1 Port 2

FIGURE 2.38
Directional coupler.

A directional coupler is a reciprocal network where in theory all ports are ideally
matched and the circuit itself is theoretically lossless [7]. Directional couplers can be
designed using microstrip, stripline, coax, or waveguide technology. The device it-
self comes in a variety of packages ranging from blocks with RF connectors or sol-
der pins, lie on a substrate carrier, or be designed within a larger radio frequency
integrated circuit (RF IC) that performs other functions as well.

Consider the directional coupler depicted symbolically in Figure 2.38. Let the
power of the incident waveform on port 1 be Py. Furthermore, let P, P3, and Py
be the powers coupled from ports 2, 3, and 4, respectively, to the matched termina-
tions. Define coupling, directivity, and isolations as the following ratios:

P
C = 10log, (}71) Coupling
4

P
D = 10log, ([T4> Directivity
3 (2.120)

P
I = 10log,, (}Tl) Isolation
3

= (C+ D)y

Coupling denotes the fraction of input power that is coupled to port 4 from port 1.
Depending on the application, the coupling factor can be as high as 30 dB. Direc-
tivity and isolation both signify the device’s capability to isolate forward and back-
ward waves (leakage). It is desirable to maximize the directivity of the device as
much as possible. Most cellular and portable applications desire a directivity of
30—40 dBs. The directivity of the coupler, however, could degrade depending on
the level of mismatch at the output loads.

Next, consider the S-parameters of an ideal directional coupler. Assume for the
moment that ports 1 and 2 are matched and consequently S;; = S22 = 0. Further-
more, in the ideal case, ports 1 and 3 are completely isolated from each other,
and hence §j3=0. Additionally, assume ports 2 and 4 to also be completely
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isolated, that is, S 4 = 0, then by invoking the reciprocity property of the network
where §; ;=S ;, the scattering matrix could be expressed as

0 S12 0 5174
Sip 0 Sz 0

S = N (2.121)
0 83 S33 S34

Sia 0 S34 Sag

Note that for a lossless coupler, the matrix in Eqn (2.121) is unitary, and hence the
relations in Eqns (2.38) and (2.39) apply. This in turn implies that ports 3 and 4 are
matched, and consequently S3 3 and S4 4 both equal to zero. This can be established
as follows. Consider the complex conjugate product of rows 1 and 4 and 2 and 3:

0 x ST.A + S]_’z x 040 x S§,4 +Sl’4 X 524 = 5174 X SZA = Orows1land4
S12X0+0x83+83%x83;+0x83, =583%xS8;3; =0rows2and 3
(2.122)

But since S 4 and $; 3 cannot be zero, this automatically implies that S33 =0 and
S4.4=0, and hence Eqn (2.121) becomes

0 S 0 S84
Sip 0 S3 0

0 S3 0 S34
Sia4 0 S34 O

Gl
I

(2.123)

Furthermore, consider the following relations. From rows 1 and 3, the dot product
can be computed and further manipulated as

$12835+S14854 = 0= [512855| — |s1.483,

= [S12]|S23| — [S1.4]|S34] = 0 (2.124)
=[S12][S23] = [S1.4]|S3.4]
Similarly, the dot product of rows 2 and 4 result in
$12814 + 523854 = 0= [$1251 4| = [$2.355.4]
1S1.2][S1.4] — |S2,3][S34] = 0 (2.125)
= [S12]|S14] = [$23][S34]
Next, consider the ratio of Eqn (2.124) divided by Eqn (2.125), and we obtain

|Sl,2|’52,3‘ _ |51,4HS3,4|:>|52,3| _ }51,4|
|S1,2||Sl,4‘ |52,3HS3,4| |51,4| |5273|

(2.126)
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which in turn implies that
[S1a] = 523 (2.127)

That is the coupling between ports 1 and 4 and is the same as the coupling between
ports 2 and 3. Substituting Eqn (2.127) into Eqn (2.124), we obtain

1S12]|S23] = |S14]|S3.4]=[S12|[S14] = [S14|S34|=[S12] = [S34] (2.128)

Next, choose the reference planes on ports 1 and 3 to be positive, that is, let S; » and
S34 be equal to a positive real number « and the reference plane of S; 4 to be an
imaginary number j3 where § is a positive real number. This in turn implies that
S23=jB. The conservation of energy property of the unitary scattering matrix in
Eqn (2.123) further implies that

12| +1|514] =
[S12]" + [S1af* = 1
IS12]* + [S25)" = 1 2.129)
|52,3|2+ |S3,4’2 =1
14| + 1934 =
14"+ [$34]” = 1

According to Eqn (2.129), the relationship ‘51A2|2 + |S1’4’2 = 1 also implies that

oA +62 =1 (2.130)
and hence the ideal scattering matrix can now be expressed as
0 o« 0 jB8
_ a 0 j8 O
5 — _ i (2.131)
0 j86 0 «
j6 0 «a O
Note that the linear coupling factor C is the ratio
1 1
=— == (2.132)
2 2
According to Eqn (2.130), it follows that « = /1 —1/C since 8 = /1/C. A

special case is the directional hybrid coupler. A directional hybrid coupler has a
3-dB coupling factor and can be classified as either a 90° directional hybrid coupler
or a 180° directional hybrid coupler. A 90° hybrid coupler has a scattering matrix

given as
01 0 j
_ 1 |1 0 0
5=51o é ) (2.133)
j 0 1 0
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A 90° hybrid coupler is also known as a quadrature hybrid (symmetrical coupler)
with a 90° phase difference between ports 2 and 4 given that the input is fed through
port 1. On the other hand, the 180° directional hybrid coupler (antisymmetrical
coupler) has a 180° phase difference between ports 1 and 4, called the X ports, given
that the input is fed through port 3. Ports 2 and 3 are also known as the A ports. The
scattering matrix of the 180° hybrid coupler is given as

0 1 0 —1

_ 1|1 0 1 o0

S:% 0 -1 0 1 (2.134)
1 0 1 0

A signal incident on a ¥ port causes the equal-powered output signals to have the
same phase. Similarly, a signal incident on a A port causes the equal-powered output
signals to have opposite phase.
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The two major limiting factors of a receiver are its nonlinearity and noise thus
defining its dynamic range. Nonlinearity dictates the upper limit of the dynamic
range and the amount of signal power, desired or undesired, that the receiver can pro-
cess without distortion. Noise, on the other hand, defines the lower limit of the dy-
namic range and in turn the smallest signal power from which a desired signal can be
received with an acceptable bit error rate performance. Noise comes in different fla-
vors and can be attributed to many phenomena either internal or external to the
receiver circuitry. The most common type of noise is thermal noise, also known
as Johnson noise or Nyquist noise. Thermal noise, as the name implies, depends
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Table 3.1 Noise Colors and their
Respective Frequency Content

Noise Color Frequency f
Purple 2

Blue f

White fO=1

Pink 1/f
Red/Brown 1/£2

on the temperature of the various electronic components in the receiver. Phase noise,
on the other hand, is attributed mainly to the frequency generation system in the
receiver, namely the voltage-controlled oscillator, the VCO, and the components
that make up the synthesizer system.

In receivers, there are various types of noise that the designer must be mindful of;
all manifest themselves to varying degrees. Besides white and phase noise, there is
shot” noise, which is independent of frequency and in practical applications tends to
taper off at high frequencies. There is transmit-broadband noise in the receive chain
due to the power amplifier in the transmitter. This transmit-broadband noise is espe-
cially problematic in full duplex radios. There is also flicker or 1/f noise, which is
present in all active and some passive devices. Quantization noise is attributed to
the analog-to-digital conversion process and is mainly dictated by several parame-
ters such as the converter architecture, number of bits, sampling clock, etc. Burst
noise, also referred to as popcorn noise, is characterized by high frequency pulses
that are due to imperfections in the semiconductor material and heavy ion implants.
Avalanche noise is another electronic noise that occurs when a pn-junction operates
in the reverse breakdown mode. These various types of noise all exist in a receiver,
and they are at times hard to separate. Noise can be referred to by its color such as
white or thermal noise, pink noise (1/f-noise), and red or brown noise. These noise
types are listed alongside their noise color in Table 3.1.

This chapter, divided into three major sections, discusses the subject of noise and
how it manifests itself in circuits and receiver components. The first section dis-
cusses thermal noise. The concept of noise figure as it applies to electronic compo-
nents is discussed in detail. The section starts out by explaining the basics of thermal
noise and the various physical mechanisms that generate it. The concept of noise
figure at the component and system level is then discussed. Section 3.2 introduces
the concept of phase noise. Various models such as the Leeson’s model and the
Lee-Hajimiri models are presented. The effect of the phase-locked loop (PLL) as
a filter on oscillator and VCO phase noise is discussed in detail. The section

4Shot is short for Schottky noise, which is often referred to as quantum noise.
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concludes by studying the impact of phase noise on performance. Finally, Section
3.3 discusses external noise sources to the receiver mainly due to coexistence.
This subject is receiving significant attention due to the instantiation of multiple ra-
dio transceivers and standards on one device or on the same chip. The chapter con-
cludes with a short appendix on thermal noise statistics.

3.1 Thermal noise

Thermal noise is the most common type of noise present in all analog radio fre-
quency (RF) and baseband circuits. Devices ranging from simple resistors to bipolar
and MOSFET transistors all exhibit thermal noise. In this section, we discuss the ba-
sics of thermal noise theory and the design parameters that relate to wireless
receivers.

3.1.1 The basics

Thermal noise present in an electronic component occurs from random currents
due to the Brownian motion of electrons. The spectrum of thermal noise is flat
over a wide range of frequencies, and hence it is said to be white. The amount of
thermal noise present in a component depends on the component’s temperature
and places a lower bound on the signal strength that can be detected in its
presence [1,2].

Consider the resistor depicted in Figure 3.2. The temperature of the resistor is
given in kelvin as 7. The voltage v,(#) across the terminals of the resistor for a given
measurement bandwidth B,, and a center frequency F, has zero mean and an rms
value given as

4hF .B,R

Vnrms = ehFL./—KT 1 (3.1)

The relationship in Eqn (3.1) is known as Planck’s black body radiation law.” In
Eqn (3.1), h represents Planck’s constant where & = 6.546 x 10~* Js and k repre-
sents Boltzman’s constant given as k = 1.38 x 10~* J/K. The voltage fluctuations
across the resistor terminals are due to the random motion of electrons whose kinetic
energy depends on the temperature 7. At microwave frequencies, an approximation
of Eqn (3.1) is possible due to the fact that hF,. < KTand that ¢""</KT can be approx-
imated by the first two terms of its Taylor expansion, thus implying

hF, hF,
hF,/KT =1 zce L= hFF/KTflz—C 3.2
e + T + e T (3.2)

"Named after Nobel laureate German physicist Max Planck who is considered to be the father of quan-
tum theory.
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This results in the approximation of Eqn (3.1) as®

Virms = \/ 4kTB,R 3.3)

It is interesting to note that Eqn (3.3) is independent of frequency, which implies
equal distribution of noise power across the bandwidth B,,. The statistical distribu-
tion of thermal noise then appears to be white. Furthermore, thermal noise is almost
Gaussian distributed and can be treated as such for all practical purposes. Further
details concerning the statistics of thermal noise are given in Section 3.4. Recall
that Gaussian noise is additive with two-sided noise spectral density

2

V
Sp(F) = % = 2kTR (3.4)
n

EXAMPLE 3.1 THERMAL NOISE VOLTAGE IN RESISTORS

Consider a 1 K-ohm resistor at 72 °C temperature. How often does the instantaneous noise
voltage exceed +10 pV in magnitude? Assume the bandwidth of measurements to be 1 GHz.

In order to compute the normalized variable z,, we first must compute the voltage standard
deviation according to Eqn (3.3). To do so, convert the temperature from Celsius to kelvin,
that is

Teein = Tvewin + 273 = 72+ 273 = 345K (3.5)

Next, compute the rms voltage as

On = Vnrms = VAKTB,R = V4 x 1.38 x 10-23 x 345 x 109 x 1000

= 1.38 x 107 *Vyms = 138uVims (3.6)
The normalized variable can now be expressed according to Eqn (3.170), found in the
appendix, as
_Vo#n =0 _ vn_ _ 1o _
=", =138 T 138lu_i0w 138 - 00720 3.7

where the mean noise voltage u,= 0. Therefore, according to Eqn (3.7), at 10 uV, the
normalized voltage variable is 0.0725 of the voltage standard deviation. In order to determine
the percentage of time that the noise voltage exceeds +10 nV, use the relationship expressed
in Eqn (3.172) in the appendix

“The relationship defined in Eqn (3.3) is known as the Rayleigh—Jeans approximation named after
John William Strut, Baron Rayleigh, an English physicist, and Sir James Jeans also an English
physicist.
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EXAMPLE 3.1 THERMAL NOISE VOLTAGE IN RESISTORS—cont'd

1 1,
Q(zn) = ——el?
(1—a)zy+ay /22 +8) V2 T

_ 1 1 0072522
(1 -0.344) x 0.0725 + 0.344 x v/0.07252 + 5.344 ] /2«
= 0.4848 = 48.5%

(3.8)

According to Figure 3.1, it can be easily shown that as the voltage increases, the
normalized cumulative probability density function decreases rapidly until the voltage
reaches the standard deviation where the rate of decay starts to slow down. By way of
example, it can be easily verified according to Eqn (3.172) that v, exceeds say +0.2 mV only
7.4% of the time.

0.5

0.45 \
0.4 \

0.15
0.1
0.05
0 B
0 0.5 1 1.5 2 25 3 3.5 4
Standard deviation o,
FIGURE 3.1

Cumulative normalized Gaussian probability density function. (For color version of this
figure, the reader is referred to the online version of this book.)
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+

R (0 VMV V/\\/AW I

Temperature
is TOK
FIGURE 3.2

Thermal noise voltage generated across resistor. (For color version of this figure, the
reader is referred to the online version of this book.)

R noiseless

W)@ 0
Noise current

Noise voltage R noiseless generator
generator

(a) (b)
FIGURE 3.3
Voltage source model and current source model for a noisy resistor.

The noisy resistor of Figure 3.2 can be modeled as a noiseless resistor in series
with a Gaussian-distributed voltage source as shown in Figure 3.3(a). The Gaussian
voltage source has an rms value as presented in Eqn (3.3). In a similar vein, the noisy
resistor can also be modeled as a noiseless resistor in parallel with a Gaussian-
distributed current source as shown in Figure 3.3(b). The rms value of the current

source is
. 14kTB,
ln,rms =~ Tn (3.9)

By way of an example, a bipolar device has thermal noise present and modeled
by resistor at the base and a resistor at the emitter as shown in Figure 3.4(a). Simi-
larly, the thermal noise present in a MOS device can be represented using a current
source model attached between the source and the drain as shown in Figure 3.4(b).
The noise current source of the MOS device has an rms value given according to
Eqn (3.9) [3]
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b

-

Vb (’)@

r
Noise voltage € *‘
generatorg [— .
~ (1)
— Noise current
generator
V(1)
Noise voltage
generator
(a) (b)
FIGURE 3.4

Thermal noise in transistors (a) Bipolar and (b) MOSFET.

2
inrms = { | 4KT <%) (3.10)

where g, is the dynamic transconductance of the transistor.

In a receiver system, it is often the case that multiple noise sources are present
and contribute to the degradation of the received signal. For instance, consider the
two noise sources shown in Figure 3.5. Due to the statistical nature of thermal noise,
one cannot just combine the voltages delivered to the load. However, the power
delivered to the noiseless load resistor R;,,q due to each resistor can be determined
separately, and the total noise power can then be determined as the sum of noise
powers provided by each resistor.” More specifically, let the bandwidth of observa-
tion be B, and that the temperatures of the resistors Ry and Rj; are T;K and T;K s
respectively. The rms noise voltages for every resistor in Figure 3.5(b) can then
be determined independently using Eqn (3.3). To determine the noise power dissi-
pated in Ry,,s due to Ry only, we short the voltage due to Ry, that is, we set
Vus2=0. Using Kirchhoff’s current law, we can obtain the voltage Vi across
Rioaq as shown in Figure 3.6(a), that is

Vst =V _ Vi | Vi RoRoaq

Ry Ry Rioad Rs1Rs2 + R 1R1pad + Rs2Rp0aa

Vn,xl
(3.11)

9Note that the rms noise voltages due to the various resistors do not add, however, the respective noise
powers do.
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—\NN——

R s1, noiseless

R
R/oad @ load

R $2, noiseless

- (a) B (b)
FIGURE 3.5

Two independent noise sources: (a) Two noisy resistors and (b) Two voltage noise sources
in series with noiseless resistors.

AW, A,

Rs1 ,noiseless + RsZ.noise/ess +

Rioa Rioa
@ Rsz,nc/‘seless Vi (l) foad @ Rs1 ,noiseless Vi) (l) foad

Vast (t) Vas2 (t)

(a) (b)
FIGURE 3.6
Total noise power delivered to the load resistance due to two independent noise sources.

The power delivered to the load resistor can now be estimated

P, = VI%] — < R2Rpoad >2 Vr%,sl (3.12)
" Rl,oad R R + RisLoud + RSZRLoad RL()(ld )

But according to Eqn (3.3), V51 = v4kTB,R1 044, then Eqn (3.12) becomes

RoR 2
P, = < $2 " Load ) 4KTyB,, (3.13)
' Riss2 + RisLoad + RSZRLoad
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Finding the noise power due to R, can be found in the same manner. Shorting
the noise voltage due to R, implies that the noise voltage delivered to the load
resistor is

Puy =

)

( Rs1RLoad

2
) 4kT»B, (3.14)
R Ry + R Rroaa + Ro2Rioad

The total noise power delivered to the load resistor is the sum of the powers given
in Eqn (3.22) and Eqn (3.14), that is

RL()ad
RisSZ + RisLoad + RSZRLoad

2
Pn,TolaZ = Pn,l + Pn,2 = ( ) (Rxl T, + RpT )4an

(3.15)

3.1.2 System noise figure

The purpose of this section is to further discuss thermal noise analysis in the context
of individual device or block noise as well the total noise figure of a cascade of de-
vices or blocks.

3.1.2.1 Noise factor and noise figure
The noise factor of a device or RF block® is the amount of noise power that gets
added to the desired signal, thus degrading its quality. The noise factor can be
defined as the ratio of noise power delivered by a noisy component over the noise
power delivered by a noiseless component whose input noise power is Ny = kTyB,,
where Ty =290 K is the absolute reference temperature. A further definition based
on the previous statement can be expressed in terms of input and output carrier-to-
noise ratios (CNRs) of a given RF block. Consider the CNR of a given input signal to
an RF block to be CNR;y,, and the output CNR of the signal exiting the same RF
block to beCNR s, then the noise factor can be defined as the ratio
F = NRipu (3.16)
CNR()utput

In the coming discussion, we will explore both definitions to clarify the noise fac-

tor. The noise figure is related to the noise factor as

(3.17)

CNR;
NF = 10 log,y(F) = 1010g]0< ’””“’)

CNR output

The thermal noise properties of a device or block can be described by the noise
factor F or the excess input noise temperature T,,. [4]. Consequently, assume that

A system block in this context could indicate a single device or an RF block comprised of more than
one device.
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the gain (or loss) of a given RF block to be G, then the noise factor of a linear two-
port system is

_ N, output

= (3.18)
GNinput

where Nj,,.: = kToB,, is the available noise power in a given bandwidth B, from a
matched resistive termination to the characteristic impedance of the line connected
to the input device at absolute reference temperature Ty = 290 K. Ny, is the total
noise power in a given bandwidth B,, available at the output of the two-port system
for a given input noise power Nj,pus, Where Noypus = Gk(To + Toxc)B,. The parameter
G is the available power gain of the two-port system for noncoherent signal input to
the two-port system within a noise equivalent bandwidth B, and measured at the
output of the two-port system within the same bandwidth. Given Nju,s and Noyspur
the relationship in Eqn (3.18) can be further expressed as

Noutput Gk(TO + Texc)Bn

F= = (3.19)
GNinpur GkT,B,

At this juncture, based on Eqn (3.19), we can define the excess noise temperature
T, in terms of the noise factor F and the absolute reference temperature Ty as
TBXC

Ty

Ty = (F-1)ToorF =1+ (3.20)

Given the resistor R at a given temperature Ty, the rms noise voltage expressed in
Eqn (3.3) implies that the available noise power due to R to another resistor with the
same resistance is

Vi rms\ 2
Proise = (%) R = kTyB, (3.21)
which is equivalent to the input noise power N;;,,;. By comparing the results in Eqn
(3.19) and Eqgn (3.23), one can imply the relationship

Nautpul Noutput

F = = = Nowpuw = FGkTyB 322
GNinput GkT,B, output 0Dn ( )

Furthermore, the ratio of the signal powers is the gain, or Syupur = GSippur. Using
simple mathematics, we can see that the noise factor is the ratio of the input CNR to
the output CNR or

= Vi (3.23)
(C/N)output

The noise factor is then the amount of noise degradation that has impacted the
input CNR at the output of an RF block or device.

At this point, it is important to discuss the noise equivalent bandwidth B,,. In
practical applications, in order to measure the noise within the bandwidth B,,, a filter



3.1 Thermal noise 115

H(F)
H(E) -

I

1

I

Hm»a/(F) i
— :

Fﬁﬂ F E+ﬂ Frequency

FIGURE 3.7
Noise equivalent bandwidth for an ideal (shaded) and nonideal filter.

is placed at the output of the RF block. The filtering operation is by no means ideal.
The noise equivalent bandwidth for a bandpass filter H(F), illustrated in Figure 3.7,
is defined as the bandwidth of an ideal filter H;;.,(F) centered around a frequency F,
such that the power at the output of this filter, if excited by white Gaussian noise, is
equal to that of the real filter given the same input signal. In other words, we can
express the noise equivalent bandwidth mathematically as

F.+B,/2
1 / 2
B, = ——— |H(F)|*dF (3.24)
" H(F)P
F.—B,/2

The estimation of the noise equivalent bandwidth allows us to compute the
amount of in-band noise and its effect on the received signal CNR regardless of
the filter’s transfer function.

3.1.2.2 Cascaded noise factor and noise figure

In the receiver, the desired signal passes through multiple analog blocks between the
antenna and the analog to digital converters (ADCs), as shown in the receive chain
depicted in Figure 3.8. These blocks all vary in function. Some are amplifiers such as
the low noise amplifier (LNA) and the voltage gain amplifier (VGA), some are fil-
ters, some are mixers, and some are signal attenuators or pads. All of these blocks,
however, exhibit a certain noise figure and all in turn degrade the signal-to-noise
ratio. The question then becomes: What is the total or cumulative noise figure due
to various blocks cascaded in a row?

In order to develop a relationship for cascade noise factor and noise figure,
consider the cascade of analog blocks depicted in Figure 3.9. The linear model im-
plies that a certain signal plus noise entering a certain analog block will be first either
amplified, or attenuated, by a certain gain G; and that a certain amount of noise N,
will be added to the noisy signal. To illustrate this, consider two analog RF blocks
connected in cascade. Let the noise factor of the first block be the ratio of the input
CNR, say (C/N)jypu to the output CNR (C/N) Note, however, that

output; *
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T ~r ~ e
BDF LNA IRF Mixer  Filter Mixer  Gain Filter
Direct digital Phase
PLL/LO| s;(/[r;gg?ls accumulator
]
X Phase to
@ % E | amplitude

FIGURE 3.8

Conceptual receive chain of an IF sampling transceiver. BDF, band definition filter; LNA,
low noise amplifier; PLL/LO, phase-locked loop/local oscillator; ADC, analog to digital
converter; DAC, digital to analog converter; IRR, Image reject filter.

(CIN ) (C/N)

output

FIGURE 3.9

Cascade of analog radio frequency (RF) building blocks. (For color version of this figure,
the reader is referred to the online version of this book.)

<£ ) _ Coupur, G Cinpur (3.25)
N ouput,  Noutpur,  G1Ninpur + Ny
Then, the noise factor of the first block can be computed as
(T N
F, = V)., = G = 1+ Ny (3.26)
put, G + W p

By the same thought process, the noise figure of the second block is given as

Fy = (C/N)output1 - 14 N,
(C/N)ourput G2Nout1

(3.27)

where Noy, = G1Njypur + Ny is the noise output of the first block. The cascaded
noise factor at the output of the second block

Cin put
F _ (C/ N )input _ (ijr)
cascade (C/ N ) output (—Comp ”t)

output

(3.28)

The output carrier signal is the input carrier signal multiplied by the various
stages of gain, or in this case Coupur = G1G2Cinpur. The output noise is the output
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noise of the first stage N,,;, multiplied by the gain of the second stage G, and added
to N,. The cascaded noise figure can then be computed as the ratio

Cmpm‘ Cinput
F (N,-n,,m) Nopur (G1Ninpur + N1)G2 + N,
PYel d = = =
cascade Coutpur G1G2Cinpu GG, Ninpu y
Noupu (G\Nipus + N1 ) G2 + N,
N N F,—1
SN} B 2 P42 (3.29)
Gl Ninput G1 G2Ninput Gl

The final result in Eqn (3.29) implies that the total noise factor of a cascade of
two RF blocks is comprised of the sum of the noise factor of the first block plus a
noise factor of the second block scaled by the gain of the first block. Two important
observations come to mind. The first observation is that the noise figure of the first
block dictates the total noise figure of the system. The second observation has to do
with the second term in Eqn (3.29). The impact of the noise figure of the second
block can to a great degree be diminished by increasing the gain of the first block.
Therefore, it makes sense that in a receiver system, the first amplifier is a low noise
amplifier with large power gain.

In general, for an arbitrary number of blocks, the total noise factor can be found
according to the Friis noise formula as

Fr—1 Fz—1 Fr—1 | Pt
Fooo = F e - =F
cascade 1+ G + GG, + +G]Gz...G]_—l IJF; =
[] 6
n=1
(3.30)

The total noise figure is given as

NFcascade =10 1Oglo(Fcascade) (3-31)

The gain values in Eqn (3.30) can be either the power gain or the square of the
voltage gain depending on the source impedance gain. This point will be discussed
further when discussing the thermal noise of the mixer. For now, however, let us
assume that the gain values correspond to power gain of the various stages.

At this point, it is important to note that the output gain of the cascade chain can
be implied as the linear product of all the gain stages in the cascade, or the output
signal can be related to the input signal in terms of signal strength as

C) tput =
outpu
—oUPM — G1G,...Gi1 = || G
Cinput L [:1_‘[1
(3.32)
Coutput &

= Gi4p +Gorap...Gr—148 = Z Giap
Cinpul dB =1
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where G; 4p = 10 logjo (G;). From Eqn (3.30), we can extend the previous observa-
tions to imply that the noise figure of the first block in the cascade is the most domi-
nant noise figure in the system, and that the noise figure of each consecutive block
becomes less and less dominant since each block is normalized by the aggregate gain
up to that block in the cascade. So the noise figure of the last block is the least domi-
nant. It is important to note that Eqn (3.30) and Eqn (3.32) imply that all input and
output impedances are perfectly matched to the system impedance as will be
explained later on. At this point, it is instructive to examine the relationship between
total noise figure of a multistage amplifier as it is specified in Eqn (3.30) and the
overall power efficiency. To do so, let us first define the power-added efficiency
of a single-stage amplifier as the ratio of the difference of the output power minus
the input power divided by the source power due to the DC bias, or
Paulput - Pinpul GPinput - Pinpur Pinpul(G - 1)

— = = 3.33
n P, P, P, (3.33)

In a multistage amplifier, where the single stage amplifiers are connected in tan-
dem, the input power to the second stage is the input power to the first stage multi-
plied by the gain of the first stage Pj,pu2 = G1Pinpur,1- For an N-stage amplifier, as
shown in Figure 3.10, the relationship can be extended as

mputN = (H Gn) input,1 = (G1G2-~~GN71)Pinput,l (3.34)

n=1

The output of the N"*-stage amplifier is related to the input power of the N”-stage
amplifier as Py = GnPinpur,y Which according to Eqn (3.33) and Eqn (3.34)

implies
Ny = Poutput,N - Pinput,N _ (GN - 1)Pinput,N
N PsN Ps.,N
GN —1) Gy - 1) (Y
H Gy | Pinpur,1 Or Pyn = g H Gu | Pinpur,1
n=1 N ne1

(3.35)

where 7 designates the efficiency of the N™ stage.

FIGURE 3.10

Power input—output relationship in a multistage amplifier.
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Recall that the efficiency of a multistage amplifier is expressed as the ratio

Mol = Poutput,N - Pinput,l _ Poutput.x - Poutput,l (336)
Ps,1+P‘v,2+---+Ps,N Zn:lPSJl

At this point, it is instructive to see how the total efficiency relates to the various
stage gains and efficiencies. To do so, let us examine both the numerator and the de-
nominator of Eqn (3.36)

N N
Pautput,N - Pinput,l = H GnPinput,l - Pinput,l = Pinput,l ( H G, — 1) (337)

n=1 n=1
and
ul G — 1 G, — 1 Gy —1
Z Ps,n = Pinput,l + Pinput,Z + ...+ Pinpur,N
n=1 m 2 N

Gi—-1 Gy—1 Gy —1 (5
= Pipurid —+ G+ ... + 16 (3.38)
m 2 N ne1

Hence the ratio of Eqn (3.37) over Eqn (3.38) gives

N

[IG -1

=1
NTotal = . N—1 (3.39)
G —1 Gy—1 Gy—1
Gl Gl 4+ 9L (HG)

T
n=1

The result obtained in Eqn (3.39) can be further simplified by assuming that each
gain stage has a significant linear gain such that G,—1 = G,, then Eqn (3.39)
becomes

- 1
=1
Mol = s = ; - (3.40)

. - +o 4L
11 6 [16m [IGm
n=2 n=3

@ Gle n=1
"]1+ 2 Tt NN

The relationship in Eqn (3.40) implies that the efficiency of the last stage in a
multistage amplifier has the most impact to the overall efficiency 97,,;, and hence
the last stage has to be the most efficient.

Finally, it is important to note that in practice, the relationships in Eqn (3.30) and
Eqn (3.32) are not entirely accurate due to the fact that not all the terminal
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impedances are matched to the characteristic impedance of the system. If that were
the case, then each stage in the cascade will completely transfer the signal power
from the stage preceding it." The relationships in Eqn (3.30) and Eqn (3.32) deviate
from actual performance especially in the case of broadband amplifiers and
filters, for example. In this case, the mismatch between loads is expressed in the
maximum input/output voltage standing wave ratio (VSWR) specified over the
entire band of interest.® Given the terminal impedance Zterminal then the load imped-
ance can vary as

ZTermi nal
VSWR

By way of an example, if the VSWR of a certain wideband amplifier is 3:1, then
the load impedance could be either Ry ;00 = %ZTerminal or R yud = 3ZTerminal- Given
that Zrerminal = 50 ohm then R;,,; = 16.67 ohm or R;,,; = 150 ohm. That is over
the operational frequency of the amplifier, the input impedance may vary between
16.67 ohm and 150 ohm. Incidentally, the gain of the amplifier may vary over the
same operational band. Recall that the transmission loss increases due to VSWR
by a factor

Rpoad = or Rioad = Ztermina X VSWR (341

_ VSWR? + 1
- 2VSWR
Therefore, it is important to take into account when analyzing the cumulative

noise figure of a system the variations on the individual components noise figure
over temperature and frequency as well as the impedance matching of the system.

(3.42)

3.1.2.3 System sensitivity and the link budget equation

Given a certain modulation scheme and a certain desired minimum raw bit error rate
(BER) performance, it is often desired to determine the minimum received signal
power required to properly demodulate the received signal. This minimum received
signal power is known as the system sensitivity. The system sensitivity is defined as

Psensitivity = 10 loglo(kT) + 10 loglo(Bn) =+ NFcascade —+ CNR (343)

where k is Boltzmann’s constant, and T is the temperature in kelvin. At room tem-
perature, the quantity 10 logio (k7) = —174 dBm/Hz and hence, based on Eqn
(3.43), we obtain the well-known relationship

Pgensitiviy = —174 dBm/Hz + 10 log((By) + NFcascade + CNR (3.44)

Note that in both Eqn (3.43) and Eqn (3.44), the noise equivalent bandwidth was
used instead of the channel bandwidth. After digital filtering, a certain processing

Furthermore, note that the output impedance of the previous stage also influences the NF of the next
stage.
£The band of interest is the operational band over six octaves.
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gain is theoretically obtained. This processing gain is the ratio of the noise equiva-
lent bandwidth to the channel bandwidth. This can be best understood by relating the
required CNR to the required SNR, or

wa) = () ()
CNR = 101o —— | = (= +101o — (3.45)
glO(NOB,, No) 45 210 B,
—_—

Processing Gain

where R), is the data rate. In order to determine the necessary transmit power in an
interference-free environment, the Friis link budget equation, defined in Chapter 1,
can be restated as [5]

Pr = Psensitivity + Pioss — Grx — Gy
= 101log(kT) + 10 loglo(Bn) + NFcascade + CNR + Pioss — Gre — Gy
(3.46)

where P, is the path loss of the signal, and G, and G, are the transmit and receive
antenna gains respectively.

EXAMPLE 3.2 CASCADE NOISE FIGURE ANALYSIS OF GPS RECEIVER

Consider the IF GPS receiver depicted in Figure 3.11. The GPS signal is centered at
1575.42 MHz. Assume that the system sensitivity at the output of the antenna connector
to be —140 dBm. The noise equivalent bandwidth of the GPS receiver is 9.548 MHz.
Determine the CNR given the receive-chain parameters in Table 3.2. In the ensuing analysis,
assume that the experiment is conducted at room temperature. Furthermore, consider all
input and output impedances to be perfectly matched to the system impedance. All ports are
conjugate matched for 50 Ohm impedance.

GPS receiver
X X X
~ > ~Z ~Z ADC
Preselector LNA IRF Mixer IF-filter VGA
Filter
L—PLL/LO|
FIGURE 3.11

GPS receiver with external preselection filter. LNA, low noise amplifier; VGA, voltage gain
amplifier; IRF, Image reject filter; PLL/LO, phase-locked loop/local oscillator; ADC, analog
to digital converter. (For color version of this figure, the reader is referred to the online
version of this book.)

Continued
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EXAMPLE 3.2 CASCADE NOISE FIGURE ANALYSIS OF GPS
RECEIVER—cont’d

What is the impact of lowering the noise figure of the LNA by 1 dB on the cascaded system
noise figure? What is the effect of increasing the LNA gain by 4 dB on the cascaded system
noise figure?

The first step in determining the operating CNR is to determine the cumulative noise figure
of the system. Using the parameters in Table 3.2 and the relationship in Eqn (3.30) and Egn
(3.31), the cascaded or total noise figure of the receiver can be determined. The results are
summarized in Table 3.3. The cascaded noise figure is shown to be 4.36 dB.

Table 3.2 GPS Receiver Noise Figure and Gain Parameters

Parameter Preselector LNA Filter Mixer IF Filter VGA
Noise Figure (dB) 1.5 2.3 1.4 9 4 13
Gain (dB) -1.5 18 1.4 1.5 —4 50

LNA, low noise amplifier; VGA, voltage gain amplifier.

Table 3.3 Cascade Noise Figure Analysis of Receiver Shown in Figure 3.11
Parameter Preselector LNA Filter Mixer IF Filter VGA

Noise 15 2.3 1.4 9 4 13

Figure (dB)

Gain (dB) -15 18 14 115 -4 50

F (inear) 141253754  1.6982437  1.38038426  7.94328235 251188643  19.9526231
Gain (inear) ~ 0.70794578  63.095734  0.72443596  14.1253754  0.39810717 100,000
Casc. Gain 1 07079458  44.6683592  32.3593657  457.08819  181.970086
Casc. F 141253754 23088320 240734866 26219166 262522425  2.72937666
(linear)

Casc. NF 15 38 3.81538095  4.18618873  4.19166407  4.36063473
(dB)

Using the sensitivity equation presented in Eqn (3.44), the CNR can be computed as

CNR = Psensitivity + 174 dBm/Hz — 10 logyo(Bn) — NFcascade
= 140+ 17410 Iog10(9.548 x 106) ~4.36 = —40.16 dB (3.47)

Note that the above result does not incorporate the gain due to filtering or the processing
gain due to de-spreading and multidwelling.

Next, if we decrease the noise figure of the LNA by 1 dB from 2.3 to 1.3 dB and repeat the
cascade noise figure analysis, as shown in Table 3.4, we see that the cascade noise figure of
the receiver improves by approximately 0.87 dB from 4.36 to 3.49 dB. Since the LNA is not
the first block in the receiver, improving the LNA noise figure does not normally improve the
overall noise dB for dB.

Next, we increase the LNA gain by 4 dB from 18 to 22 dB. The cascade noise figure
performance is summarized in Table 3.5. Note the improvement in the cascade noise
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RECEIVER—cont’d

EXAMPLE 3.2 CASCADE NOISE FIGURE ANALYSIS OF GPS

figure is 0.33 dB from 4.36 to 4.03 dB. Recall that increasing the gain in the LNA only
serves to lower the noise figure of the subsequent gain stages. It can be concluded that
increasing the gain of the LNA in this case did not, by itself, significantly improve the
performance of the overall receiver. A further negative effect of increasing the gain is
increasing the linearity requirements for the next stages due to higher signal level.

Parameter Preselector

Noise 1.5

Figure (dB)

Gain (dB) -1.5

F (linear) 1.41253754

Gain (linear) 0.70794578
Casc. Gain 1

Casc. F 1.41253754
(linear)

Casc. NF 1.5

(dB)

LNA

1.3

18

1.3489629
63.095734
0.7079458
1.9054607

2.8

Filter

1.4

-1.4

1.38038426
0.72443596
44.6683592
1.91397646

2.81936592

Mixer

9

11.5
7.94328235
14.1253754
32.3593657
2.1285444

3.28082713

Table 3.4 Cascade Noise Figure Analysis of the Receiver Shown in
Figure 3.11 with Lowered LNA Noise Figure

IF Filter

4

-4
2.51188643
0.39810717
457.08819

2.13185205

3.28757061

VGA

13

50
19.9526231
100,000
181.970086
2.23600446

3.49472665

LNA, low noise amplifier; VGA, voltage gain amplifier.

Parameter Preselector

Noise 1.5

Figure (dB)

Gain (dB) -1.5

F (linear) 1.41253754

Gain (linear) 0.70794578
Casc. Gain 1

Casc. F 1.41253754
(linear)

Casc. NF 1.5

(dB)

LNA

23

22

1.6982437
168.48932
0.7079458
2.3988329

3.8

Filter

1.4

—1.4
1.38038426
0.72443596
112.201845
2.4022231

3.80613338

Mixer

9

11.5

7.94328235
14.1253754
81.2830516
2.48764413

32.95788253

IF Filter

4

-4
2.51188643
0.39810717
1148.15362
2.48896093

3.96018079

Table 3.5 Cascade Noise Figure Analysis of Receiver Shown in Figure 3.11
with Lowered LNA Noise Figure

VGA

13

50
19.9526231
100,000
457.08819
2.53042475

4.03193427

LNA, low noise amplifier; VGA, voltage gain amplifier.

3.1.3 Thermal noise in components

In this subsection, we will discuss noise in two-port systems. The analysis is then
applied to various RF components such as LNAs and mixers. The discussion offers
the reader a certain insight into the generation and workings of thermal noise in RF

components.
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-~ DA +\%/_ 2 -3
1, ! v, Ly |
i Noise-free 3
‘ two-port !
Yj v, ; >
’oC [G ! L, ' network V2
6 5 iy

FIGURE 3.12

Two-port noiseless circuit with noise sources referred to the input. (For color version of this
figure, the reader is referred to the online version of this book.)

3.1.3.1 Noise in two-port systems
Rohte and Danlke [6] and Haus [7] have shown that a noisy two-port network can be
modeled as a noiseless two-port network with a voltage noise source v, and a current
noise source i, as shown in Figure 3.12. The following analysis follows the excellent
development provided in [8] and [9]. Note that due to the random nature of thermal
noise, the polarity of the noise sources is irrelevant. The input termination Y pro-
duces the input noise current ig.

Using the ABCD matrix representation developed in the previous chapter, we can
express the voltage v and the current i| as

v = Avy 4+ Bix + v,

i1 = Cvo +Diy +1iy, (3.48)

The Thévenin equivalent circuit of Figure 3.12 is depicted in Figure 3.13. The
short-circuit average current power at ports 2—5 can be expressed as the sum of

the average termination source current power and the noise current power due to
i, and Ygv, or

() = (&) + (lin + Youl”) (3.49)
where the (2) denotes average power. Expanding the notation in Eqn (3.49), we obtain

<i§c> = <l%}> + ((in + YGva) (in + YGVn>*>

= ()4 (2) + 1YGPOR) + Yalim) + Yalim) (50

Noise-free

(DD | e

network 2

FIGURE 3.13

Equivalent Thévenin circuit of Figure 3.12. (For color version of this figure, the reader is
referred to the online version of this book.)




3.1 Thermal noise 125

As previously stated, the two-port noiseless network does not contribute any
noise to the system.

Next, we examine the cross-correlation terms in Eqn (3.50) between i, and v,,.
The current i, is made up of the sum of two components i, = u, + Ycv, where Y¢
is the correlation admittance. Hence, a reexamination of the cross-correlation
term Y (i}v,) reveals that

Yg<iflvn> = Yo((un + Yevn)'va) = Yo <uflvn> +Y0Yé<v;§vn> = YgYé<v,21

——
=0

(3.51)

where (uv,) = 0. In a like manner, it could be shown that
Ye(invy) = YEYe(v2) (3.52)

Next, recall that each noise source can be expressed according to Eqn (3.3) for a
given bandwidth B,, as

(v2) = 4kTB,R, (3.53)

where R, is the equivalent noise resistance for noise-source voltage v,. By the same
token, the uncorrelated current u, and the input noise current can be expressed in like
manner as

(u2) = 4kTG,B,

n

(3.54)
(i) = 4kTGgB,

where G, is the equivalent noise conductance for the noise current u, and Gg is the
equivalent noise conductance for the noise current i;. The excitation noise or input
termination admittance is given as Y= Gg + jBg." Recall that it is possible to
choose a value for Y such that one can minimize the noise figure, however, that
can only be accomplished at the expense of reducing the gain.

Given the definition of the total noise current above, the current noise power <z%>
can be further expressed as

(in) = <(”n+YCVn)2> = () + |[Yc|*(V2) (3.55)
Substituting Eqn (3.53) and Eqn (3.54) into Eqn (3.55), we obtain
(2) = 4kTB, <Gu n R,,\Yc|2) (3.56)

Next, substituting the results from Eqn (3.55) and Eqn (3.56) into Eqn (3.50), we
obtain

B in this case indicates the susceptance and not the bandwidth.
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() = (i) + @)+ (IYel? + Yol + Yo¥e + YovE ) ()
= (ig) + (up) + (\Ye| + |¥6])*(v2 (3.57)

Recall that in the model shown in Figure 3.12 and Figure 3.13, the noise sources
are referred to the input of the two-port network system. The noise factor for this
two-port network is simply the ratio

: 2
(i2) L Gwn) + (el + 1Ya))™ (vr)
oy = 1+ 2
<lG> <’G>
Substituting Eqn (3.53) and Eqn (3.54) into Eqn (3.58), we obtain, after simpli-
fication, the result for noise factor
(i2) G, + Rn{(GG +Ge)* + (Bo + Bc)2}
F = 'Szc =1+
<’G> Ge
The relationship in Eqn (3.59) shows that the noise factor is a function of

Y = G+ jBg. The noise factor can be minimized for a given optimal value of
Gg and Bg. The optimum value for Bg is simply

BGopr = Bc = —Bc (3.60)

(3.58)

(3.59)

whereas the optimal value for G can be obtained by taking the partial derivative of
the noise factor and setting it to zero, or aaTFG = 0, resulting in an optimal solution for

Gg as

Gy + R,G?
Goopr = 1| RCE 6, — g, (GZG,OP, - GZC) 3.61)

Ry
The resulting minimum noise factor can then be found by substituting Eqn (3.61)
into Eqn (3.59) and further manipulating the mathematics to arrive at

2
Rn GG,opt - Gu

Fuin = 1+ 2R, GG,opt + R
n

(3.62)

Furthermore, substituting the value obtained in Eqn (3.61) and Eqn (3.62) into
Eqn (3.59), we obtain the expression for the noise factor in terms of F;, simply as

F = Foint - { (66— Goan) + (Bo = Boan)'}  (363)

Note that in the event where GG = G pr and Bg = B ops» the noise factor F re-
verts to the minimum noise factor Fij,. Therefore, when performing noise analysis,
care must be taken to examine the best-case scenario with the minimum noise figure
associated with the various blocks in the receive chain as well as typical and worst-
case scenarios that arise due to input termination admittance mismatch with the
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two-port network. Furthermore, the noise factor relationship in Eqn (3.63) relies on
parameters such as Fiyin, GG opr» BG,opr» GG, and B that are not always readily avail-
able to the designer. In many cases, an empirical formula, such as the one provided
by Fukui [10] for transistors, may be used.

3.1.3.2 Thermal noise in LNAs

The impact of the LNA noise figure is paramount on the receiver system noise figure.
The LNA is typically the first gain stage in the receiver chain. Its gain as well as its
noise figure dominates the amount of noise present in the receiver and dictates the
receiver sensitivity. Let us further express the relationship in Eqn (3.63) in terms of
the normalized noise resistance r, = R,/Z,- and normalized source admittances

Y6 =Y6Zcha = Y6!Y char and YG,opt = YG,opthhar = YG,()pt/ Yepar as
I'n 2
F = Fy e — 3.64
min + Re{yG}|yG yG,apt| ( )

Furthermore, the normalized admittances can be expressed in terms of the reflec-
tion coefficients as

_1-T¢ _ r _1-yc

¢ T 1 T, T 14y
(3.65)
1-T¢g opt - YG,opt
= 7 & F C = —
YG,opt 1+ FG,op[ G,opt 1"’)’G,opt

The noise factor in Eqn (3.64) can now be expressed in terms of reflection coef-
ficients as

|FG - l—‘G,opt | ?

F = Fuyjn + 41, 5 2
|1+FG«,0171| (1 — g )

(3.66)

The center and radius of the noise circle according to Eqn (3.66) can now be

found. Let
F — Fu;
© = —— "1+ T’ (3.67)

Then the center and radius of the noise circle overlaid on the Smith chart are

oty
(3.68)

2

Pr = 1+—® ®2+®<1 - ’FG70pt| )

where Cr and pr are the center and the radius of the circle, respectively.
The analysis concerning noise figure for two-port networks has indicated that for
every LNA, itself a two-port network, there exists an optimum noise figure derived
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from optimum source resistance. As it turns out, the optimum gain occurs when
I'Gopr = S7 |, whereas the minimum noise figure occurs when the admittance is
YG = YG opr» Which implies that these two conditions are not met at the same time.
However, procedures, such as the one described in [11], exist that optimize for
both gain and noise figure. As a case in point, consider the popular high-electron-
mobility transistor (HEMT) device for designing LNAs. HEMT devices are essen-
tially FET transistors that provide the highest gain for the lowest noise figure.
This makes it ideal for the first stage of a high power LNA. In order to optimize
for noise figure and gain performance, a small inductor is placed between the tran-
sistor source contact and the ground brings I'G ,,, and ST,] closer together as shown
in Figure 3.14. The resulting effect is known as series inductive feedback, which
tends to decrease the gain in favor of improving the stability factor [12]. When fabri-
cated in an MMIC (monolithic microwave integrated circuits) process, spiral induc-
tors used in the input matching network add a significant amount of resistive loss to
the LNA and contribute directly to the noise figure. Therefore, in applications
requiring low system noise figure, it becomes necessary to employ an off-chip
inductor to perform the matching. This is only true, however, when the application
is operating at low enough frequency bands such that the bond wire connections to
the off-chip components are minimally reactive.

Thus far, we have shown that the LNA noise figure, gain, and input and output
impedances are of paramount importance to the performance of the receiver at
sensitivity. However, from a system and design point of view, it is important to
realize that there are other parameters that impact the performance of the LNA
and hence the performance of the receiver in general. Parameters such as the second

s, r

G.opt

)

(a) (b)
FIGURE 3.14

S} 1 and g gyt for a HEMT device: (a) without inductor, and (b) source to ground
inductor. (For color version of this figure, the reader is referred to the online version of this
book.)
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and third order input-referred intercept points, reverse isolation, and stability are
also very important and somehow indirectly influence noise figure. The required
noise figure and gain of the LNA are mainly governed by the receiver architecture
and the signaling waveform to achieve the required sensitivity. By way of an
example, consider a superheterodyne receiver, which unlike a direct conversion
receiver, requires an image reject filter (IRF). The IRF introduces insertion loss
to the lineup, thus dictating higher LNA gain. Furthermore, the performance of
the mixer in terms of its noise figure and third order input-referred intercept point
also dictate to some extent the LNA parameters. The input and output impedances
of the LNA are also influenced by the architecture and signaling waveform. For
example, a full-duplex waveform requires a duplexer. An external duplexer has
standard 50 ohm resistive input-impedance, which in turn imposes certain imped-
ance to the input of the LNA. The output impedance of the LNA may also be
designed with a standard termination if it is required to interface to an external
IRF such as the case of a superheterodyne receiver. On the other hand, this is not
a concern for the direct conversion receiver since the architecture does not have
an image noise problem.

Another LNA parameter that is largely dictated by the architecture is the reverse
isolation |S 12 | This parameter determines the amount of local oscillator (LO) signal
leakage from the mixer’s RF port to the antenna. The amount of required reverse
isolation depends on the architecture. In superheterodyne receivers, the LO leakage
at the RF port is somewhat attenuated by the IRF. On the other hand, the effect of LO
leakage in full-duplex direct conversion receivers has to be mostly prevented by the
reverse isolation of the LNA. In direct conversion receivers that support TDMA
signaling waveforms, a transmit-receive (TR) switch typically precedes the LNA
and somewhat alleviates the reverse isolation requirement.

3.1.3.3 Thermal noise and gain in mixers

The mixer performs the function of translating the signal’s center frequency F; to
another center frequency F,,. The mixer, in its theoretical form, is a linear time-
variant device. A mixer can be either passive or active. A passive mixer is a device
that does not provide any amplification to the input signal. As a matter of fact, if the
LO signal is a square wave with 50% duty cycle, as opposed to a pure sinusoid, the
resulting LO signal is made up of a series of harmonics of which the fundamental
frequency Frp has a magnitude of 1/7. Hence as a result of the frequency convolu-
tion of the desired signal with the LO signal, the voltage gain of the mixing operation
is 1/@. Active mixers on the other hand provide a certain gain to the RF input signal
and hence it is desirable for signal waveforms that operate at low sensitivity. The
reason is obviously the noise reduction due to gain in the subsequent stages as
dictated by the Friis formula.

Furthermore, the mixing operation can also be classified as single sideband
(SSB) or double sideband (DSB) operation. First, consider a theoretical mixing oper-
ation with a noiseless mixer whereby a desired single tone at RF, say
x(t) = A(t)cos[(wro + wir)t] is down-converted by the mixer to an IF frequency
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via an LO signal Y(r) = cos(wrpt). The signal’s tone is at the RF frequency
WRF = Wro + wir. Furthermore, assume another tone signal y(7) to be present at
RF such that y(t) = B(t)cos[(wro — wir)t]. Assume both A(7) and B(¢) are slowly
moving signals over time compared to the IF and LO frequencies.

Next, if we perform a simple mixing operation, we obtain

(x(2) + y(1))Y(£) = A(t)cos|[(wro + wir)t]cos(wrpt)
+ B(I)COS[(OJLO — a)IF)l‘]COS((z)Lot)

A1)

=" {cos[(Rwro + wir)t] + cos(wirt)}

B(1)

+ =~ {eos[2wro — wir)i] + cos(wirt)}

(3.69)

After further filtering at the output of the mixer, the IF signal can be obtained
from (3.69) simply as

(x(®) +y(0)Y(2) = #cos(wmt) + ?cos(wlpt) (3.70)

The relationship in Eqn (3.70) implies that whatever signal exists at the image
frequency wpp — wir gets translated or moved on top of the desired signal. In a
super heterodyne architecture, however, the IRF attenuates whatever signal
exists at the image frequency to a certain acceptable degradation level. It is then
apparent that the higher the IF frequency the better rejection we get from the IRF.
Assume, for a moment, that whatever signal existed at the image frequency is
completely filtered by the IRF. This leaves the image noise in the image band that
nonetheless still gets frequency translated on top of the desired signal as shown in
Figure 3.15.

The operation depicted in Figure 3.15 implies that the output SNR of the mixer is
3 dB lower than the input SNR thus implying that the noise figure of this theoretical
mixer is 3 dB! This is definitely the case in super heterodyne receivers where an SSB
signal, that is a signal that exists on either the upper or lower side of the LO fre-
quency, gets mixed on top of the image noise, and hence the resulting theoretical
SSB mixing operation’s noise figure is 3 dB.

In most cases, we have to be especially weary of port-to-port isolation in the
mixer. Note, since the LO exhibits higher power in most cases than the received
RF signal, the LO to RF port isolation is of great importance. In the presence of a
weak RF signal, we can anticipate the presence of an LO signal at the RF port. In
direct conversion receivers, the leaked LO signal mixes with the LO signal to pro-
duce a high in-band DC signal.

Next, consider the case of a direct conversion receiver where the mixer down-
converts the signal from RF directly to baseband. In this case, the IF frequency in
Eqn (3.69) is zero and hence the receiver is also known as a zero IF receiver. In
this case, it is obvious that no image of the desired signal exists, or more accurately
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FIGURE 3.15

Image noise folding onto desired signal at IF. (For color version of this figure, the reader is
referred to the online version of this book.)

the image exits in the negative frequency, and hence no thermal noise is added on top
of the desired signal. In this case, the theoretical output SNR is equal to the input
SNR and hence the DSB noise figure is 0 dB and it is 3 dB less than that of the
SSB mixer.

A further subject of interest concerning the mixer is its topology. A mixer can be
either a single-ended, single-balanced (SB) or a double-balanced mixer, or an
image-reject mixer. In this context, we will limit our discussion to balanced mixers.
An SB mixer is one in which the input RF signal is single ended whereas the LO
signal is differential. On the other hand, the DB mixer implies that both the RF as
well as the LO signal are differential. The RF signal incoming into the mixer is either
single ended or differential. In the former case, the signal is converted from single
ended to differential via a balun. An SB mixer displays less input referred noise over
a DB mixer, whereas the latter has a higher second order input-referred intercept
point (IIP2). The advantage of DB mixers, as will be discussed in more detail in up-
coming chapters, is in reducing the ¥2 IF distortion in superheterodyne receivers. The
output of both mixers can be either single ended or differential with the latter being
less susceptible to noise. However, in IF sampling receivers that require external
single-ended surface acoustic wave (SAW) filters at IF, the mixer’s output is single
ended to interface with the filter.

At this point, it is instructive to further discuss the mixer gain. The mixer exhibits
two different types of gain, namely voltage conversion gain and power conversion
gain. The power conversion gain can be defined as the ratio
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Power at IF delivered to the load

G don = 3.71
Power Conversion ™ "\ ailable RF power to the source (3.71)
The voltage conversion gain, on the other hand, is defined as the ratio
rms voltage of IF signal
GVoltage Conversion — g g (3.72)

rms voltage of RF signal

The voltage conversion gain equals the power conversion gain only when the
input impedance and load impedance of the mixer equal to the source impedance.
Again, in the case of the superheterodyne architecture that employs an external
IR filter, conjugate matching is necessary at the input of the mixer to match the fil-
ter’s standard termination impedance. A question then arises: In a cascade noise
figure and gain analysis, which gain do we use given that the impedance levels
may vary from block to block?

In order to further understand the problem, we must revisit the analysis employed
on the two-port noiseless model of Figure 3.12. Based on the analysis of Section
3.1.3, and following the definition of Friis formula, neglecting the correlation
between noise current and voltage current noise, the voltage noise can be written
in terms of the noise current and source admittance

(Fasr.61 — D)5 = Ya1?(V2) = (Far1.62 — 1){(i&) — Y P(v2)  (3.73)

where the index n + 1 implies the (n + 1) stage. Alternatively, Eqn (3.73) can be
expressed in terms of noise currents and source resistances as

(Fut1.61 — 1)4kToRG1 — [R1[*{1?) = (Fus1,62 — 1)4kToRc2 — |Rga|*(12)
(3.74)

The relationships in Eqn (3.73) and Eqn (3.74) cannot be computed unless the
noise voltage or noise currents are known. However, in the event that the noise cur-
rent of the amplifier is negligible, that is

(Fus1.61 — 1)4kToRG1 — |Rg1[*(12) = (Fui1,61 — 1)4kToRG

3.75
(Fut1.62 — 1)4kToRG2 — |RGa2|*(I2) = (Fut1.62 — 1)4kToRc2 G-7%)

then the relationship in Eqn (3.74) can be approximated as
(Fus1,61 — 1)RG1 = (Fut1,62 — 1)Re2 (3.76)

At this point, it is important to address the gain values associated with the Friis
formula given in Eqn (3.30). The question that was raised earlier is whether the gain
values used in Eqn (3.30) are the available power gain of the staged or the square of
the voltage gain. It turns out that the noise factor (F,, 11 — 1) is divided by the avail-
able power gain Gpower Conversion Of the preceding stage if and only if noise factor is
calculated with respect to Rgi. On the other hand, if the noise factor Fj,.; is
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computed with respect to say Rgp, then the noise factor (F,,; — 1) is divided by the
square of the voltage gain, or the power conversion gain in the case of the mixer,
Goltage Conversion- This can be best illustrated with an example.

EXAMPLE 3.3 CASCADE NOISE FIGURE ANALYSIS WITH DIFFERENT
INTERSTAGE IMPEDANCES

Consider the receiver chain where the source and load impedances of the various receiver
blocks are as defined in Figure 3.16. What is the noise figure of the PMA with respect to a
50 ohm input impedance? What is the cumulative system noise figure of the mixer and PMA?
The impedances indicated next to the noise figures are the source impedances of the various
blocks. Assume input noise current in the PMA to be negligible.

Image reject filter PMA

Loss =1.4dB @ 200 Q

NF =10 dB @ 200 Q

Preselector
Loss=1.5dB @

NF = 2.3dB @ 200 Q
Power Gain = 15 dB

% 200 Q 200 Q % 200 Q 500
X X
Preselector LNA IRF Mixer PMA
filter LNA Mixer

NF =9dB @ 200 Q
Voltage Gain = 11 dB

200
FIGURE 3.16

Receiver with different interstage impedances. IRF, Image reject filter; LNA, low noise
amplifier; PMA, postmixer amplifier.

The first observation we need to make in reference to the receiver depicted in Figure 3.16 is
that the input and output impedances of the mixer are 200 ohm and 50 ohm, respectively.
The postmixer amplifier (PMA) noise figure is given for a source impedance of 200 ohm and
therefore it must be computed for the input source impedance of 50 ohm. According to Eqn
(3.76), the PMA noise figure at 50 ohm is given as

(1010/10 _ 1) x 200

(Fpmazooa — 1) Rema 2000
+1 50

Rewmas00
NFPMA,5OQ =10 |0g10(37) = 15.68dB

Next, we need to compute the cumulative system noise figure. Assume that the noise figure
of the PMA is available only for 200 ohm, then the combined noise factor of the mixer and
PMA is obtained by dividing (Fpuma,2000 — 1) by the square of the voltage conversion gain of
the mixer, that is

Fpmas00

Fpma 2000 — 1 9/10 , 1010710 ]
Fni = Finixer + ———————— = 10%/10 4 ———— —
ierFHA T TN (0ot cnvrsn/10)2 (1011/10)? (3.78)
NFmixer,pma = 10 log10(8) = 9.03dB

Continued

L
133
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EXAMPLE 3.3 CASCADE NOISE FIGURE ANALYSIS WITH DIFFERENT
INTERSTAGE IMPEDANCES—cont’d

The cascaded system noise figure of the system depicted in Figure 3.16 is summarized in

Table 3.6.
Table 3.6 Cascaded Noise Figure Analysis of the System Depicted in
Figure 3.16
Parameter Preselector LNA IRF Mixer/PMA PMA
Noise Figure (dB) 1.5 2.3 1.4 9.030937061 9.030937061
Gain (dB) -1.5 15 —1.4 15 10
F (inear) 1.41253754 16982437 1.380384265 8.000068508 8.000068508
Gain (linear) 0.70794578 31.622777 0.72443596 31.6227766 10
Casc. Gain 1 0.7079458 22.38721139 16.21810097 512.861384
Casc. F (iinear) 1.41253754 2.3988329 2.41582406 2.847444785 2.861093831
Casc. NF (dB) 1.5 3.8 3.830653022 4,544553115 456532101
LNA, low noise amplifier; IRF, image reject filter; PMA, postmixer amplifier.

3.1.3.4 Noise figure of an attenuator

Any passive device constructed as a matched power—dissipating element can be
thought of as an attenuator. Consider the two-port attenuator, as shown in
Figure 3.17, with resistive source and load impedances all at a given temperature
T. Given that the two-port attenuator and its source and load terminations are in ther-
mal equilibrium, the noise power delivered by the source impedance and attenuator
to the load impedance is statistically equal to the noise power delivered by the load
impedance to the attenuator and source. Let the noise temperature generated in the
attenuator and delivered to the load be T, then the noise temperature delivered to
the attenuator and source impedance is

T = GuansducerT + Tart (3.79)

where Gyansaucer < 1 18 the transducer gain of the attenuator. Note that, from a phys-
ics point of view, we can simply refer T, to the input, and hence the attenuator noise
temperature can be expressed as

T, 1
Tatt,input =& _ T<— — 1) (3.80)

Gtransducer Grransducer

% Attenuator %
Rs (Temperature = T) Ry
FIGURE 3.17

Attenuator at thermal equilibrium.
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Given T =Ty =290 K, the noise factor of the attenuator is given as

T .
Fatt — attinput + 1 (381)
To
Substituting the result obtained in Eqn (3.80) into Eqn (3.81), the noise factor of
the attenuator becomes

1
Fy = —— (3.82)

Grransducer

This is an interesting result that seems to imply that the noise factor of an atten-
uator is simply equal to the loss factor 1/Gansducer

3.2 Phase noise

Thus far, in the previous section, we have discussed thermal noise that is additive to
the desired signal and can be characterized in terms of noise figure. As it turns out,
increasing the signal strength increases the SNR and hence minimizes the impact of
thermal noise on the receiver performance. In this section, however, we study phase
noise, which is multiplicative in the time domain and cannot be simply mitigated by
increasing the received signal power.

Depending on the transceiver architecture, a frequency synthesizer is typically
employed to generate a spectrally pure signal in order to up-convert (modulate) or
down-convert (de-modulate) the desired signal to and from RF or IF to baseband.
The output of the frequency synthesizer, or local oscillator, exhibits both amplitude
and phase variations with the latter being by far more detrimental to the desired
signal quality. These phase variations, or phase noise, contaminate the purity of
the modulating signal, as depicted in Figure 3.18 for a pure sinusoid. This phase im-
purity translates into signal degradation in terms of bit error rate performance and
tends to reduce the channel selectivity of the receiver.

There are various synthesis techniques from which frequency can be generated
[13]. These can mainly be classified into three categories:

* Incoherent synthesis relies on the use of multiple crystals to generate the various
output frequencies needed for modulation and demodulation. An incoherent
synthesizer can be constructed using various crystal oscillators, mixers, and
bandpass filters.

* Coherent direct synthesis, unlike incoherent synthesis, relies only on one crystal
oscillator to generate the various frequency outputs. The stability and accuracy
of the various frequency outputs depends on the stability and accuracy of the
sole crystal oscillator. Coherent direct synthesis can be accomplished via
various frequency generation techniques, such as the brute force technique, the
harmonic approach, and double and triple mixing approach. In the brute force
approach, for example, a series of frequency multipliers and dividers, mixers,
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Effect of phase noise on a single tone: (a) single tone with 1/f noise at —120 dBc/Hz and
(b) single tone with 1/f noise at —70 dBc/Hz. (For color version of this figure, the reader
is referred to the online version of this book.)
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Brute force frequency synthesis.

and reference frequency source are used. This approach, depicted in

Figure 3.19, is sometimes preferred when multiple fixed frequencies need to be
generated simultaneously. Another popular approach, often used in software-
defined radios, is direct digital synthesis (DDS). In DDS, the output frequency is
generated totally in the digital domain as shown in Figure 3.20. The DDS
system can exhibit spreading of the spectral lines at its output, thus contributing
impurity to the output signal. This phenomenon is mainly due to the jitter in the
system clock. The largest source of impurity in a DDS, however, is charge
glitches in the DAC.

Coherent indirect synthesis is also known as phase locking via a feedback sys-
tem, or simply a PLL. A conceptual PLL is depicted in Figure 3.21. In a PLL,
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FIGURE 3.20
Frequency tunable direct digital synthesis (DDS). DAC, digital to analog converter.
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FIGURE 3.21

Frequency synthesis via PLL. VCO, voltage-controlled oscillator; PLL, phase-locked loop.

the crystal reference oscillator provides the reference frequency, which tends to
operate at a much lower frequency than the voltage controlled oscillator. The
VCO'’s output frequency is controlled by the output of the loop filter. The input
to the loop filter is an error voltage that corresponds to the difference between
the reference oscillator and a digital counter output. In the ensuing analysis, we
will focus on frequency synthesis only in the context of coherent indirect
synthesis. We will analyze the impact of the various PLL blocks on phase noise.

3.2.1 The PLL as a filter

The intent of this section is not to analyze PLL concepts and synthesizer techniques.
This subject will be fully explored in Chapter 7. The aim is to examine the impact of
phase noise on the desired signal. The phase noise at the output of a PLL or synthe-
sizer is impacted by many sources, including the reference oscillator, the VCO, and
the components of the PLL or synthesizer. Before we explore the nature of the noise
sources in each component of the PLL, it is important to understand the role the loop
plays in shaping the various noise densities. This in turn will clarify why we place
certain emphasis on the close-in phase noise of the reference oscillator, for example,
versus its far-out noise density, and why to some extent the opposite is true for the
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The linearized PLL model with various additive noise sources. VCO, voltage-controlled
oscillator; PLL, phase-locked loop. (For color version of this figure, the reader is referred to
the online version of this book.)

VCO. The purpose of this section is to study the effect of the PLL on the various
noise sources using a linearized loop model as shown in Figure 3.22. Specific
emphasis will be placed on the shaping of the reference oscillator and VCO.

The input/output relationship inferred from Figure 3.22 can be expressed in the
Laplace domain as

0o(s)
N

where 0;(s) is the phase of the reference oscillator, ,(s) is the phase of the LO, N is
the PLL up-conversion ratio that is the ratio between the reference frequency and the
LO frequency, n;(s) and n4(s) are the additive phase noise of the reference oscillator
and phase/frequency or loop detector, and e(s) is the PLL error function. The output
phase of the loop can be further expressed in terms of the loop error function and
vice versa as

0i(s) + mi(s) — +na(s) = e(s) (3.83)

m(5) = {F(5)e(s) + me(s))

€(0) = 5 () = m) = ne(0)}

)
S
—~

)
~

|

(3.84)

where F(s) and ng(s) are the loop filter transfer function and loop filter additive
noise, K is the VCO gain, and 7,(s) is the VCO phase noise. In the ensuing analysis,
assume that F(s) is a lowpass function. Note that all the noise densities are assumed
to be additive and somehow contribute to the phase noise of the LO, where the two
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noise densities of concern are the phase noise of the reference oscillator and that
of the VCO.

Substituting the value of the error function found in Eqn (3.84) into Eqn (3.83),
we obtain

015) + 1(5) = P ) = s {109 = m = e} 389

Consequently, the output of the PLL can be expressed as

00(5) = e sy () + 08) + a0} + (o)
+ ]#I%mc(s) (3.86)

The relationship in Eqn (3.86) expresses the output phase of the loop 6,(s) in
terms of the input reference oscillator and the various additive noise as shaped by
the loop. According to Eqn (3.86), it is of great interest to see what influences the
output phase at or near DC frequencies. That is,

. . N
Jim 012) = NOi(0) + N{ni(0) +my(0)} + e (0). FO) 0 G87
where again F(s) is a lowpass function. The relationship in Eqn (3.87) implies
certain important characteristics of the PLL as a filter at low frequencies that is at
or near DC:

* The phase noise density of the VCO does not contribute, or contributes mini-
mally, to the phase noise density of the LO.

* The phase noise of the LO is dominated by the close-in phase noise of the
reference oscillator. The phase noise density of the LO is the same as the phase
noise density of the reference multiplied by N*. The increase in phase noise
density is proportional to the synthesizer ratio or simply 10 log;o (N*) dB. Note
that, for the same reason mentioned in the case of the crystal oscillator, the
phase noise of the LO is further deteriorated by the additive phase noise effects
of the detector increased by a factor 10 logig (N2) dB.

* The phase noise density of the LO is also degraded by the phase noise of the loop
filter. The yhase noise due to the filter is additive and proportional to the ratio
N?/|F(0)|* or in dB 10 log,o(N2/|F(0)|*)dB.

* In Eqn (3.87), the dominant phase noise degrading the performance of the LO is
by far that of the reference oscillator. The reference oscillator is required to have
a high Q at the required RF frequency.

Next, define the loop transfer function as

H(s) = NKF(s)

= m (3.88)
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FIGURE 3.23

A perfect integrator active loop filter.

Then according to Eqn (3.88), we have
1 Ns

P=yHl) = Ns + KF(s)

N (3.89)

Substituting the relations in Eqn (3.88) and Eqn (3.89) into Eqn (3.86), we obtain
1
0,(5) = HOHO(0) + 1)+ ma0)} + {1 = 110 bt

N
5 {1 O el

(3.90)

For the sake of simplicity, and in order to explain the effect of the loop on the
VCO and loop-filter phase noise, assume that the PLL is a second order loop, and
let the loop filter be a perfect integrator of the form

F(s)

_ Tas+1

391
Trs (3.91)

as shown in Figure 3.23.
Then the loop transfer function can be expressed by substituting Eqn (3.91) into
Eqgn (3.88) as

NK Dstl KLg K
- Tis - T, T,
Hs) = Ns+KDstl g2 g B oy K (.92)
Trs NT, NT,
The relationship in Eqn (3.92) is of the form
1 28Q,s+ Q2
H(s) s + (3.93)

T NS 1 2EQus + Q2

The equivalent loop noise bandwidth of Eqn (3.93) is

_£Q, 1
By = > (1 +4§2> Hz (3.94)
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where Q, is the natural frequency and & is the loop damping ratio. The equivalent
loop noise bandwidth will be examined in more detail in Chapter 7. Then, according
to Eqn (3.89) the filter transfer function acting on the VCO can be found by
substituting Eqn (3.93) into Eqn (3.89), or

1 1 26Qus+ Q2 421 — 5)EQus + (1 —32)QF

1——H(s) = 1——5
NG N% 52+ 28Qus + Q; 52+ 2EQys + Q2

(3.95)

Again, in this particular case, it is important to understand the impact of the loop
transfer function H(s) and of 1 — %H (s) at or near DC, that is at very close-in fre-
quencies, as well as at high frequencies, that is as @ — o. According to Eqn
(3.93), we have

1 2jEQ,Q + Q2 1
lim H(jQ) = 2% L
Q-0 N—-Q° +2jEQ,Q+ Q;la-0 N
1 2j£Q,Q + Q2
lim H(Q) = — zfg nA (3.96)
Q- N —Q? +2jEQ,Q + Q%o
1 2jEQ,/Q+Q2/0? o
N1 42Q,/Q4 Q2 /Q% g 0

The relationship in Eqn (3.96) implies that the loop transfer function H(s) ex-
hibits lowpass characteristic, where in this particular case, the loop transfer function
gain at DC is inversely proportional to N, as depicted by way of example in
Figure 3.24. Likewise, upon examination of Eqn (3.95), we obtain

1 1
2 . 2

lim{1——H(Q) b = Al . -
atol N —O7 + 20,0 + Q2 a0 N

: 1 1 2 2

—142 1—m £Q,/Q+ 1—]W Q2/Q
lim {1 ——H(jQ)} - : — ~ 1
3.97)

For this particular loop filter, in the event where N = 1, the function expressed
Eqn (3.97) has highpass characteristics. However, as N increases, the function in
Eqn (3.97) becomes less of a highpass function, as can be seen in Figure 3.25.
Note that this is not a generalization of PLL behavior for any given loop filter but
rather for the PLL under discussion with integrator loop filter as expressed in Eqn
(3.91). Therefore, in this case, it can be seen that N affects the transfer function char-
acteristic of the loop, and in turn the shaping of the various noise density functions,
particularly of the reference oscillator and VCO. The other two factors that affect the
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FIGURE 3.24
Second order loop transfer function H(s) for loop bandwidth of 10 KHz damping factor of
0.1, and N=100. (For color version of this figure, the reader is referred to the online
version of this book.)

loop transfer function and the shaping of the noise densities are the choice of the
natural frequency Q,, as well as the loop damping ratio §. The impact of decreasing
Q,, on the overall phase noise of the LO serves to generally decrease the amount
of phase noise degradation due to the reference oscillator and increase the amount
of phase degradation attributed to the VCO. Increasing the natural frequency of
the PLL tends to accomplish the opposite. Figure 3.26 and Figure 3.27 illustrate
the impact of increasing the damping factor on the transfer functions
H(s) and 1 — 4 H(s). Decreasing £ serves to boost the response of the filters around
the natural frequency, whereas increasing & serves to smooth out the response of the
filters in the passband.

Next, consider a more realistic third order PLL with a loop filter realized using
passive elements as depicted in Figure 3.28. The reference oscillator frequency is
10 MHz and the LO output frequency is 1.6 GHz. The closed loop gain response
of the PLL shows a loop bandwidth of 10 KHz as illustrated in Figure 3.29.
Figure 3.30 depicts the loop’s total phase noise density along with that of the refer-
ence oscillator, the VCO, and the loop filter. It is interesting to see that the total phase
noise of the PLL is dominated by that of reference oscillator at low frequency up to
and around 1 KHz. On the other hand, one can also observe that the total phase noise
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Transfer function 1 —%H(s) for loop bandwidth of 10 KHz damping factor of 0.1, and
N =100 acting on the voltage-controlled oscillator (VCO) phase noise. (For color version of
this figure, the reader is referred to the online version of this book.)

of the PLL is dominated by that of the VCO at high frequencies and as low as 1 KHz.
In most cases, the phase noise due to the loop filter is considered significant but not
dominant at high frequencies. Furthermore, note how the various phase noise den-
sities are shaped by the PLL. To further illustrate this point, the analysis is repeated
for a natural frequency of 50 KHz as shown in Figure 3.31. By comparing
Figure 3.30 and Figure 3.31, one can readily observe that increasing the loop band-
width increases the impact of the reference oscillator phase noise on the total phase
noise of the PLL, while it diminishes the impact of the VCO phase noise on the total
phase noise of the PLL. The impact of increasing the loop bandwidth on the total
phase noise and the loop’s filtering effect on the reference oscillator and VCO can
be further illustrated in Figure 3.32, Figure 3.33, and Figure 3.34. In conclusion,
it is obvious that the amount of phase noise admitted by the reference oscillator
and VCO and their respective impact on the LO’s total phase noise is mainly dictated
by the choice of the PLL’s order and type, its loop bandwidth, and its damping factor.

Thus far, we have discussed the impact of the digital divider block in Figure 3.22
and Figure 3.28 on phase noise. Note that any AM noise at the input to the digital
divider causes time jitter at the output of the divider and hence the AM noise trans-
forms into PM noise. This process is an AM-to-PM conversion process that can be
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Second order loop transfer function H(s) for loop bandwidth of 10 KHz damping factor of
0.5, and N=100. (For color version of this figure, the reader is referred to the online
version of this book.)

analyzed by differentiating the waveform and computing the power spectral density
of the resulting waveform [14]. That is, given a power spectral density

2
S (F) = (ﬁ) S (F) (3.98)

According to [14], the power spectral density of the input signal to the digital
divider, given a digital input waveform, can be expressed as

1 1 — 6747721720-/?1"&
Sy(F) = (3.99)
X( ) 4772F2T2 (1 _ 67271’21720’!%."”) 2 + 48727'(’2172[7}‘”“_ COSZ(’ITFT>
where o}i,m is the timing jitter variance and T is the period of the input pulse. The

power spectral density at the output of the digital divider is the same as the power
spectral density of the input signal as expressed in Eqn (3.99) reduced by division
ratio N or

— 5,(F) (3.100)
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Transfer function 1 — % H(s) for loop bandwidth of 10 KHz damping factor of 0.5, and
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Third order PLL using passive loop filter resulting in 10 KHz natural frequency. VCO,
voltage-controlled oscillator; PLL, phase-locked loop.

One can readily see upon examination of Eqn (3.100) that the phase noise at the
input of the loop is reduced as a function of the divider ratio.

The use of a digital divider is not limited to the feedback chain, as illustrated in
Figure 3.35. In applications where a frequency synthesizer must cover a wide range
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Total phase noise density at 1.6 GHz with natural frequency set at 50 KHz. VCO,
voltage-controlled oscillator. (For color version of this figure, the reader is referred to the
online version of this book.)

of frequencies, a programmable divider in the feedback loop is used along with a
fixed divider situated after the reference oscillator and before the frequency detector
to allow the synthesizer to cover several channels within a given frequency band.
The resolution of the synthesizer is dictated by the ratio of the oscillator frequency
divided by the fixed digital divider F,;,/M. Under steady state, when the PLL is
locked, the following relationship between the output frequency of the VCO and
that of the crystal oscillator must apply:

Foc _TY0  Fyco = 1 Fos (3.101)

The ratio F,z/M is the frequency resolution of the synthesizer.

In order to extend the range of the synthesizer, multiple VCOs may be used in a
multiloop architecture as shown in Figure 3.36 [15]. The frequency output of the first
VCO is simply obtained as Fyco, = NiF,s/M. Similarly, the frequency output of
the second VCO is also given as the ratio Fyco, = NaF,sc/M. In order to provide a
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Comparison of various total phase noise densities for three different natural frequencies.
(For color version of this figure, the reader is referred to the online version of this book.)

reference to the third VCO, the frequency output of the first VCO is then divided by
N3. The output frequency of the third VCO is mixed with the output frequency of the
second VCO and filtered to obtain the frequency

NoFose
M

Finally, the output of the third VCO must be such that it satisfies a zero-error con-
dition at the output of the detector, or
NoFose  NiFosc Fose ( Nl)
2+

Fyco, — —2¢_L20%¢ _ = Fyep, = —2¢ L
VCO; M N3 M VCO; M N3

Fpp = Fyco, — (3.102)

(3.103)

And hence, the output of the various dividers, Ny, N, and N3, can be set in order
to obtain a wide range of frequency coverage and fast settling time.

In frequency synthesis, multiplying the frequency reference is also common. For
example, in the analog domain, if the reference frequency is Vi (f) =
cos(2mFp5ct 4+ ¢(t)), then multiplying the frequency N times implies that the output
of the multiplier becomes V(1) = cos™(¢(t)) = cos (2mFpsct + ¢(t)). Based on
De Moivre’s theorem of complex numbers, which states that

{eos((1)) +sin(@(1)}" = &0 = cos(N(r)) +jsin(Ng(1))  (3.104)
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locked loop (PLL) for three different natural frequencies. (For color version of this figure,
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the trigonometric expansion of cos" (¢(f)) can be expressed as'
cos™ (¢(1)) = cos(Ne(1)) + (];>COSN2(¢(t))sin2(¢(t))

_ <ZZ )cosN_4(¢(t))sin4(¢(t)) +o (3.105)

According to Eqn (3.105), there are two cases, namely the case where N is even
and the case where N is odd. For even N, the relationship in Eqn (3.105) implies that
only even harmonics of the fundamental ranging from DC to the N* harmonic are
produced. Conversely, for odd N, only odd harmonics of the fundamental will be
produced ranging from the fundamental up to the N harmonic. Therefore, in order
to obtain a multiply-by-N version of the reference, a filter must follow the mixing
operation in order to filter the harmonics and obtain the resulting up-converted

Note that the combination CEkN)) of k elements taken from N elements is CEQS) = (?j) = (N+k‘)lk'
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Frequency synthesizer with programmable digital divider. VCO, voltage-controlled oscillator;
PLL, phase-locked loop.

reference that is VY (1) fitrerea = cos(2TtNF o5t + No(t)). The spectral density of
the phase fluctuations is then given as

. (szs (Foﬁ”set)

S (Fofser) = L (radians)? (3.106)
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Again, the power spectrum defined as the ratio of the power in 1-Hz bandwidth
measured at Fyg,, from Fy, divided by the total signal power, or single-sided phase
noise, is given as

2
Fop
Losc (Fojfset) = M (3.107)

After up-converting the reference frequency N times, the single-sided phase
noise becomes

— N2(p%m.&‘ (goﬁ&et) (3 108)

The theoretical ratio between the up-converted reference phase noise density to
that of the original reference is simply

Losc, XN (Fojfvet)

L Fopps
10 logyo Losext (Fogrer) | _ 20 log;(N) (3.109)
Lose (F oﬂset)

The relationship in Eqn (3.109) is applicable at the output of the multiplier and
simply means that the phase noise of the reference has increased in proportion to the
multiplication factor. However, in the context of a PLL, the loop will act on the
multiplier as a filter. If the output of the multiplier is at the input of the loop, as is
the case with the reference oscillator, then only the close-in phase noise is increased
in proportion to N.

3.2.2 Noise in oscillators

In this section, we study the oscillator in the context of a feedback model as opposed
to a negative resistance model depicted in Figure 3.37. In some contexts, it is conve-
nient to apply the feedback circuit model as, for example, is the case with ring
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Negative resistance oscillator model.

oscillators. On the other hand, the negative resistor model provides more insight into
the working of resonator-based oscillators. In this book, we use the feedback model
to perform high-level system analysis. Then, we study two phase noise models. The
first model is Leeson’s model, which is by far the most popular model due to its
simplicity. Leeson’s model is based on frequency-domain analysis of noise in an
oscillator loop. The second method is based on a time-varying model, which gives
practical insight into the mechanics of phase noise in oscillators.

However, before we continue our study of oscillators, and for the sake of comple-
tion, we will very briefly discuss the working of the negative oscillator model. Given
a resonator tank modeled as an RLC circuit as depicted in Figure 3.38, if we excite
the circuit with a current impulse, the output of the circuit will oscillate as it decays
until the energy is completely depleted in the resistor R,. In order to ensure oscilla-
tion, suppose we place a negative resistor —R,, in parallel with R, as shown in
Figure 3.39. Note that in this case, the output of the circuit due to current impulse
will oscillate without decay. This is true since RPH — R, = o and hence the tank
will indefinitely oscillate at the frequency of oscillation F,s. Hence, if an active
one-port circuit is placed in parallel with an RLC tank, the combination will oscil-
late. This model is known as the negative resistance model. One example of such a
topology is the negative resistance provided by the cross-coupled transistors in an
LC circuit as depicted in Figure 3.40.

3.2.2.1 Oscillator as a feedback system

We begin our discussion of the reference oscillator by discussing the sinusoidal
model. To begin with, we note with caution’ that all amplifier-based oscillators
are intrinsically nonlinear, thus causing distortion to the output signal. However,
one can still use linear-analysis techniques in order to provide first order design pa-
rameters and give the reader a basic system understanding of the oscillator itself. At

JAs we shall see later, according to [17] and [18], nonlinear behavior alone cannot account for the
phase noise behavior of the oscillator.
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Negative resistance compensation for oscillation decay in a RLC circuit. (For color version
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FIGURE 3.40

Cross-coupled transistors in LC circuit.
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Simplified Clapp oscillator.
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FIGURE 3.42
Simplified Colpitts oscillator where the resonator operates as an inductor.

this juncture it is important to note that there are several established oscillator circuit
architectures such as the Clapp and Colpitts oscillators depicted in Figure 3.41 and
Figure 3.42, respectively. The intent is not to study these various circuits but to
establish a common theory of phase noise behavior.

A linearized model of the oscillator is shown in Figure 3.43. The gain in the
forward path G(s), as well as the filter in the feedback path H(s), are frequency
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FIGURE 3.43
Linearized model of the oscillator shown as a feedback loop.

dependent. The output voltage V,(s) can be expressed in terms of the input voltage
Vi(s) as

Gy (3.110)

Vols) = T3 GwaE "

To ensure that the circuit will oscillate, the output of the oscillator must be none-
zero even when the input voltage is zero. This is only true if the denominator of Eqn
(3.110) is zero, or in the frequency domain, for a given resonant frequency Q, the
following relationship must hold:

1+ G(jQo)H(jQ0) = 0 = G(jQ)H(jQ) = —1 (3.111)

According to the Nyquist criterion, the relationship in (3.111)," implies that
oscillation will occur at the frequency €q. It further implies that the
magnitude of the open loop transfer function is equal to unity, or that the open
loop gain satisfies

|G(jQ0)H (jQ)| = 1 (3.112)
and the phase shift of the open loop response is m, or the open loop phase
arg{G(jQ)H(jQ)} = = (3.113)

The conditions stated in Eqn (3.112) and Eqn (3.113) imply that if the open loop
gain response of a feedback system is unity at a certain frequency Qg and its corre-
sponding phase shift is 180 at the same frequency, then the loop will oscillate at .
If the open loop gain is less than unity at 180, then the system is said to be stable. In
contrast, if the open loop gain is greater than unity at 180, then the system is said to
be unstable.’

XThe Barkhausen criterion states the condition for stability in a manner equivalent to the Nyquist cri-
terion, that is, given the closed loop transfer function % = ﬁ, the system will oscillate if the prod-
uct of the forward voltage gain o with feedback voltage gain § is such that ¢f = 1.

"This is true of systems representing oscillators as stated in the simple linearized system model and is

not necessarily true of more complex systems.
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Additive thermal noise model of oscillator amplifier. K'is Boltzmann’s constant, T is the
temperature in Kelvin, and B is the bandwidth.

Next, assume that the amplifier in Figure 3.43 has a noise factor F, then the
output noise power of the amplifier N,,, can be expressed in terms of its input noise
power Nj, as

Now = GFnoise,amplifierNin = GFnoise,amplifierKTB (3.114)

where Fpise amplifier 1S the noise factor of the amplifier. Let P;, be the input power™ of
the signal driving the gain amplifier of Figure 3.43, and given the amplifier model of
Figure 3.44, let Vypise.rms be the rms noise density in Volts/ VvHz and Vin,rms as the
rms voltage signal at the input of the limiting amplifier then the total rms single side-
band (SSB) phase deviation at a given frequency offset Fy, from the carrier is

Abps = Vnoise,rms _ Fnoise,amplifierKT (3.115)
Vin,rms P,’n
And consequently, the power spectral density of the phase noise can be expressed
as
Froise amplifier KT
So(Fogier) = Ay, = — PR (3.116)
m

where the frequency offset F g, is significantly far away from the carrier frequency.
That is, for a given input power to the amplifier, the spectral density of the phase
noise in 1 Hz is the noise floor of the amplifier or

Soap(Foffser > Fe) = =174+ NF  —Py, (3.117)
~—
10 log,,(F)
According to Eqn (3.117), the noise floor decreases as the amplitude of oscilla-
tion and hence the input power increases.

3.2.2.2 The Leeson’s model
In this section, we continue the analysis started in the previous section and further
examine the nature of phase noise as we get closer and closer to the carrier

MP,, is often referred to as the oscillator power at the limiting port.
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frequency. This discussion should lead to the development of Leeson’s model and
Leeson’s phase noise density equation.

Our first consideration in understanding oscillator phase noise starts with the
examination of the gain amplifier. As with all active devices, we note that a
flicker noise component starts to exhibit itself clearly near the flicker corner Fp e
closer to the carrier, as shown in Figure 3.45, and hence degrades the noise figure.
This degradation can be accounted for by replacing the noise factor in Eqn
(3.116) by

Feorme
Fnoise,amplifier = Fnoise,amplifier (1 + ﬂ) (3.118)
F offset
resulting in the phase noise density

Fnoise,amplifierKTB ( Fcomer)
I+
P in F offset

So(Fofser) = (3.119)

B=1Hz

The noise below the flicker corner is referred to as 1/f noise. The flicker corner
depends on the device technology used. In bipolar transistors, the flicker corner is
near 1 KHz and thus its effect is almost negligible, whereas in CMOS transistors
the flicker corner can be up to several 100 KHz. Flicker noise is present in all active
devices and many passive devices as well. It is important to note that flicker noise
increases with a slope of 1/F as we get closer to the carrier. The equivalent phase
noise model of Figure 3.43 can now be modified to include flicker noise as shown
in Figure 3.46.

Next, we consider the effect of the resonator in the context of a feedback loop.
The resonator circuit is a bandpass filter whose primary function is to set the oscil-
lation frequency of the feedback system. In the ensuing analysis, we will show that
the resonator will transform the output of the gain amplifier with its flat and 1/fnoise
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FIGURE 3.46
Oscillator feedback phase noise model.

components into 1/fZ and 1/f> components. And consequently, the output of the loop
will contain noise with various slope characteristics.

The transfer function of the bandpass resonator H(F) can be expressed in terms
of its lowpass equivalent H;(F) as

H(F) = HL(F — Fosc) + HL(F + Foy) (3.120)
where F, is the frequency of oscillation, and Hy(F) has the form
1
HL(F) = (3.121)
1+ 2QLom/¢;17((: —Fosc)

In Eqn (3.121), Qroadea refers to the loaded Q of the feedback network.
Later on in this section we will study in more detail the nature of the oscillator.
However, for now, in order to uphold the Barkhausen criterion for oscillation,” as-
sume that

H(F = Fpee) = 1, and G = 1 (3.122)

Furthermore, assume the input signal to the loop v;,(?), as depicted in Figure 3.43,
to be statistically additive and zero-mean white Gaussian distributed, that is, thermal
noise in the practical sense. The noise power is

N KTF,,;
= 20 = TN i /Hz (3.123)

2 2
where F is the noise factor of the amplifier. Let vj(f) be the output of the bandpass
resonant tank circuit, then the output of the oscillator can be expressed as the sum

Vour (1) = vin(t) + v (1) (3.124)

Py

"Note that the Barkhausen’s criteria is necessary but not sufficient for oscillation. For example, if the
phase shift around the loop is 27 at DC with sufficient gain, the oscillator will tend to latch rather than
oscillate.
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At this point let us examine the autocorrelation of the output signal

Fopavon (T) = E{(Vin(t) +vi(t)) in(t + 7) + vi(t + 7))}

E{in(t)vin(t + 0)} + E{va(O)va(t + 1)} + E{vin(t)va(r + 1)}
+ E{vp(t)vin(t + 1)}
= P (T) 10,0, (T) A+ 7,0, (T) + 1,0, ()

(3.125)

Since v;,(7) is additive white Gaussian, then ry, ,, (1) can be expressed as
No
P (7) = 570(7) (3.126)
and hence

N
Ry, v, (F) = 7’ for all F (3.127)

Next, consider the autocorrelation of vy(f). The output of the resonator can be
expressed as the convolution between the output signal v,,,(f) and the resonator im-
pulse response A(f) or

vi(t) = h(t) * vou (1) = / h(a)vou (t — a)da (3.128)

The mean of vj(¢) is given as

E{vy(1)} = / (@) E{vou(t — o) }dee = p,, / h(e)da = w, H(0)(3.129)

where w, = E{vou(t — «)} is the mean of the output signal v,,,(r) and H(0) is the
frequency response of the resonator at DC. The autocorrelation function of vy(¢) is
given according to the relationship

thﬁvh(T) = E{Vh(t)vh(t+ T)}
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The Fourier transform of Eqn (3.130) can be expressed as

valvvh (F) = rWth(T)e_ﬂﬂFTdT

[ / / B(Q)R(B) 7y vo (T 4 & — B)da dB | e 2™ 7d1
(F)I'R

g 8y

2

Vouvou (F) (3.131)

The relationship in Eqn (3.131) is the power spectral density of the output signal
multiplied by the magnitude squared of the frequency response of the resonator
filter.”

Next, let us examine the cross-correlation functions r,, v, (7) and 7y, ,, (7).
According to [16], the cross-correlation functions are related in the time domain as

o (T) = Ty (=7) (3.132)
Given that v;,(f) and v;,(¢) are real valued, then
Ry, »,(F) = R}, (F) (3.133)

Furthermore, given the nature of the resonator tank transfer function as
expressed in Eqn (3.121), it turns out that both R, ,, (F) and R,, ,, (F) are imaginary

[17] and
Re{Rvith(F)} = 0,F#Fy (3.134)
RV;n,Vh(F) +RVth (F) = OvFiFosc
And, consequently,
No 1
Royn(F) = 5 =g F (3.135)
A

Then, according to Eqn (3.134), the relationship in Eqn (3.131) implies that
No No 1

R (F) = R (F) £ = R F) = 3y pes - G136)
For F >0 and H(F) = H;(F — F,,.)" then
H\F : F>0 3.137
(F) = T S (3.137)
Fose

°The reader needs to be aware of the notational difference between F denoting frequency and F,,, ;s
denoting the noise factor.
PThis is true if H(F) is extremely narrowband such that the influence of H,(F + F,.) for F > 0.
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Next, substitute Eqn (3.137) and Eqn (3.123) into Eqn (3.136), then substituting
the resulting relation into Eqn (3.119), we obtain the Leeson’s equation.

Froise.amplifier KTB 1
Sy (Foﬂset) _ n01se,amp. ifier 5 (3.138)
Py, 1+ <2QLmded(F*Fo.«»))
Fose B=1Hz

And, consequently, the phase noise density in dBc/Hz, where |F — Fo5c| >
Feomer and 0 < F+# F 4., can then be expressed based on Eqn (3.138) as [16]

1 Fnoise.amplifierKTB 1
L(F—F, = 1010 - :
( offset) 81097 P, 4 (2Q:mm (F— Fm))z

osc

(3.139)

On the other hand, when |F — Fye| < Feomer and 0 < F#F,g, then the
Leeson’s equation must be modified according to (3.118) as

L(F = Fofper)

1 Froi ifier KTB F 1
— 10 10g10 1 noise,amplifier (1 + corner) 5
2 Py, F offset 1+ (ZQLaaded(F *Fm())

Fose

(3.140)

According to Eqn (3.140), the phase noise density versus frequency is depicted in
Figure 3.47. The challenges in building an oscillator that covers a certain RF fre-
quency range is to ensure low close-in phase noise for improved receiver selectivity,
low noise floor that is deemed necessary for blocking immunity, and, of course,
transmitter spectral purity.

Furthermore, according to Eqn (3.140), it is also important to observe that the
phase noise density improves as Qj,uqeq increases or as the signal power Pj, in-
creases. Increasing Q4404 decreases the ratio quadratically since the tank’s imped-
ance falls off as shown in the denominator of Eqn (3.140). On the other hand,
increasing the signal power while the noise power remains the same increases the
signal-to-noise ratio and hence decreases the amount of phase noise at the output
of the oscillator.

3.2.2.3 Linear time-varying phase noise model

The limiting property of the amplifier in Figure 3.46 implies that nonlinearity is a
fundamental property of oscillators. In many phase noise models, this nonlinear
property is invoked to explain phase noise behavior. Hajimiri and Lee [17,18]
challenge this assumption and proceed to show that oscillators are intrinsically
time-varying systems. In the ensuing analysis, we follow the development of the
time-varying model presented in [17,18].
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Power spectral density of phase noise based on Leeson’s model.
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FIGURE 3.48
Oscillator with LC-tank circuit excited by a current pulse.

In order to prove the time-variance property of oscillators, consider a system
oscillating at constant amplitude until a certain disturbance (current impulse) occurs
and hence examine the system’s response to this disturbance. To do so, let’s examine
how this current impulse affects the sinusoidal output of a resonator with a lossless
LC tank, as shown in Figure 3.48.

Attime 7 < 1, the output of the oscillator in Figure 3.48 is a sinusoidal signal with
constant amplitude. At time ¢ = 7, an impulse current occurs thus affecting the output
in three possible manners:

» First, assume that the impulse occurs at the maximum voltage of the sinusoid as
shown in Figure 3.49(a). In this case, we observe an abrupt increase in voltage
amplitude. However, the zero crossing point of the waveform remains unaf-
fected, thus indicating that the impulse simply served to alter the magnitude of
the oscillator output but not its zero crossing point, and the system remains time
invariant.

* Second, assume that the impulse occurs exactly at the zero crossing point of the
oscillator’s output waveform. In this case, the zero crossing point gets affected
but not the amplitude of the waveform, thus causing the system to be time
variant as shown in Figure 3.49(b).
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(b)

FIGURE 3.49

Impact of impulse oscillator response of a lossless LC tank: (a) impulse occurs at the
output’s maximum voltage and, (b) impulse occurs at the zero crossing point. (For color
version of this figure, the reader is referred to the online version of this book.)

* Third, in the event where the impulse occurs anywhere between the maximum
amplitude and the zero crossing point, the waveforms undergo both amplitude
and time variance.

Based on our discussion thus far, we conclude that in the presence of random im-
pulse noise, with some exceptions, the oscillator tends to react in a time-variant
manner. In this case, the current impulse at the input produces a phase impulse
response given as

he(t, 1) = ! I (woseT)u(t — 1) (3.141)

dmax

where u(.) is the unit step function, gmax is the maximum charge displacement across
the capacitor C, and I'(.) is defined in [17] and [18] as the impulse sensitivity func-
tion, which is dimensionless, periodic in 27, and frequency and amplitude indepen-
dent. The impulse sensitive function can be determined via simulation or
analytically as is the case with the lossless tank oscillator under discussion. Under
the circumstance, it can be shown that I'(w,.7) is none other than the derivative
of the sinusoidal oscillating function. In this case, we note that
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. Vou(t) = 0 or the zero-crossing
maximum ; . o
M weseT) = point of the noise free oscillation (3.142)
0 Vour(f) = maximum

In any case, periodicity implies that the impulse sensitive function can be
expressed as the Fourier series

1 el
[ (woseT) = 5 co+ Z cn cos(nwoseT + 0,),  c,eR (3.143)
n=1
where 0, is the phase of the n"" harmonic of I'(w,s7). Finally, the excess noise may
be computed according to the relationship:
t
/ I'(weseT)i(t)d7T

— 0

t
! —co/ 7)dt + ch / i(1)cos(nweset) (3.144)
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where we assumed that the noise components are all uncorrelated, making the rela-
tive phase immaterial, and hence 6, can be ignored. As is apparent from Eqn (3.144),
the computation of the impulse sensitivity function is not easy and very much de-
pends on the topology of the oscillator. In this case, the phase noise equation can
be expressed as [19]

Co ) / Bhoise Feorner

10 loglo{ region
max SFoffvet "J%'Ef f2
L(F—Foﬁrm) = (3.145)

/BIIOISC 1
10 1o 10 1o ~ rms fn/Dnoise region
glo{ g10< P 4F{%ffret 2 g

where B, 1S the noise bandwidth, F,,.,., is the 1/f flicker corner frequency,
n/B,w,Sg is the noise power spectral density and l"r,m is defined in terms of
I'(wysT) as

Lo = / T (@oscT | dr = ZC (3.146)

The relationship Eqn (3.145) does not constitute an exact design rule, but none-
theless provided with accurate design data it could lead to fairly accurate results.
Furthermore, the result in Eqn (3.145) implies that the noise near DC gets
up-converted and weighted by the coefficient ¢y and the 1/f device noise gets
up-converted to l/f3 noise near the carrier. Noise near the carrier, on the other
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hand, remains near the carrier and all noise near integer multiples of the carrier
undergo down-conversion to noise near the carrier in the 1/f region.

3.2.2.4 Types of oscillators

A VCO uses a voltage signal in order to control the output frequency of the oscil-
lator. VCOs come in two different flavors [20], namely resonator-based or
waveform-based, as illustrated in Figure 3.50. Resonator-based oscillators output
a sinusoid whereas waveform-based oscillators output a square or triangular wave-
form. Each type of oscillator relies on a certain frequency tuning technique peculiar
to it. For example, LC oscillators employ varactors to tune their frequencies, whereas
ring oscillators utilize current steering techniques for that purpose. Oscillator types
vary widely in terms of performance and form factor. For example, a ring oscillator
can be integrated on chip whereas an LC oscillator provides better phase noise per-
formance. There are various types of LC-based oscillators, namely, SAW oscillators,

Resonator-based
oscillator

Switched capacitor LC-oscillator RC-oscillator Crystal oscillator

Waveform-based
oscillator

Relaxation

Ring oscillator oscillator

FIGURE 3.50

Classification of various voltage-controlled oscillator (VCO) types.
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FIGURE 3.51

Multiphase ring oscillator.

stripline oscillators, dielectric-based oscillators, crystal oscillators, and LC-tank
oscillators. By their very nature, LC-based oscillators tend to preserve energy
thus resulting in high quality Q-factor. RC-based oscillators do not contain any in-
ductors, only capacitors and resistors. This results in a Q-factor close to unity and
poor phase noise performance. A ring oscillator, depicted in Figure 3.51 is an
example of an RC-based oscillator. Although easy to integrate, they exhibit very
poor phase noise characteristics making them a poor choice for RF-design. Relaxa-
tion oscillators are also RC-based oscillators. Consequently, depending on the
required performance and form factor, the design may dictate one type of oscillator
versus another. In the ensuing discussion, we will very briefly discuss the character-
istics of two popular LC-based oscillators used in radio design and discuss their pros
and cons.

Inductor-based oscillators come in two flavors, namely, active or passive. Oscil-
lators based on passive inductors tend to consume a large chip area. The on-chip pas-
sive inductor is implemented by a series of transmission lines using a spiral layout,
as shown by way of example in Figure 3.52.% These types of oscillators exhibit a
poor Q-factor as well. Increasing the Q-factor of such oscillators degrades their reli-
ability. Passive inductors, however, can be implemented using active components,
thus achieving better reliability and cost effectiveness in the design.

A gyrator implemented in MOS technology can emulate an active inductor, as
shown in Figure 3.53. Oscillators based on active inductors possess a wide tuning
range with simple tuning circuitry. Furthermore, a high Q-factor can be achieved us-
ing active inductors reaching several hundreds. Inductance for this type of oscillator
is controlled via bias current. The tuning circuitry itself is easily implemented, thus
making the active inductor very suitable for VCO design. Another advantage of
active inductor-based oscillators is their compact design in terms of chip area,
mainly due to the fact that they can be realized using transistors and capacitors,
in turn increasing their power dissipation. Oscillators implemented with passive

9The inductance for a square inductor as shown in Figure 3.52 is a function of the number of spiral
turns N and the radius of the spirals in meters R and given as L =4m X 107'N°R.
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FIGURE 3.52
Square spiral inductor.

A

FIGURE 3.53
A gyrator circuit implemented in MOS.

inductors on the other hand are likely to be very large. The phase noise performance
of active inductor-based oscillators tends to be poor.

Crystal oscillators are popular oscillators used to generate clock signals for dig-
ital circuits and synthesizers [21]. The unloaded Q-factor of crystal resonators is
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FIGURE 3.54

Piezoelectric oscillator: (a) symbol (b) equivalent circuit of fundamental mode, and
(c) equivalent crystal resonator at Q = Q.

extremely high thus making them perfect candidates for reference oscillators. Piezo-
electric crystals provide both serial and parallel resonance.” The circuit equivalent of
a piezoelectric crystal operating in parallel or fundamental mode is depicted in
Figure 3.54. The capacitor C; denotes the parasitic capacitance due to crystal casing
and holder. Parasitic capacitance plays a major role in determining the resonant
behavior of the crystal simply because the series capacitor C; is extremely small,
that is, C, < Cy.°
The serial and parallel resonant frequencies can be expressed as

1

Qjeries = \/172
. (3.147)

VLCCi/(Cy + Cy)

Qparallel =

"Parallel resonant circuits have their highest impedance at the resonant frequency while series resonant
circuits have their lowest impedance at the resonant frequency.
*Usually on the order of a hundred.
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The Q-factor can then defined as the ratio

Q(]SCL

R
where Q. is the frequency of oscillation. The Q-factor referred to in Eqn (3.148) is
the unloaded Q since it is relevant to the losses due to the resonant network only. The

relationships given in Eqn (3.147) imply that the operating frequency is bounded by
the parallel and series resonant frequencies, that is,

Qseries < Qosc < Qpamllel (3149)

0= (3.148)

It turns out that at the resonant frequency Q,,, the crystal itself can be viewed as
a resistance R(Q) in series with an inductive reactance X(Q) as shown in
Figure 3.54(c). Both R(Q) and X(Q2) are frequency dependent and can be obtained
analytically as

Qpamllel — Qgeries 1

R(Q) = (3.150)
2QC1 (Q - Qpamllel)2
and
. 1 Q- Qseries
X(Q) = 3.151
( ) ]QCI (Qpamllel - Q) ( )

The values for the capacitance and inductance can be easily measured in the lab-
oratory using a network analyzer.

The high Q-factor enables the oscillator design to be extremely stable despite
possible variations of values of external components. External varactor diodes,
for example, can be used to tune the resonant frequency of crystal oscillators, how-
ever, the tunable range is extremely limited. Piezoelectric crystals are plagued with
high power dissipation and typically operate at low frequencies (e.g., 19.2, 20,
33.3 MHz, etc.).

3.2.2.5 Reciprocal mixing

The phase noise at the output of the LO is mainly due to the reference oscillator and
the VCO shaped by the PLL as a filter. After mixing, the phase noise impacts any
incoming signal both desired and interference in turn degrading the desired signal’s
SNR. In the event where only the desired signal is present, the phase noise in the LO
directly affects the desired signal’s purity and increases the noise floor. Additionally,
if a strong interfering signal is present outside the desired signal’s occupied band-
width, the effect of phase noise on the interferer after mixing also increases the noise
floor. This degradation is known as reciprocal mixing. To further illustrate this phe-
nomenon, consider a desired GMSK signal received at an RF frequency F, and a
strong interfering tone situated at a frequency F.+ AF, as illustrated in
Figure 3.55(a) [13]. After mixing with the LO signal, both the desired signal and
the interferer suffer from phase noise translated from the LO signal itself as shown
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FIGURE 3.55

A desired GMSK signal in the presence of a strong narrowband interferer: (a) before
mixing with the low noise amplifier (LO) signal and (b) after the mixing with the LO signal.
(For color version of this figure, the reader is referred to the online version of this book.)
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in Figure 3.55(b). It is important to note that the phase noise due to the narrowband
tone spills over to the desired signal thus degrading its SNR and causing what is
known as reciprocal mixing. The amount of noise power P, caused by the inter-
fering tone alone can be estimated as

Fy
Ppn = Pinterferer + 10 logyq / L(F)dF (3.152)
Fr
where Pipterferer 1S the interferer signal power in dBm and L(f) is the SSB phase noise
power spectral density in dBc/Hz. The upper and lower integration limits and Fy and
F are the integration limits equal to the channel filter’s noise equivalent bandwidth.
Given that the interferer is situated far enough from the desired signal such that the

phase noise can be considered flat in the desired signal band, then the relationship in
Eqn (3.152) can be further simplified as

Ppn = Pinterferer + LdBc/Hz(F) + 10 logl()(B) (3-153)
where B = Fy— FJ.

EXAMPLE 3.4 RECEIVER DESENSITIZATION

Given a narrowband jammer situated sufficiently farther away from the desired signal such that
the phase noise density is flat within the desired band. Let Pjzmme= 10 dBm be the jamming
signal power before the band definition filter. The band definition filter is the filter placed
before the LNA. Let the desired signal bandwidth be 10 MHz with a system noise figure of
4 dB. The phase noise density in the desired band due to the reciprocal mixing of the LO with
the jammer with no filtering is L(F.+ 4F.) = —155 dBc/Hz. It is desired that the impact of
the desensitization due to reciprocal mixing on the system sensitivity be less than 1 dB.
Compute the necessary rejection due to the band definition filter in the receiver’s front end.

The first step is to compute the signal noise floor at room temperature given the system
noise figure

Proisefior = —174 dBm/Hz + 10 log;o(B) + NF
= —174dBm/Hz + 10 Iog10<10 x 1o6Hz) +4 = -100dBm  (3.154)

The total noise floor can be obtained by adding the noise degradation due to reciprocal
mixing to the noise floor due to thermal noise found in Eqn (3.154), that is

Protat = Proisefioor +1dB = =100+ 1 = —99 dBm (3.155)
The noise due to reciprocal mixing can then be computed as
Pon = 10l0gyo(107/10 — 10Pms=/10) = 10 logyq (1072910 — 10-100/10)
—105.87 dBm (3.156)
According to Eqn (3.153), the jammer power after filtering can be obtained as

Pinterterer = Ppn — Lagemz(Fe + AFc) — 10 logjo(B) = —105.87 + 155 — 70 = —21 dBm
(3.157)

Continued
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EXAMPLE 3.4 RECEIVER DESENSITIZATION—cont'd

The required rejection by the band definition filter is simply the difference between the
interference power obtained Eqn (3.157) and the jammer power before the filter or

PRejection = Pjammer — Pinterferer = —10dBm+21dBm = 11dB (3.158)

Theresultin Eqn (3.158) implies that the band definition filter must have an average power
rejection of 11 dB across the 10 MHz signal band.

3.3 Coexistence

In this section, we are concerned with noise' or interference generated by one or
more transmitters that somehow end up in the desired frequency band of the receiver.
Today’s personal communication devices, be it a smartphone or a laptop, are hosts to
a multitude of radios and radio protocols that operate simultaneously. The radios
themselves are designed either into a single chipset that supports multiple standards
and protocols, or multiple chipsets each dedicated to a single standard (e.g., GPS,
WCDMA and LTE, Bluetooth, etc.). A commonplace scenario, for example, in-
volves three standards operating simultaneously as depicted in Figure 3.56: the
use of a cellular standard such as WCDMA to communicate via a cell tower with
another WCDMA user, a Bluetooth headset for hands-free communication, and
GPS for navigation.

The source of interference or noise in the receive band, due to coexistence, is
mainly due to:

* PA broadband noise that could extend into the receive band. This type of noise is
especially pronounced in full duplex systems, for example.

e Modulated harmonics and intermodulation products due to various transmitters
generated at the output of the LNA in the desired band.

e Intermodulation products due to a transmit signal and an incoming interfering
signal.

In this section, we will mainly focus on modulated harmonics and intermodula-
tion products. In order to do so, let us first discuss certain characteristics of polyno-
mial nonlinearity. Given a set of variables, say {y;(x),y2(x), ..., yx(x)}, then

010, y2(x), -0 k(%)) = > (x)y" () -2 (%)

ni,ny,...,m >0

ni+n+...4+ng=n

|
n! n
11,1 I: 1]
nilnp!.. .ng!

(3.159)

‘Noise, in coexistence, can refer to degradations due to various sources such as phase noise, PA thermal
noise, noise due to intermodulation products and harmonics, etc.
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FIGURE 3.56

A conceptual view of a handheld device that can simultaneously support multiple
standards at various frequency bands. RF, radio frequency.

Furthermore, if we let y(x) = cos(x) or y(x) = sin(x), then for n odd, we have

2 (n
cos "(x) = n171 Z( >cos((n—2k)x) or
2 =o\k
(3.160)
n—1 n—1
- RN ( 2 _k> "\
sin " (x) = > (-1 sin((n — 2k)x)
k=0 k
And for n even, we have
(" 122t
cos "(x) = | n +2n71 cos((n — 2k)x) or
2 k=0 \k
(3.161)
(" o (ﬁ—k> n
sin"(x) = i\ n | T (-1 2 cos((n — 2k)x)
3 k=0 k

The relationship in Eqn (3.160) implies that a tone raised to the power n where n
is odd produces odd order harmonics ranging from the fundamental to the n™
harmonic. On the other hand, the relationship in Eqn (3.161) implies that a tone
raised to the power n where n is even produces harmonics ranging from DC to
the n”* harmonic. Tones, however, have a frequency bandwidth of 1 Hz. If a certain
modulated signal has a bandwidth greater than 1 Hz, then raising the signal to the
power n due to a certain nonlinearity increases its bandwidth by n-fold. This fre-
quency expansion results due to the multiplication in the time domain or convolution
in the frequency domain, that is

173
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W)l o %TY(Q) £G(Q) (3.162)

Therefore, if the signal y(#) has been raised to the n” power due to certain nonlin-

earity, the resulting signal, the convolution of the Fourier transform of y(¢) with itself
n times, results in a signal that has a bandwidth n-times larger than the bandwidth of
the signal y(#). This frequency expansion, however, comes with the added advantage
of lowered power of the expanded signal. Therefore, it is incumbent upon the
designer to employ proper filtering and compute the amount of overlap between
the offending signal or its modulated harmonics with the desired signal in order
to minimize the degradation effects.

EXAMPLE 3.5 COEXISTENCE OF COMMERCIAL GPS WITH WCDMA
AND BLUETOOTH

Given a handset that hosts three radios, namely WCDMA, Bluetooth, and GPS. WCDMA
operates at 825 MHz with maximum average transmit power of +24 dBm and signal
bandwidth of 3.84 MHz. WCDMA operates in full duplex. The WCDMA to GPS antenna-to-
antenna isolation is 15 dB. Bluetooth, on the other hand, operates in the ISM band of

2.4 GHz with an average maximum power of 10 dBm and instantaneous signal bandwidth of
1 MHz. The transmitter has a duty cycle of 1/6. The Bluetooth to GPS antenna-to-antenna
isolation is 12 dB. The GPS LNA is preceded with a band definition filter (BDF). The BDF has
an average rejection of 67 dB at 824 MHz. The GPS receiver has an instantaneous channel
bandwidth of 8 MHz. The GPS RF center frequency is at 1575.42 MHz. The GPS receiver
noise figure referred to the LNA is 2 dB. The GPS has a system [IP2 of —37 dBm. Further-
more, assume that the Bluetooth transmitter is in non-hopping mode. What is the required
average BDF rejection in the ISM band in order not to degrade the GPS receiver sensitivity by
more than 0.5 dB? The GPS antenna has a gain of O dBi. The GPS BDF filter has an insertion
loss of 1 dB. It may be helpful for the reader to review Chapter 4 before delving into the
details of this example.

First, let us address the mechanism that generates the degradation to the GPS noise floor.
Both WCDMA and Bluetooth signals undergo path loss, due to antenna-to-antenna isolation,
before both signals impinge on the GPS antenna. Both signals get further attenuation due to
the GPS band definition filter as shown in Figure 3.57. At this point, at least theoretically, the
nonlinearity of the filter has negligible effect on the incoming interfering signals. However,
that is not the case in the LNA.

At the output of the LNA, the second order nonlinearity results in two intermodulation
products, one at the sum of 2.4 GHz and 825 MHz and one at the difference of 2.4 GHz
and 825 MHz, which incidentally happens to be at center of the GPS band of 1575 MHz.
Since this is a second order effect—the interfering signal bandwidth is the sum of the
Bluetooth signal bandwidth of 1 MHz and that of the WCDMA signal of 3.84 MHz, resulting
in an interferer whose bandwidth is 4.484 MHz totally contained within the GPS
instantaneous channel bandwidth. This implies that there is no partial overlap of bandwidths
between the interferer and that of the GPS receiver.

The signal due to the WCDMA transmitter is attenuated by 15 dB due to path loss and then
further attenuated by 67 dB due to the GPS BDF. The resulting signal impacting the GPS
LNA is Pycpya = 24 dBm — 15dB — 67 dB = —58 dBm.




3.3 Coexistence

EXAMPLE 3.5 COEXISTENCE OF COMMERCIAL GPS WITH WCDMA
AND BLUETOOTH—cont'd

" \[Filter
WCDMA GPS BT >
824 MHz band 5.4 GHz
GPS
antenna
GPS
% WCDMA Bluetooth
GPS GPS LNA
Band definition filter
FIGURE 3.57

Coexistence of the GPS radio with Bluetooth and WCDMA. (For color version of this
figure, the reader is referred to the online version of this book.)

Next, let us determine the noise floor of the GPS receiver as referred to the LNA. The noise
power of the GPS receiver can be computed as

Peensitivity — CNRgs = —174 dBc/Hz + NF + 10 log; o(Bandwidth)
~174+2+10 |og10(8 x 106) — ~102.97 dBm

Pnoisef/oor (dBm)

(3.163)

A degradation of 0.5 dB to the noise floor implies that the intermodulation product due to
second order nonlinearity at the output of the LNA can be computed as

10 |0g10< - 10%)
~112.10 dBm (3.164)

The average power due to the Bluetooth transmitter after the BDF at the input of the LNA
can be estimated according to the relationship

(Proisefloor +4) Proisefioor

105 1074

(=102.97+0.5)

Pim ) = 10Iog10<10 10

Pim = Pwcoma + Paiuetooth — 11P2 = Ppjuetootn = Pim — Pweoma + 11P2
Pgiuetooth = —112.10 dBm + 58 dBm — 37 dBm = —91.1 dBm
Keeping in mind that the Bluetooth transmitter has a duty cycle of 1/6," the required BDF
rejection in the ISM band before the LNA becomes
R = PTX,Bluetooth - Ppath loss + 10 |Og10(DUty CyCIe) - PBluetooth

(3.165)

=10-12+10 Iogw(l) +91.1 =81.3dB (3.166)

6

Continued
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EXAMPLE 3.5 COEXISTENCE OF COMMERCIAL GPS WITH WCDMA
AND BLUETOOTH—cont'd

Note that, in reality, there is a design tradeoff between the system 11P2 and BDF rejection
that the designer has to take into account. Furthermore, the Bluetooth signaling waveform is

a frequency-hopping waveform that occasionally overlaps the GPS signal, thus lessening the
impact on the GPS desired signal.

UIn practice, the impact of the duty cycle depends heavily on the signal structure of the victim waveform. In simple
calculations, taking the duty cycle of the transmitter into account may show little impact on the offended signal,
whereas in a real scenario the victim’s received signal may be grossly affected. Therefore, in order to more accurately
assess the impact of the offending transmit signal on the victim’s received signal, a detailed simulation is needed.

3.4 Appendix: thermal noise statistics

The probability density function of thermal noise is none other than the general
Gaussian probability density function (PDF)

1 _aw? 1 i
292

E—— i =—= ™ 3.167
\ /27ra%e V 2#0%6 ( .

u,=0 at equilibrium

PDFgeneral(Vn) =

where ¢, is the standard deviation and u, = E{v,} is the voltage mean equal to zero

at equilibrium. The variance is defined as the square of standard deviation and is sta-
tistically expressed as

o = E{(vn - un)z} = E{2} — 2 (3.168)

It is often desirable to use the normalized Gaussian PDF of thermal noise given as

1 a
PDFgfneral(Zn) = \/ﬂe 2 (3.169)
where the normalized variable z,, is
ty = (3.170)
On

Next define the complementary error function, also known as the cumulative
normalized Gaussian PDF, as" [13]

“Note that the complementary error function is given as erfc(x) = 1 — erf(x) = 20(v2x)=Q(x) =

0.5 erfc(x/v2) and  erf(x) = % /OX e Cda=1— f/ﬁx

—x2

forx>1 resulting in.Q(x) =

—x?
e

gy =1
JE/ e da=1 ﬁxforx>>1.
X
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.
O(zn) = \/T_W/efznﬂdzn (3.171)
n

Mathematically, the relationship presented in Eqn (3.171) is the integral of the
normalized Gaussian PDF and can also approximated numerically as

1 1 2
Q(valid for z, > 0) = e /2 (3.172)
(1-a)zy+ay/z2+B8) V2m
where o = 0.344 and § = 5.344.
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Thus far, it can be established that analysis developed using linear algebraic
tools, such as scattering parameters, is essentially used to perform linear anal-
ysis of radio frequency (RF) networks. Circuits that exhibit nonlinearity with or
without memory cannot be simply analyzed using linear techniques to sufficiently
characterize their performance. In practice, both linear and nonlinear techniques
are used for analysis, simulation, and design. For example, consider the frequency
multiplier circuit shown in Figure 4.1(a). The circuit is comprised of input and
output matching networks, and a nonlinear multiplier. The circuit can be modeled
as a cascade of three blocks: a two-port input matching network, a nonlinear block,
followed by a two-port output matching network as shown in Figure 4.1(b). The
matching networks can be analyzed using the linear techniques developed in
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Vee IVDD
Bias T
circuits
| ||
I 1l
Input matching Output matching
Rypuee =50Q network network Zi0a =50Q
v bL——
IN
(a)
——{ Two-port —— —— Two-port ——
input Nonlinear output
matching network matching
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FIGURE 4.1

Basic frequency multiplier circuit. (For color version of this figure, the reader is referred to
the online version of this book.)

Chapter 2. The nonlinear network, however, depending on its instantiation within
the receiver, has to be treated with the appropriate nonlinear techniques. These
nonlinear techniques are the subject of this chapter. In a similar manner, if several
nonlinear systems or circuits are presented in cascade, for example, the circuit
itself as a whole can be modeled as a cascade of linear and nonlinear elements
as shown in Figure 4.2.

Nonlinear systems can be classified as either weakly nonlinear or strongly
nonlinear.

Nonlinear systems can also be modeled as memoryless nonlinear systems or
nonlinear systems with memory. In this chapter we mainly focus on weakly
nonlinear systems with brief mention of strongly nonlinear systems.

The chapter is divided into three sections. Section 4.1 discusses and classifies the
various nonlinearities encountered in RF design. Section 4.2 delves into the subject
of memoryless nonlinearities using power series methods. And finally, systems with

Network 1 Network 2 Network 3
— Tvyo-port — Two-port —— Two-port H— Tv_/o-port — Two-port t——{ Two-port | Two-port —— Two-port t——1{ Two-port ——
input . output input . output input ” output
3 nonlinear . P nonlinear A " nonlinear B
matching R matching matching i matching matching @ matching
——{ network |— {—— network H{.| network |—. {——| network |1 .| network —. ——| network 1.

FIGURE 4.2

Cascade of two-port linear and nonlinear networks.
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memory are treated in Section 4.3 with focus on techniques that employ the Volterra
series. The chapter also contains several appendices.

4.1 Classification of system nonlinearity

Before we proceed, let us recall the definition of a linear system. A system is said to
be linear if the principle of superposition holds. That is, given an input signal x() and
an output signal y(¢) such that

y(t) = hlx(1)] 4.1)

where ¢ is an independent variable representing time. Given two inputs x1(f) and x,(#)
the system produces two outputs y|(f) = h[x;(#)] and y,(f) = h[xx(¢)]. If the system
transfer function is linear, then an input ax;(f) + bx(¢) produces the output

hlax)(t) + bxp(t)] = ahx(¢)] + bh[x2(2)] = yi(2) + y2(2) (4.2)

where a and b are scalars. A system is said to be nonlinear if and only if it is not linear,
that is, it does not satisfy Eqn (4.2). Furthermore, and for the sake of completion, a
system is said to be time invariant if and only if for a given time constant T we have

y(t—1) = hjx(t—1)], V7 4.3)

Then, a system is said to be time-varying if it is not time invariant, that is it does
not satisfy Eqn (4.3). A system that is both linear and time invariant is referred to as a
linear time-invariant (LTT) system. An important implication of an LTI system is that
the spectrum of the output y(#) does not contain any spectral components that are not
in the spectrum of x(#). More specifically, an LTI system does not generate any new
frequencies'. The same cannot be said about nonlinear systems. Consider, for
example, the nonlinear but time-invariant polynomial

y(t) = Bix(t) + Box’(1) 4.4)
—— N———
Linear term  Nonlinear term

where 81 and (3, are scalar coefficients associated with the nonlinearity of the sys-
tem. Let the input signal x(#) be the sum of two tones situated at two distinct fre-
quencies F and F, that is x(f) = Visin(2wFt) + Vosin(2wFyt), where V; and V)
are scalar coefficients associated with the input waveform. Then, the output signal
according to Eqn (4.4) is given as

y(t) = B1{Vi sin(2wFyt) + Vi sin(2wFa1)} + B,{Vy sin(2wFy1) + V3 sin(2nFa1) }*

Linear term Nonlinear term

4.5)

"Note that linear time-varying systems can generate additional mixing products.
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The nonlinear term in Eqn (4.5) can be further expanded as
(V1 sin(2nF 1) + Vy sin(2wFat)}? = V?Z sin®(2wF 1) 4 V3 sin®(2nF1)
+2ViV, sin(27rF1t)sin(27rF2t) 4.6)

Using the identities provided in Appendix A, we note that for any frequency F,,
we have

sin®(2wF,t) =

cos(4mF,t) 4.7

N —
N =

and
1 1
sin(2wF1)sin(2wFt) = ECOS(ZTF(Fl — )t — Ecos(Zﬂ'(Fl +F)t) (4.8)

Substituting Eqns (4.7) and (4.8) into Eqn (4.6) and subsequently into Eqn (4.5),
we obtain

y(2) = B1{V1 sin(2wF 1) + V, sin(2wFat)}

Linear term
+ lﬁz (V12 + Vlz) flﬁz(vf sin(4wF 1) + V12 sin(47rF2t))
2 2 “4.9)
DC term Harmonics term

4%
12 2 cos(2m(F| + F»)t)

Intermodulation term

ViVvs
+ 62

cos(2m(Fy — Fa)t) — B

Note that the content of the input signal is comprised of two distinct tones at the
frequencies F| and F,. The output signal, on the other hand, is comprised of a linear
term that is manifested in a scaled version of the input signal and three other terms
with frequencies other than F; and F5. The first term is a direct current (DC) term
at the frequency F =0 Hz. The second term, known as the harmonic term, is
comprised of two tones or harmonics situated at 2F| and 2F, Hz. Lastly, the intermod-
ulation term is comprised of two tones located at the frequencies F; — F, and
F1 + F, Hz. Therefore, one can observe that the output of a nonlinear system with sec-
ond order nonlinearity contains new tones at new frequencies that are not present in the
input signal. In addition to being nonlinear, a device operating at high frequency con-
tains frequency and phase dependency in its response. Consider by way of example the
two-port network depicted in Figure 4.3. Recall from Chapter 2 that

S = % (4.10)
1 lvi=0

Given that the incident wave is Vi (1) = A cos(2wFyr), then the resulting
reflected wave is

V5 (1) = A|Sy,1(Fo)|cos(2nFot + arg{S>1(Fo)}) 4.11)
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According to the relationship in Eqn (4.11), there is a definite dependence on fre-
quency in both magnitude and phase. Most analysis or synthesis techniques of RF
systems make certain assumptions about the components under study. Some concen-
trate on the nonlinear aspect of the device and maintain independence of frequency
in the input—output relationship concerning phase and amplitude. Other techniques
concentrate on the input—output relationship and its impact on the system perfor-
mance with little regard to the nonlinearity in the device.

/,\\\’/7 Vl+ V;( N__ -
2 Two-port s
S, network 22 g
Port N Port
o o
1 V- v 2
SI,Z
&N _ o TN _>

FIGURE 4.3
Two-port network.

Nonlinear systems can be further classified as either weakly nonlinear or
strongly nonlinear. Weakly nonlinear systems can be modeled and analyzed using
power series if the system is memoryless or Volterra series if the system has
memory. A system is said to be weakly nonlinear if the nonlinearity itself along
with the RF signal drive are weak such that the DC operating point in a transistor,
for example, is not perturbed [ 1]. Hence, weak nonlinearity applies when the exci-
tation voltage of such devices as transistors and passive components is typically
within the component’s normal operating range. A strong nonlinearity, on the other
hand, can be sufficiently modeled using harmonic balance or time domain tech-
niques. Strong nonlinearity occurs when a component is operating well beyond
its saturation point.

The degree of nonlinearity in RF circuits depends on the component type.
For instance, purely passive components display nonlinear behavior only when
the applied power to the component approaches its maximum allowable limit.
By contrast, active and semiconductor devices exhibit considerable nonlinear
effects at lower input power than the maximum allowable input power. Further-
more, it is important to note that certain components, such as frequency multi-
pliers, mixers’, and detectors, for example, rely on nonlinear behavior to
realize their purpose.

2Although the circuit behavior of a mixer may be nonlinear, the desired effect of mixing the incoming
signal with the LO is a linear operation.
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4.2 Memoryless nonlinear systems

A nonlinear system is said to be memoryless if the output at a given time ¢ depends
only on the instantaneous input values at time ¢ and not on any past values of the
input signal. Hence, the output y(¢) can be simply expressed as a power series of
the form

Y1) =D B (1) = Bo + Brx(r) + Box* (1) + B3’ (1) + - (4.12)
n=0

where {80,01,02, -} are the polynomial coefficients and x(¢) is the input signal. The
nonlinear system representation given in Eqn (4.12) is simply an instantiation of the
Taylor series expansion of a given nonlinear function /(x) such that

N
A=Y vilx = x0)" = vo +711(x = x0) + 12(x = x0)* + 73(x — x0)°
k=0
+ ey (x — xo)N (4.13)
where the coefficient v, can be represented as
1 [dk

= o

W(x)} (4.14)
X=Xo

The input and output of Eqn (4.12) could represent either currents, voltages, or
incident and reflected waves in one or many-port networks. In the ensuing analysis
of this section, we will assume that the system nonlinearity is weak and memoryless,
and we will define the parameters that characterize such a system.

4.2.1 1-dB compression point, desensitization, and blocking

The 1-dB compression point (1-dB CP) is an important design parameter. The 1-dB
CP is defined as the point at which the linear output power and the output power of
the amplifier or nonlinear device differ by 1dB as depicted in Figure 4.4.
Increasing the input power beyond the 1-dB CP serves to further compress the
desired signal and degrade its quality. To quantify that, consider the single-tone
input signal

x(t) = aj cos(Q1) (4.15)

The output of the nonlinear device, say an amplifier with memoryless nonlinear
characteristics, can be expressed according to Eqn (4.12) as

y(1) = Bix(t) + Box? (1) + B3x* (1) (4.16)

In this case, we have limited the nonlinearity to third order for practical reasons.
Substituting Eqn (4.15) into Eqn (4.16), we obtain

y(t) = Bray cos(Qqt) + Bra cos?(Qt) + B3 cos’ (Q1) (4.17)
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A
Pout (dBm) +1 dB #
1-dB
Pout (dBm) f
|
Pin (dBm)

FIGURE 4.4

The 1-dB compression point as a function of input (x axis) versus output power (y axis). DAC,
Digital to analog converter; ADC, Analog to digital converter; Rx PLL, Receive Phase Locked
Loop; Tx PLL, Transmit Phase Locked Loop; LNA, Low Noise Amplifier; LPF, Lowpass Filter;
IRF, Image reject filter; PA, Power Amplifier; PM, Phase modulation; LO, Local oscillator; RC,
Resistor-capacitor; CR, capacitor resistor; HF, no reference; BER, Bit error rate; CNR, carrier
to noise ratio.

Furthermore, using the trigonometric relations expressed in Eqns (4.232) and
(4.233), the output signal in Eqn (4.17) can be further manipulated as

y(t) =Bjaq cos(Qqt) —|—%ﬁ2a%[cos(291t) + 1] wis)
+ %ﬁw? [cos(3Q1) + 3 cos(Q1)]

Rearranging Eqn (4.18) to further explain the implication of the various nonlin-
earities, we obtain

1 3
y(t) = Eﬂza% + B1aq cos(Q11) + 118301? cos(Q?)

—
DC term

Linear term Degradation due to third
Desired signal order nonlinearity 4.19)

1 1
+ Eﬁza% cos(2Q41) +Zﬂ3a§ cos(3Q41)

Second harmonic term Third harmonic term
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In Eqn (4.19), the DC term as well as the second order harmonic are due to the
second order nonlinearity. Both terms can be filtered out and do not impact
the desired signal directly. That is, both terms do not cause in-band distortion to
the linear term of Eqn (4.19). The third harmonic term, due to third order nonline-
arity, is also out of band and as such can be filtered out. The only remaining term that
can cause degradation to the desired signal is due to third order nonlinearity. The
term falls directly in-band of the desired signal, in this case a tone at Q radians,
namely %,83 a? cos(Q1t). Hence the desired signal plus the in-band degradation signal
are according to Eqn (4.19)

3

v 3

y(1) = Bray cos(@ir) +  ZBaa cos(Qur) (4.20)
Linear term Degradation term due to third
Desired signal order nonlinearity

Define the signal plus distortion to desired signal ratio based on Eqn (4.20) as

381y +§530¢?)2 3 163
p = 101log; | 2 4 =20 logm(l -2 1= a%) 4.21)
%(51011)2 4 161
where in Eqn (4.21), we assume a compressive nonlinearity and hence 8; = |6|
and 83 = —|B3|. The 1-dB CP occurs at p = —1 dB, that is
3|8
p = 201logq (1 ! 6—7 a%) = —l=a148 CP,Single tone = &1
4 B B
=4/l 5> (1 =10"1/20)| = ,/0.145|— (4.22)
\/‘3 53( ) \/ B3

Recall that the root mean square (rms) input power with respect to given source
resistance Ry is

P 101 L o (4.23)
= 0 = — .
ICP,dB 210 2 R,
The input power at which the 1-dB input CP occurs can be found by substituting
Eqn (4.23) into Eqn (4.24)
1— 10—1/20
_ (4.24)

R

2

8
Picpgg = 101log ( =1

B3

The analysis thus far applies only to the single tone case. Next, let us extend the
analysis presented above into the two-tone case. The two-tone scenario is relevant
when addressing desensitization and blocking.

To proceed, consider the input signal

x(t) = a cos(Qqt) + ap cos(Qnt) (4.25)

3
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Table 4.1 Components of Output Signal due to Second and Third Order
Memoryless Nonlinearity and Two-Tone Input Signal

Frequency Amplitude

DC 3Bo(af + a3)

Q4 Brog +3B3(30F + aqa3)
Q, Broo + 36833 + o?ay)
2012 $B20? for i =1,2

3Q 1, 18308 fori=1,2

Q1 £Q Boayan

20+ Qp 363030

2Q, + Q4 3Bsata3

where the desired signal is situated at Q2 = Q| radians and an interfering signal at
Q=Q,, then the output signal can be obtained by substituting Eqn (4.22)
into Eqn (4.16). The resulting output signal has components that are summarized
in Table 4.1. The output signal components are made up of the desired tone along
with the interferer, DC signal, harmonics, and intermodulation products. After
filtering, only the degraded tone at Q; remains, that is

—~ 3 1
y(1) = Bren cos(@ur) +5 63 (503 + ala%) cos(Q7) (4.26)
N—— ——
Linear term

Degradation term due to third
order nonlinearity

As in the single tone case, the desired signal plus degradation to desired signal
ratio can be found as

3 1
Broq +§133 (204? + 0‘10‘%)

Bray

6 G“% ’ “%>>
1

Again, the distortion to the desired signal occurs in-band due to the third order
nonlinearity. Furthermore, we note that the distortion term is affected by the inter-
ferer term, as seen clearly in Eqn (4.27).

To compute the 1-dB CP, assume for the sake of simplicity that o = ) = «, then
the relationship in Eqn (4.27) becomes:

3
p =20 logm(l 5

p = 20log,
“4.27)

B3

3
=201 1 —=
0g10< )

B3

B

a2> = —1dB (4.28)

187
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Then, we can compute the point at which the 1-dB CP occurs as

2|6 _ 2|8
2= 3 ,8_;(1 - 10 1/20) = Q1 dB CP,Two tone — \/3 5—;(1 —10-1/20)

a (4.29)

The rms input power at the 1-dB CP can then be estimated with respect to the
source resistor Ry as

2

g8
Picpap = 101ogy <— =L

B3

In the receiver chain, it is desired, in most cases, that all amplifiers operate well
below the input 1-dB CP to avoid causing distortion to the desired signal. The
amount of backoff’ in the absence of an interferer is typically driven by the peak
to average power ratio (PAPR) of the desired signal as defined in Chapter 5. For a
single tone, the PAPR is 3 dB or 0.5 on the linear scale.

At this point, it is interesting to compare the 1-dB CP of the desired signal
without an interfering tone present with the 1-dB CP of desired signal tone in the
presence of an interferer. Comparing Eqn (4.27) with Eqn (4.23), we obtain

3
20 logm <1 — Z g—j

3
=201 1——
0g10< )

3

(1—1071/20)
| dBm (4.30)

2
a1 4B CP,Single tone)
Ba|(1 , 2
E Eal dB,Two tone + a3 = —1
The relationship in Eqn (4.31) implies

3183] » 3163

A P . — |22
1 dB CP,Single tone
416, >ine 216y

431

l 2 1) =
20‘1 dB CP,Two tone T &2

2 _ 2 2
O 4B CP,Two tone = 1 dB CP,Single tone — 2%2 (4.32)
Define the rms power associated with the various tones:

1«
_ 1 dB CP,Single tone
Py a8 CP,Single tone — E T

2
1 7 4B CP,Two tone
PlaBCPTwotone = 5 ——— (4.33)
2 R,

Py =

N =
R

3Given the input—output power curve of an amplifier, backoff can be defined as the difference between
the 1-dB CP or as given in some literature between the saturation point of the amplifier and the desired
rms operating point of the output signal.
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Then, according to Eqns (4.32) and (4.33), we claim that

P1 4B CP Single tone = P1 dB CP,Two tone + 2P2 (4.34)

It is obvious from Eqn (4.34), that the 1-dB CP due to single tone occurs at
a higher level than that of a two tone, which is what one would expect.’ In
the event where the two tones are equal in power, that is Pj 4B cPTwo
tone = P2, then we conclude that in the linear scale Py 4B cp single tone =

3P1 4B CP,Two tone or the 1-dB CP due to single tone occurs at

Py 4B cpTwo tone=P2

approximately 4.77 dB higher than that of a two tone. We further observe that
as the interfering tone increases in power at twice the rate as that of the desired
signal, it eventually overwhelms the desired signal by reducing its overall average
gain and causing a phenomenon known as desensitization. As the desired signal
gain approaches 0 dB, the signal is said to be blocked, and the interferer is often
referred to as a blocker. Given the desired signal power Pgesireq and the blocker
signal power Pplocker, then given Pgepsisivity s the sensitivity of the desired signal,
define blocking as the ratio

as = 101ogy (P"l—k) (4.35)
P sensitivity

such that Pyjocker is the smallest blocker signal power that degrades the desired signal

performance to a level equivalent to the sensitivity of the receiver.

Thus far, the 1-dB CP that we have been discussing relates to the input power at
which the devices gain drops by 1 dB from linear gain. Similarly, the 1-dB output
compression point Py 4B 0CPSingle tone Can be defined in terms of the 1-dB input
compression point simply as

P1 4B OCP Single tone = P1 dB CPSingle tone + (Ga — 1) (4.36)

where Ggp is the device gain in dB. Note that the relationship in Eqn (4.36) differs
from that of an input—output power gain relationship where the output signal power
is equal to that of the input signal power plus the gain, in this case Ggg. The differ-
ence is in the —1 dB subtracted from the gain in Eqn (4.36).

Finally, the 1-dB compression dynamic range is defined as the difference be-
tween the 1-dB compression point and the receiver noise floor [2,3], that is

Ay 4B Dynamic range — P 4B CP,Single tone — Proise floor
= P 4B CP,Single tone

+174 dBm/Hz — NF — 10 log,((B) (4.37)

It is natural to conclude that the 1-dB compression point of a modulated signal occurs at a lower point
than the single-tone 1-dB CP.
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where Ppoise floor 18 the receiver noise floor, NF is the receiver’s noise figure, and B is
the channel bandwidth.

In a similar manner, the desensitization dynamic range is defined as the receiver’s
ability to process a weak desired signal in the presence of a strong narrowband out-
band interferer. The desensitization dynamic range is defined as the difference
between the blocking signal power Pyocker and the receiver noise floor, that is

Apesensitization dynamic range — Ppolocker — Phoise floor

= Pyiocker + 174 dBm/Hz — NF — 10 log,(B) (4.38)

where NF is the receiver system noise figure and B is the noise equivalent band-
width. Recall that the sensitivity of a receiver at room temperature is defined as

Psensitivity = 7174 dBm/HZ + 10 10g10<Bn) —+ NFC&SC&dC —+ CNR

(4.39)
Peensitivity — CNR = —174 dBm/Hz + 10 log,o(B,) + NF

Then substituting Eqn (4.39) into Eqn (4.38), we can define the desensitization
dynamic range in terms of blocker signal power, receiver sensitivity, and CNR:

Apesensitization dynamic range — Prolocker — P sensitivity + CNR (4.40)

The desensitization dynamic range is then a theoretical measure of determining
the receiver’s ability to process a desired signal in the presence of a blocker
signal only.

4.2.2 Harmonics and intermodulation distortion

Intermodulation (/M) distortion is caused by external strong nondesired signals or
interferers passing through a nonlinear device thus creating an in-band nonhar-
monic distortion in the desired signal band. In most practical RF receivers, an
IM product is mainly due to second or third order nonlinearity. Figure 4.5 depicts

~
* Fundamental
frequencies
2F,-F,
E-K
2F -F, 2F +F,
T I T ot
DC F, F, 2F 3K 2F, 3F,

FIGURE 4.5

Ideal spectrum of two-tone signals and associated second and third order harmonics and
intermodulation products. Note that the relative magnitudes between the tones have not
been maintained whereas their relative locations have. (For color version of this figure, the
reader is referred to the online version of this book.)
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second and third order harmonics and IM products along with the fundamental
tones. One method of lessening the negative impact of IM products on SNR can
be accomplished by preselection or filtering prior to the LNA. An alternate
method would be to increase the linearity of the system. In practical receivers, a
combination of preselection as well as proper circuit design employed to increase
the system linearity are used to minimize the impact of degradation on the desired
signal.

4.2.2.1 Degradation effects due to second order nonlinearity

Second order nonlinearity is a major concern in the design of direct conversion
receivers. In this type of architecture, depicted in Figure 4.6, the desired signal is
modulated down directly from RF to baseband without the intermediary interme-
diate frequency (/F) step common in a heterodyne architecture. To further illustrate
this point, consider a nonlinear system as shown in Figure 4.7. A degradation due
to second order nonlinearity in response to a two-tone input could manifest itself as
an IM product at the output. Then, depending on the frequencies of the two tones
and the bandwidth and center frequency of the desired signal, the resulting IM
product could fall into the desired signal band. In single-balanced mixers, for
example, transistor mismatches coupled with the deviation of the LO duty cycle
from 50% produces asymmetry in the circuitry allowing for certain signals
before the mixer to feedthrough without mixing into the baseband as shown in
Figure 4.8.

To further illustrate this phenomenon, assume that the received signal exhibits a
certain amount of amplitude modulation (AM) variations due to propagation distor-
tion or transmit and receive filtering, then the received signal can be expressed in the
simple form:

x(t) = [I' + vy cos(wmt)][A cos(wct) — B sin(w,t)] (4.41)

where I'(#) = I' is a slow varying signal assumed to be constant over an extended
period of time, and +ycos(w,,f) represents a low frequency AM signal as stated

Antenna

|

Transceiver

Multi-mode analog
E—@
FIGURE 4.6

Conceptual direct conversion receiver. (For color version of this figure, the reader is
referred to the online version of this book.)

Channel filters and digital
RX

LNA/switch bias.
control

Analog front-end
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Narrowband interferes Narrowband interferes

/A\
Second order FAN

\

/M product // \ Second order
F,=F / IM product
? F, ; F
Desired
signal E 172
Nonlinear device

FIGURE 4.7

IM and harmonic distortion due to second order nonlinearity. /M, Intermodulation.
(For color version of this figure, the reader is referred to the online version of this book.)

Feedthrough

a)l a’z Desired

Desired signal

signal

FIGURE 4.8

Effect of mixer feedthrough on the received desired baseband signal due to strong
narrowband interference.

in [4]. The effect of second order nonlinearity on the signal can be mathematically
represented as follows:

x2(1) = [I' + v cos(wnt)]*[A cos(w.t) — B sin(w,t)]>
v v’
x(r) = [1? + 5 + 2Ty cos(wpt) + 2cos(ZwmI)}
+ jcos(cht) - TCos(cht) — AB sin(2w,t)

y [Az +B? AZ B? ]
2

(4.42)
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In Eqn (4.42), the product (A% + B)ycos(wpt) is of great interest.” When fed
through the mixer, as shown in Figure 4.8, the term appears at baseband in the
desired signal band as distortion. This demodulation of AM components serves to
further corrupt the received signal.

The second order nonlinearity of a device can be described using the second
order intercept point. To start, let the input rms power of a single tone of a two-
tone signal fed to a nonlinear system or device be

lozl-2 .
P, —E R—S7 1 = 1,2 (443)

where the tones are centered at Q;i=1,2 and R, is the source resistor. The
rms output power of the nonlinear system or device at the fundamental fre-
quency is

1 g

P =
o 2RL7

i=172 (4.44)

according to the polynomial presented in Eqn (4.12), where R; is the load resistor.
Let the distortion power of the IM product delivered to a load resistor R; according
to Table 4.1 be

(Bro12)?
Py = R, (4.45)
The IM distortion under consideration is due to the frequency |Q; — Q;|, which is
assumed to fall in-band of the desired signal as shown previously in Figure 4.8. Next,
in order to simplify the math, assume the input and output powers to be normalized
to their respective source and load resistors and that the two tones have equal power
at the input of the nonlinear device, that is

P=P =Pora=ua =a (4.46)
Define the signal amplitude due to the fundamental frequency as
Yo, = [Bi]a (4.47)
And define the signal amplitude due to the /M product as
Yo, = |Balarer = |Bafe? (4.48)

where absolute values are used to simplify the mathematical assumptions.
Define the second order input-referred second order intercept point (IIP2) as
the point for which the IM product magnitude equals that of the fundamental signal
magnitude as shown in Figure 4.9 depicting the intercept point curve along the I7P2

5In general, given an expression of the form: [A cos(Q7) + B cos(Q,1)]", then the polynomial expan-
sion includes terms of the type AkBlcos(kQII + Q1) for k, [=0,1, .-, N, k+[<N.
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out

IM product power |

1010%10(:32“2)2 :
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FIGURE 4.9

[IP2 and OIPZ2 are the projections to the x and y axis of the second order intercept point
for which the IM product amplitude equals that of the fundamental output signal
amplitude. (For color version of this figure, the reader is referred to the online version of
this book.)

axis and the output-referred second order intercept point (OIP2). This simply im-

plies that
Wy, = W, _q,=|6i|a = [Bs|e’=1IP2=a = % (4.49)
Next, consider the ratio of Eqn (4.47) to Eqn (4.48), we obtain
v 1 1p2
e TR

Then the input referred /M product, which is the value of the IM product referred
to the input of the system or the device is

2
N IPQI_QZ - o

IM, = = —
ST TR 7/

4.51)

The power of the second order IM product in Eqn (4.51), which is itself a tone, is

1 4 4p? P?
el A (4.52)
2 (uP2) 2(11P2)~  Pup2

1
P, = 5(IMz)2 -
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Expressing the linear relationship in Eqn (4.52), in dB we obtain
P, 4B = 2PiaBm — Pup2,dBm (4.53)

Note that the Pypr ggm is @ made-up quantity used to specify second order nonlin-
earity. The output power of the system will compress long before the input power
reaches Pypy apm- Then if the input power is Agg belowPp2 ggm, We obtain

P;aBm = Prp2,dBm — AdB (4.54)

Substituting Eqn (4.54) into Eqn (4.53), the following relationship emerges:

P, a8 = 2P;aBm — Prp2,dBm
(4.55)
= 2(Pup2,aBm — Adg) — Pup2,aBm = Prp2,dem — 204

The relationship in Eqn (4.55) implies that the input referred IM power is 2A4p
belowPyips dBm-

In most practical cases, however, the two tones impinging on the receiver
have different powers. Hence, if we let P;; ggm be the input power of the first
tone and Pj gpm be the input power of the second tone, then Eqn (4.53) can be
reexpressed as

Py, aB = Pi, aBm + Piy.aBm — P1p2,dBm (4.56)

As will be seen later, second order distortion is particularly problematic in
direct conversion receivers. The key contributors to second order distortion
in this architecture are the RF-to-baseband mixer as well as the baseband gain
stages. Hence, the design of a direct conversion receiver requires a high system
1IP2.

Associated with the system IIP2 is the spur-free dynamic range due to second
order nonlinearity. The dynamic range is defined as the difference between the re-
ceiver’s /IP2 and its respective noise floor, that is

1
ASFDRfllPZ = E (IIPZ + 174 — NF — 10 IOglo(B)) (457)

where NF is the system noise figure, and B is the bandwidth. In order to obtain the
system /IP2, an expression similar to the Friis cascaded noise figure expression can
be found. Consider the cascade of analog RF blocks depicted in Figure 4.10.
The system /IP2 of a cascade of N-RF blocks can be expressed as

2
1

1 G G1G...Gy_,
\apz T e Tt 1IP2y

HP2gysiem = (4.58)
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Input Output

— G.F.IIP2,

Y

G, F,,1IP2, Gy, Fy, IIP2, —— - — G,.F,.1IP2,

FIGURE 4.10

Cascade of N-radio frequency blocks with their respective linear gains, noise factors, and
second order nonlinearities.

where {G, Gy, ...Gy} and {IIP2,, IIP2,, ---1IP2y} are the respective linear gains
and IIP2s of the various RF blocks. In general, the cascaded input-referred intercept
point for any nonlinearity can be expressed as

1 Lx=1) 1 \:6-D N L
HPxXoysiem - - 4.59
(11szystem> (IIPx] ) + nz::z 1Px, (4.59)

where x in Eqn (4.59) is the order of the nonlinearity.

The relationship in Eqn (4.58) is true when all the narrowband interfering signals
happen to be in the passband of each RF block. In all other cases, filtering and selec-
tivity have to be accounted for.

EXAMPLE 4.1 DERIVATION OF SYSTEM //P2

Given the occupied signal bandwidth of a certain modulation scheme to be 9 MHz with receiver
noise figure of 4.5 dB. The required CNR needed to decode the desired signal with
acceptable BER is 5 dB. Assume that two interfering narrowband signals are impinging on
the receiver’s band definition filter at —25 dBm signal power each. The two signals produce
an IM product in the desired signal band. What is the required system //P2 in order not to
degrade the receiver’s noise floor by more than 1 dB at room temperature?

What is the impact on //P2 if you allow the degradation of the noise floor to vary between
0.5 and 3.5 dB? Finally, what is the impact on //P2 as you vary the system noise figure
between 2 and 5 dB? In each case, keep all parameters at their given original values.

The noise floor of a receiver can be computed as

Pnoise floor,dBm = =174 dBm/HZ + NF +10 |0g10(5)

= —174 dBm/Hz + 4.5 dB + 10 logy (9 x 106)
= —-99.96 dBm (4.60)

The problem states that the degradation due to the /M product is Pyegradation = 1 dB. That
is, the degraded noise floor becomes -98.96 dBm. The /M product signal power can then be

obtained as
P/M2 a8 = 10 |0g10(1O(anse floor d8m -+ Paegradation) / 10 _ 1.0 Proise ”om_dsm/lo)
(4.61)
Piu, o8 = 10 logyo (10-2896/10 _ 10-9996/10) _ _105.826 dBm
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EXAMPLE 4.1 DERIVATION OF SYSTEM //P2—cont'd
Next, we compute the //P2 according to Eqn (4.53) as

Pim,. a8 = 2Pjdam — Pip2,48m = Piip2.d8m = 2Pjd8m — Pim,.a8

Pup.asm = 2 x (— 25 dBm) + 105.826 = 55.83 dBm (4.62)

Using the methodology introduced above, we allow the degradation to the noise floor to vary
between 0.5 and 3.5 dB. Changing the degradation from 3 to 3.5 dB decreases the input-
referred third order intercept point (//P3) requirement by approximately 1 dB. On the other
hand, increasing the noise floor degradation from 0.5 to 1 dB decreases the //P3 requirement
by more than 3 dB as shown in Figure 4.11. Therefore, we conclude that the impact of
increasing the noise degradation on the //P2 requirement diminishes with increasing the
amount of degradation. On the other hand, allowing the noise figure of the receiver to degrade
by 0.5 dB decreases the //P2 requirement also by the same proportion as seen in
Figure 4.12.

60 T T T : :

Pip2,dpm (4BM)

FIGURE 4.11

Impact of noise floor degradation on //P2 requirement. //P2, input-referred second
order intercept point. (For color version of this figure, the reader is referred to the
online version of this book.)

Continued
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EXAMPLE 4.1 DERIVATION OF SYSTEM //IP2—cont'd

58.5 : : : : :
58
575

57

Pip2.dm4BM)

56

555

5 i i i i i
2 25 3 35 4 45 5
NF (dB)
FIGURE 4.12

Impact of noise figure degradation on //P2 requirement. //P2, input-referred
second order intercept point. (For color version of this figure, the reader is
referred to the online version of this book.)

4.2.2.2 Half IF rejection

The %2 IF problem is relevant to nondirect conversion receivers such as a dual con-
version or superheterodyne receiver. One example of such a receiver is depicted as
an ideal JF-sampling transceiver in Figure 4.13. To understand the problem, given a
dual conversion receiver, consider a signal x(¢) given as

x(t) = A cos [(Qc O /2)1‘} + B cos[(Qe + Q)] (4.63)

where Q. is the center frequency at RF and Qyr is the IF. Define Q;p; as the RF fre-
quency related to the center frequency such that Q;r/, = Q¢ + %QIF. Furthermore,
define the first LO frequency as a function of the center and IF frequencies as
Qro=Q. Q.
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FIGURE 4.13

IF-sampling dual conversion transceiver. /F, intermediate frequency; BPF, bandpass filter;
PMA, post-mixer filter. (For color version of this figure, the reader is referred to the online
version of this book.)

As mentioned earlier, the ¥2 IF degradation is caused by a fourth order nonlinearity
manifesting itself as a second order distortion. To expound on this statement, consider
the nonlinear system depicted in Figure 4.14 and particularly the term x*(r). Recall that
a fourth order polynomial can be expanded according to Eqn (4.241) as

(a+b)* = a* +4d’b + 64°b* + 4ab’ + b* (4.64)
Examining the term 6a°b* given the input x(f), we obtain
V() = 684A%B% cos? [(g n Q,F/z)z} cos?[(Qe + Q)] (4.65)

Using the trigonometric relation cos® a = (cos 2a + 1)/2, the relationship in
Eqn (4.65) becomes

~ 364A%B?
y(r) = 5= {cos [2 (Q n Q,F/z)t] + 1}{005[2(QC L) +1) (4.66)
In Eqn (4.66), we are interested in the product

38,A2B2
)}'(t) — 64—

Using the trigonometric relations provided in Eqns (4.227) and (4.228), the rela-
tionship in Eqn (4.67) can be further manipulated as

cos [2 (Qc + QIF/Z)t:| cos[2(Qc + Qi )t (4.67)

Input:x (t) = Acos[ (Q, +Q,, )t |+ Beos[ (Q, +Q,. )¢ ] Output: y(1) = B, + Bx(t) + B (0)+ B (6)+ Bix* (2)
. >

FIGURE 4.14

Impact of fourth order nonlinearity on 2 IF distortion. /F, intermediate frequency. (For
color version of this figure, the reader is referred to the online version of this book.)
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38,4282
(1) = mT cos [(4Qc 20 + 2Q,F/2)t} +cos [(mm - ZQIF/2>I}

First term Second term

(4.68)

The first term in Eqn (4.68) is of no interest since it gets filtered out by the image
rejection filter. The second term, however, deserves closer examination.
Note that the frequency of the second term is simply:

2 = 2Qp = 2 — Qip = QF (4.69)

since Qpp/y = %QIF.

The analysis thus far implies that if an interferer occurs at Q. + %QIF, it will
overlap with the desired signal after mixing. Hence, an interesting design trade
emerges. Depending on the band of operation, it would seem reasonable that
increasing the IF allows the front-end filters such as the BDF to further attenuate
the Y2 IF interferer. However, this is not without implications on the /F filter and
ADC performance in an IF sampling receiver for example. Therefore, the designer
must perform a trade-off between a higher IF, IIP2, co-channel interference, and
other design implications at /F or baseband.

Let the desired signal power Pgigpa1 be twice as large as the sensitivity Pgepsitivity-
Then let the smallest interfering signal Pz, impinge on the antenna at half the /F
away from the center frequency of the desired signal. Assume that the interferer de-
grades the power of the desired signal to that of Pgesisivity, then the %2 IF rejection
may be defined in dB as the ratio

Y == 10 10g10<

M) (4.70)

sensitivity,linear
Thus, increasing the IF interferer by 1 dB serves to increase the degradation by

2 dB since this is a second order phenomenon. Therefore, given the system //P2, the
14 IF rejection can be obtained as

1
r= 2 (HPZ — Pgensitivity + CCR) 4.71)

where CCR is the co-channel rejection ratio defined as the ratio between the wanted
signal to the unwanted blocker or interferer. In FM terms CCR is also referred to as
the capture ratio.’

SThe capture ratio is associated with the capture effect in FM. If two simultaneous signals, one strong
and one weak, are present at the input of a limiting amplifier, the “limiting operation” further
strengthen the strong signal at the expense of weakening the weak signal. Thus, the strong signal
“captures” the weak signal.
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Finally, recall that since the sensitivity can be expressed in terms of CCR as

Psensitivity = —174 dBm/HZ + NF + 10 IOglo(B) + CNR

(4.72)
= Phoise floor T CNR = Phoise floor — CCR|CCR:7CNR
Hence, according to Eqn (4.72), we can express Eqn (4.71) simply as
1
r = E (IIPZ — Phoise floor) 4.73)

The Y2-IF problem will be encountered again when discussing the dual conver-
sion architecture.

4.2.2.3 Degradation effects due to third order nonlinearity
In a similar manner to the analysis presented above, the third order intercept point is
an important performance parameter of the receiver that specifies the amount of
distortion that affects the desired signal due to two narrowband interferers. This phe-
nomenon is illustrated in Figure 4.15 where the input to a nonlinear device is a
desired bandlimited signal along with two-tone interferers. The output of the
nonlinear device displays the desired signal with the two-tone interferers along
with two IM products situated at 2F| — F; and 2F 4 F;_respectively. One of these
IM products, say, for example, 2F| — F5 could very well fall in band of the desired
signal as shown in Figure 4.15.

Consider the output of a third order nonlinear system y(f), as specified in
Eqn (4.16), in response to a two-tone input signal as defined in Eqn (4.22):

3 1 3
y(t) = {,810(1 + 5,83 <§a? + oqoz%) }cos(Qlt) +Zﬁ3oc%oz2 cos[(2Q — Q)] + -
“4.74)

Narrowband interferes Narrowband interferes

Third order I
IM product [N
! Third order
2F, —F, ! IM product
m 2Fi ' F2
Desired Desired
signal F; F2 signal E Fz
Nonlinear device
FIGURE 4.15

IM and harmonic distortion due to third order nonlinearity. /M, Intermodulation. (For color
version of this figure, the reader is referred to the online version of this book.)
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Let the two tones have equal input powers, that is let @ = d| = d> and further as-
sume that the polynomial coefficients §; and 83 are such |B;]| >> |85|, then the rela-
tionship in Eqn (4.74) can simply be reexpressed as

y(t) = Bra cos(Qqt) —1—353&3 cos(Q?)

—_———
Linear term (475)

3
+ Zﬂ3a3 cos[(2Q) — Q)] + -

Similar to the definition of IIP2, define IIP3 as the point where the magnitude of
the linear component of Eqn (4.75), that is, of cos(Q1¢), is equal to the IM product
term relevant to cos[(2Q; — Q,)t]. According to Eqn (4.75), this implies that

3
1B1]a = Z|ﬂ3|a3 (4.76)

The IIP3 point can then be found according to Eqn (4.76) as

4161
365

The projection of the intercept point onto the x axis is known as the /IP3 point as
illustrated in Figure 4.16. The projection of the same intercept point onto the y axis is
the output-referred third order intercept point (OIP3). Upon close examination of
Figure 4.16, we observe that the amplitude of the IM product increases three times
faster on the logarithmic scale due to cubic nonlinearity compared to the amplitude
of the fundamental input tone «. Note that, like the /P2 and OIP2 points, the /IP3
and OIP3 points are also fictitious points and that the system will compress long
before it reaches the power level indicated by these points. Having said that, how-
ever, /IP3 and OIP3 are performance measures by which a system or device nonlin-
earity can be specified.

The 1IP3 and the corresponding OIP3 can be specified as follows. Consider

HP3=al,_py = 4.77)

the ratio
w 1p3)°
Yoo —0, 7|83 e o
where the linear amplitude W, , = ||« is the amplitude of the fundamental at the

output of the system or device. Similarly, the amplitude Wy, —q, = %|§'3| o is the
amplitude of the IM product. According to Eqn (4.78), we can show that
2
o
Wi, -0, = —>%o
SN 07/ el

a3

= — 4.79
(HP?,)Q |161| ( )
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11P3

FIGURE 4.16

IIP3 and OIP3 are the projections to the x and y axis of the third order intercept point for
which the /M product amplitude equals that of the fundamental output signal amplitude.
IM, intermodulation; //P3, input-referred third order intercept point; O/P3, output-referred
third order intercept point. (For color version of this figure, the reader is referred to the
online version of this book.)

Similar to the second order case, the input referred /M product for third order
nonlinearity can be found by taking Eqn (4.79) and referring to the input of the sys-
tem or device, that is

W -0, o?

IM; = = 4.80
’ 161 (11P3)* (*50)

The power of the IM product can be expressed in dB as
P, a8 = 3PinaBm — 2P11p3,dBm (4.81)

Thus far, we have assumed that both tones have equal power. In the case where
the two tones are not equal in power, the IM-product power at the frequency Fpy, =
+2F) + F> where F and F; are the frequencies of the first and second tone, respec-
tively, is specified as

P, a8 = 2Pin1,.dBm + Pin2,dBm — 2P1p3 dBm (4.82)
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where Pj, 1 dpm and Pj, 5 ggm are the powers of the first and second tones, respec-
tively. Note that the IPP3 of a system or device can be related theoretically to the

1-dB CP as:
) 0.145’@—;]
201 ( 1dB CP) — 201 4 | = —9.6357dB 4.83
0g19 1IP3 0810 A8 ( )
31851

That is, the relationship in Eqn (4.83) implies that the compression by 1 dB oc-
curs at approximately 9.6 dB down from the /IP3 point. The compression in this case
is only due to third order nonlinearity. Higher order nonlinearity, higher than third
order, is not taken into account.

Similar to the second order nonlinearity, the spur-free dynamic range due to
third order nonlinearity can also be found. The dynamic range can be defined as
the difference between the receiver’s /IP3 point and its respective noise floor,
that is

2
ASFDR711P3 = g (IIP3 + 174 — NF — 10 1Og10(B)) (484)

Next, based on the relationship presented in Eqn (4.59), the coherent system I1P3
of a cascade of RF blocks as shown in Figure 4.17 can be expressed as

1

. G GiGr-Ga
ji + ...+

1IP3, + IIP3, IIP3y

HP3gystem = (4.85)

where {G1, Gy, ...Gy} and {IIP3y, IIP3,, ---IIP3y} are the respective linear gains
and /IP3s of the various RF blocks. The relationship in Eqn (4.85) implies that all
the intermodulation products in the cascade add up coherently, that is they all have
the same phase that is not always a practical assumption. Similar to the second
order case in Eqn (4.58), the relationship in Eqn (4.85) is true when all the narrow-
band interfering signals happen to be in the passband of each RF block and
the blocks themselves do not impact the phase coherence of the signals as they
propagate in the chain and that the intermodulation signals add up in phase as
mentioned earlier. In all other cases, filtering and selectivity have to be
accounted for.

Input Output
—  G,FE,IIP3, G, F, IIP3, G, Fy IIP3, | —— G, F,, 1IP3,—»
FIGURE 4.17

Cascade of N-radio frequency blocks with their respective linear gains, noise factors, and
third order nonlinearities.
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Thus far, we have discussed IM products relevant to second and third order non-
linearities. In reality, we can extend these relationships to an nth-order nonlinearity
of the polynomial form y(r) = S°N_8,x" (). Let

Gpag = 101logo(6,) (4.86)

Then it can shown that the generalized relationship for nth-order IM power
product is

Py, = nP; — (n— 1)Pppy, (4.87)
Similarly, the generalized nth-order output /M power product can be expressed as
Poipn = G148 + Prpn = Gpas + nPipn (4.88)

Note that the relationships expressed above are applicable only for weak signal
nonlinearities under memoryless conditions.

EXAMPLE 4.2 DERIVATION OF SYSTEM //P3

Given a broadband signal operating in the ISM band with specifications as presented in
Table 4.2:

Assume that two-tone interferers with equal signal power impinge at the BDF with signal
power of 5 dBm each as shown in Figure 4.18. Given that the antenna gain is O dBi, let the
first interferer be situated at 2.75 GHz and the second interferer at 3.1 GHz. Determine the
signal /IP3 of the receiver after the BDF such that the /M signal power does not degrade
the receiver noise floor by more than 1 dB. Assume that the BDF contributes negligible
degradation due to nonlinearity and insignificant insertion loss.

Assume that the BDF can be modeled as a fifth order elliptic filter centered at 2.4 GHz as
shown in Figure 4.19. The filter bandwidth is 200 MHz. The filter rejection is approximately
31 and 35 dBs at 2.75 and 3.1 GHz, respectively. Hence, the interferer signal power at
F1 =2.75 GHz becomes 5 dBm — 31 dB = —26 dBm after the BDF. Similarly, the interferer
signal power at Fp = 3.1 GHz after the BDF becomes 5 dBm — 35 dB =—-30 dBm.

Furthermore, note that the third order /M falls in band. The /M frequency is:

Fiy = 2F — F, = 2x2.75GHz — 3.1 GHz = 2.4 GHz (4.89)
Table 4.2 Specifications of Desired Signal
Parameter Value
Receiver signal sensitivity —110dBm
Noise equivalent bandwidth 10 MHz
Center frequency of received signal 2.4 GHz
Bandwidth of BDF 200 MHz
CNR for acceptable BER 4dB
Signaling bandwidth 9 MHz
BDF, bandpass filter.

Continued
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EXAMPLE 4.2 DERIVATION OF SYSTEM //IP3—cont’d

PMA VGA
=y e S EREE
X
f\/%
PMA VGA
PLL 4—@
FIGURE 4.18

Simplified receiver block diagram. BPF, bandpass filter; VGA, voltage gain amplifier;
PMA, post-mixer filter. (For color version of this figure, the reader is referred to the
online version of this book.)

Continuous frequency response
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FIGURE 4.19

Elliptic fifth order bandpass filter centered at 2.4 GHz with 200 MHz bandwidth. (For
color version of this figure, the reader is referred to the online version of this book.)

Of course, in this rhetorical example, the /M falls at the center of the band, which is
obviously not the norm in pragmatic examples.

Next, we compute the desired /M power. Recall that the noise floor of the receiver is related
to the sensitivity of the receiver and the required CNR, that is

‘Dnoise floor,dBm = [sensitivity,dBm — CNR

= —-110dBm—-4dB = —114dBm (4.90)
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EXAMPLE 4.2 DERIVATION OF SYSTEM //P3—cont’d

Next, we determine the power of the allowable /M power. Allowing 1 dB of degradation to
the noise floor implies that

P dg = 10 |Og10 <10(anse 1\oor.dBm+Pdegradauon)/10 — 10Pnoise floov.dBm/lO)
3,

(4.91)
Pim, g8 = 10log1o (10711310~ 10-114/10) — _119.87 dBm
Finally, using the relationship in Eqn (4.82)
p _ 2Pin1,dBm + Pin2,dBm — Pims B
IIP3.dBm = 5
_2x(=26)-30+1198 _ 154 4pm (4.92)

2
There is a trade to be made when designing the receiver. In order to lower the system //P3,
the BDF rejection must increase at the expense of the BDF complexity, size, and insertion
loss. Another trade is the allowable degradation to the noise floor. Allowing the degradation to
vary between 0.2 and 2 dB in 0.2 dB step varies the //P3 roughly between 22.6 dBm and
17 dBm, a difference of 5.6 dB. Allowing the degradation to the noise floor to increase from 1
to 2 dB lowers the //P3 by roughly 1.77 dB as shown in Figure 4.20.

25

20 MA -

\ 4 o
\ 4 o
\ 4 < o

E —e
@ 15
Z
2 10
5
0

02 04 06 08 1 12 14 16 18 2
Degradation (dB)

FIGURE 4.20
Allowable degradation to the noise floor and its impact on system //P3. /IP3, input-
referred third order intercept point.

EXAMPLE 4.3 LONG-TERM EVOLUTION (LTE) LINEUP ANALYSIS,
A RHETORICAL EXAMPLE

Consider the LTE receiver depicted in Figure 4.21. LTE as a standard supports multiple
bandwidths ranging from 1.4 to 20 MHz as well as various symbol constellations imposed
on an orthogonal frequency multiple access (OFDM) signaling scheme. The required system
sensitivities for 1.4 and 20 MHz are —102.5 and —90.2 dBm, respectively. Based on the
architecture of Figure 4.21, assume that the noise figure, gain, and IPP3 for the various

Continued
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EXAMPLE 4.3 LONG-TERM EVOLUTION (LTE) LINEUP ANALYSIS,
A RHETORICAL EXAMPLE—cont’d

%

o g DB
=12 R ] b -

PLL <—®

& | &

FIGURE 4.21

Simplified direct conversion LTE receiver. LTE, Long-term evolution; //P3, input-
referred third order intercept point; BPF, bandpass filter; VGA, voltage gain
amplifier; PMA, post-mixer filter. (For color version of this figure, the reader is
referred to the online version of this book.)

Table 4.3 Specifications of Receiver Lineup Presented in Figure 4.21
Parameter Duplexer LNA BPF Mixer PMA R2R VGA LPF

Gain (dB) -1.8 15 -2 4 8 —0.1 40 -2
NF (dB) 1.8 1.5 2 7.8 5 4 20 5
IP3 (dBm) 60 —4.5 10 7 2 20 10 40

BDF, bandpass filter; PMA, post-mixer filter; VGA, voltage gain amplifier; NF, noise figure; 1IP3;
input-referred third order intercept point.

analog blocks are as presented in Table 4.3. Determine the system noise figure, system //P3,
and spur-free dynamic range for 1.4 and 20 MHz bandwidths. Suppose it is feasible to vary
the LNA gain between 8 and 22 dB without altering any other RF parameter including the
LNA’s linearity, determine the impact on system noise figure, //P3, and spur-free dynamic
range. Perform all analyses at room temperature.

In Figure 4.21, BPF refers to bandpass filter, PMA refers to post-mixer filter, R2R is a
resistor-to-resistor attenuator network, and VGA stands for voltage gain amplifier. The VGA
has variable gain settings controlled algorithmically by the automatic gain control (AGC)
loop.
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EXAMPLE 4.3 LONG-TERM EVOLUTION (LTE) LINEUP ANALYSIS,
A RHETORICAL EXAMPLE—cont'd

Recall from Chapter 3 that the cumulative system noise figure can be found according to

Friis formula as:

Ll /-1
Fsystem = Fl"" Z Lil

/=2 H Gn
n=1

FLNA*1+ Fire = 1 Fipr—1
Gpuplexer ~ GDuplexer GLNA Gpuplexer GLNA "~ Gvaa

= FDupIexer +
101.5/10 -1 102/10 -1
1.8/10
Fsystem 10 / + 10715/10 + 1071.8/10]_015/10

105/10
ot 10-1.8/101(15/10...1040/10

+-

Cumulative system noise figure in dB
> o o
(3] (4,] [4,] ()] o ~

ES

3.5

LNA gain in dB

FIGURE 4.22

= 4.92dB (4.93)

LNA gain versus system noise figure for Example 4.3. (For color version of this
figure, the reader is referred to the online version of this book.)

Continued
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EXAMPLE 4.3 LONG-TERM EVOLUTION (LTE) LINEUP ANALYSIS,
A RHETORICAL EXAMPLE—cont’d

o

Cumulative system //P3 in dBm
S
(o]
:

%) SUUUSOUSS TANRNOS SURMURRE ORI SORUOOOON SN B
o | i | | | i
8 10 12 14 16 18 20 22
LNA gain in dB
FIGURE 4.23

LNA gain versus system //P3 for Example 4.3. /IP3, input-referred third order
intercept point. (For color version of this figure, the reader is referred to the online
version of this book.)

The system //P3 can also be obtained via the cumulative system //P3 formula provided in
Eqn (4.85) as:

1
IIP3system = 1 n Gl Gl GZ G1 Gz...OOGN,l
1IP37 TIP3, " 1IP33° 1IP3y
11P3 = L
system = 1 10-1.8/10  10p-1.8/101(15/10 10-1.8/101(15/10...140/10
10690/10 + 10-45/10 + 1010/10 et 1040/10

—26.3dBm (4.94)
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EXAMPLE 4.3 LONG-TERM EVOLUTION (LTE) LINEUP ANALYSIS,
A RHETORICAL EXAMPLE—cont'd

Finally, recall that the spur-free dynamic range (SFDR) due to third order nonlinearity, as
defined in Eqn (4.84) for 1.4 and 20 MHz is:

2
Asrpr—11p3 = § (IIP3system +174 — NFsystem -10 |OglO(B))
2 6
ASFDR,,,%‘M o = 3 ( —263+174—4.92 10 Iog10(1.4 % 10 )) — 5421 dB
2 6
ASFDR,,,%LO o = 3 ( ~263+174—4.92 10 |og10<20 x 10 )) — 4651 dB

(4.95)

Next, we vary the LNA gain between 8 and 20 dB keeping all other RF parameters the same.
Note that in reality there are always interdependencies amongst parameters that relate to the
LNA circuit design under consideration. However, increasing the LNA gain decreases the
overall system noise figure. The LNA, being at the front end of the receiver, has a major
impact on the overall system noise figure as shown in Figure 4.22. The adverse effect of
increasing the LNA gain, however, is on the system //P3 as shown in Figure 4.23. Increasing
the LNA gain serves to decrease the system //P3, thus making the receiver more vulnerable to
blockers. One common solution is to employ a high-gain mode and low gain for the LNA
controlled via the AGC.
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k1| Se— RRN—
I

125
8 10 12 14 16 18 20 22

LNA gain in dB
FIGURE 4.24

LNA gain versus spur-free dynamic range for Example 4.3. (For color version of this
figure, the reader is referred to the online version of this book.)

Continued
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EXAMPLE 4.3 LONG-TERM EVOLUTION (LTE) LINEUP ANALYSIS,
A RHETORICAL EXAMPLE—cont’d

Next, we study the impact of varying the LNA gain on the spur-free dynamic range due to
third order nonlinearity. First, it is noted that as the bandwidth increases from 1.4 to
20 MHz, the overall dynamic range of the system decreases. Furthermore, increasing the
LNA gain serves to decrease the SFDR, as can be seen in Figure 4.24.

4.2.2.4 Cross-modulation distortion

Cross-modulation distortion is degradation due to third order nonlinearity. By defi-
nition, it is the amount of AM that transfers from a strong undesired signal to a weak
desired signal after passing through a nonlinear system or device [5]. An in-band
blocker received at the antenna can cross-modulate onto a weak desired signal at
the output of a nonlinear device such as an LNA. A similar scenario can develop
in a full-duplex system as will be shown shortly.

Consider the full-duplex transceiver depicted in Figure 4.25. By way of an
example, suppose that the transmitted signal is an OFDM signal. OFDM fundamen-
tally is AM. The strong transmit signal passing through the duplexer leaks to the
receiver and gets amplified by the LNA. On the other hand, the weak received signal
also passes through the LNA. A certain amount of AM distortion transfers from the
strong interferer to the weak desired signal thus causing degradation to the signal
quality.

\

FIGURE 4.25

Cross-modulation between a weak desired—received signal and the transmit signal acting as
a strong interferer. BPF, bandpass filter; PMA, post-mixer filter; /F, intermediate frequency.
(For color version of this figure, the reader is referred to the online version of this book.)

In order to simplify the analysis, let the desired signal be a narrowband unmod-
ulated signal, then the input to the LNA can be simply written as

x(t) =  ajcos(Qit) 4+ aa{l +m(r)}cos(Qyt) (4.96)

unmodulated desired modulated interferer signal

signal
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where Q and Q, are two distinct frequencies. At the output of the LNA, and due to
nonlinearity, the output signal y(¢) can be expressed as:

¥(1) = B1x(t) + B3x* (1)

3 3 3
= By + 1133“?4'553011“% +§530‘1“%(2m(f)+m2(1))
——

linear gain  compression and desensitization cross—modulation

x cos(Qqt) + -+ 4.97)

A close examination of Eqn (4.97) reveals that due to third order nonlinearity the
amplitude modulation due to the undesired transmit signal or interferer has trans-
ferred onto the desired unmodulated signal. In reality, any odd nonlinearity would
serve to cross-modulate the undesired signal on top of the desired signal thus causing
degradation.

In order to further express the relationship in Eqn (4.97) in terms of IIP3, let

3 3 3
(1) = B {1 + Zg—?a% +Eg—ja§ + Eg—ja% (2m(t) + m*(1)) }cos(Qlt) + -
o? 203 203
_ 1 1 2 2 _(» 2 o
61011{ + (IIP3)2 + (IIP3)2 (IIP3)2 ( m(t) + m (t)) }cos( 1) + . ‘_‘@
V3165
= Bra; cos(Q1) + ﬂlal; {a% + Za% + 20(% (Zm(t) + mz(t))}COS(Qlt) +--- (4.98)

(11P3)?

cross—modulation term

The relationship in Eqn (4.98) points to the following conclusion: the higher the
IIP3 of the LNA the smaller the degradation due to cross-modulation. As a matter of
fact, the cross-modulation term diminishes in inverse proportion to the square value
of 1IP3.

To further simplify the analysis, assume that the output signal in Eqn (4.98) is
comprised only of the linear signal yjipear(#) and cross-modulation signal causing
the degradation ycross-modulation(?), then let

f(t) = YIinear(t) + ycrossfmodulation(t)

3
Biar  cos(Qit) —|—§ﬁ3a1a%m2(t) cos(Q?)

linear gain cross modulation

term term
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Substituting the value of IIP3 found in Eqn (4.77) into Eqn (4.99), we obtain

y(t) =Baq cos(Qqt)

+ By {ma%mz(t)}cos@!]z‘)

Next, consider the power ratio of the single tone term to the cross-modulation
term in Eqn (4.100), we obtain

(4.100)

(Bra1)* (IIP3pna)*
(Brar)* 43Pz (1)

P Single tone

1

_ _ 2

A|Power ratio P . 1
cross—modulation )

([[P3LNA>4
40(‘21P7h2 (t)

(4.101)

where P (1) is the average power of m?(1). Note that it is not an unreasonable
assumption to suppose that the mean of m(#) is zero and that its variance is simply
02 = E{m?(t)}. In this case, the voltage ratio of the single tone term to the cross-
modulation term can then be expressed as

4 2
_ (P3ina)* _ (IIP31Na) (4.102)

> =
G 2 4Pg; a2
470m Single tone 9y,

A |V01tage ratio

Oy =0

At this point, it is imperative to draw certain important conclusions from the
analysis conducted thus far. First, according to Eqn (4.101), the transmitted signal
(or any blocker) passing through the LNA has been squared and cross-modulated
onto the desired signal. Squaring a signal in the time domain implies convolution
in the frequency domain:

mz(z)c»%M(Q) * M(Q) (4.103)
The frequency convolution in Eqn (4.103) implies that the bandwidth of the
interferer m(#) has doubled at the output of the LNA. Therefore, overlap of
the desired signal with the interfering signal has to be considered when analyzing
the degradation impacting the desired signal. Furthermore, the amplitude of the
desired signal is amplified by the same proportion as that of the interferer. As a mat-
ter of fact, increasing the amplitude of the desired signal «; automatically amplifies
the amplitude of the interferer.

4.2.2.5 Harmonic distortion

Harmonics, like IM products, appear at the output of a nonlinear device or system as
signals with center frequencies situated at integer multiples of the fundamental fre-
quency. By way of an example, assume the input signal to be comprised of a single
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tone centered at Qi, or x(f) = a1 cos(Q¢), then according to Table 4.1, we can ex-
press the output of a nonlinear device in terms of its harmonics as

1 3 1
y(1) = SBae + <61a1 +463a?> cos(@i) +  SBaai  cos(2Q)
N~ ——— SN——
DC term First harmonic Second harmonic
1
+ Zp’ga? cos(3Qq1) 4 -+ (4.104)

Third harmonic

According to Eqn (4.104), the harmonic signals are centered at multiples of Q;
with the second harmonic centered at 2Q;, and the third harmonic centered at 3Q,
and so on. The DC term also exists representing the Oth harmonic. If we extend the
analysis to include two tones centered at 21 and 25, then harmonic signals will occur
at £mQ £n€Q, where m and n are integers. Note that even order harmonics are of no
consequence in a differential system.

At this point, let us further examine the second order harmonic due to two-tone
input. Substitute Eqn (4.22) into the polynomial in Eqn (4.12) and rearrange in terms
of second order nonlinearity while ignoring 8, for practical reasons, we obtain

2., .2 2
4 ; 24 %cos(ZQlt)

y(t) = Bi{ar cos(Qqt) + az cos(Qt)} + ﬁz{

2
@
+ —&—72005(2920 + ajap cos[(Q) — Q)] + ajap cos[(Q + Qz)t]} + -

(4.105)

For o = a1 = ap, that is if the two tones have equal magnitudes, then the relation-
ship in Eqn (4.105) becomes

2 2
y(t) = Bi{acos(Qt) + a cos(Qat) } + ;82{0(2 + %cos(ZQlt) + %cos(Zta)

+ +a? cos[(Q) — Q)] + a? cos[(Q + sz} 4o

(4.106)

The power of the second order harmonic due to ,62"‘72 cos(2Q1¢) is simply:

Py, = 3 527 = §'62a (4.107)
whereas the power due to the fundamental term (;acos(Q?) is

1
Ptundamental = 55%“2 (4.108)
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Then the ratio of Eqn (4.107) divided by Eqn (4.108) and then substituting Eqn
(4.49) into the result, we obtain

Loy
Pty 329 1 832
P fundamental,output %ﬂ% aZ 4 6%
| &2 1 (4.109)
4 [IP2? 2 1IP2?
P
4 Ppp2
Recall that it was previously defined that
1, 1, 1 2
Pi = Eai = Ea and P][P2 = E(IIP2) (4110)

A=0r =

Referring the output power of the harmonic to the input can be obtained by
examining the ratio of the power of the second order output harmonic to the output
power of the fundamental, that is

2 2
PHZ.Ompur o 61PH2.Inpur o PHZ.Inpm o P; Py - Pl‘
Pfundamental,output BIP; P; 4Pyip> 2 APypy
@.111)

The relationship in Eqn (4.111) can be expressed in dBm as

PH, ppwasm = 2PidBm — Prp2,agm — 6 (4.112)

where Eqn (4.112) implies that the input referred harmonic power is 6 dB below that
of the input referred second order /M product.

Next, we turn our attention to harmonics due to third order nonlinearities. Again,
given an input two-tone signal where the tones have equal power, then the third order
harmonic signals with their respective amplitudes are:

1 1
i B30 cos(3Q7) and 1 B30 cos (3Qy1) (4.113)

The average harmonic output power for each harmonic is Py, = % ﬁ% a®. In
a similar manner to the analysis done for the second order harmonic, let us examine
the ratio of linear output power of the third harmonic to that of the fundamental, and
substituting Eqn (4.77) into the result, we obtain:

192 6 2 2
PHBAOqum _ 37630[ _ L&a4 _ l Pl

= = (4.114)
Pfundamental,output %ﬁ% o? 16 6% 9 P%]P3
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Manipulating the linear power ratios, in a similar manner to the analysis pre-
sented above, we find that the power of the third harmonic referred to the input is:

1 P}
PH3.Inpur = a 21 4.115)
9 Plps
or in the logarithmic scale as
P, pwasm = 3PidBm — 2Ppp3 apm — 9.54 (4.116)

Analysis due to higher order harmonics, although more cumbersome to obtain,
can be developed in a similar manner.

4.2.3 AMto AM and AM to PM distortion

In this section, we discuss two common types of degradations, namely AM to AM
and AM to PM conversion. AM to AM conversion is a process that mainly degrades
the desired signal by amplitude modulating it with an undesired signal, thus
affecting its amplitude. Similarly, AM to PM conversion is a process that degrades
the desired signal by phase modulating the desired signal with an undesired signal,
thus affecting its phase. Both impairments can have adverse effects on the perfor-
mance of the signal.

Assume that an IM product, situated for example at 2Q; &+ Q,, resulting from a
third order nonlinearity of a given device or system due to a two-tone signal, falls
AQ Hz away from the carrier frequency, or Q.+ AQ. Given an input signal
asin(Q.7), then at the output of the nonlinear system or device, the desired signal
plus interference is given as

y(t) = asin(Qct) + I cos(Qct + AQr) (4.117)

where A is the magnitude of the desired signal and I" is the amplitude of the /M prod-

uct. Both amplitudes of the desired signal and IM product are given to be very slowly

varying and hence, for the sake of our analysis, A and I" are assumed to be constant.
The IM term in Eqn (4.117) can be expanded as

T cos(Q.t + AQt) = I'[cos Q.t cos AQr — sin Q. sin AQ] (4.118)
Substituting Eqn (4.118) into Eqn (4.117), we obtain
y(1) = [a — I'sin(AQ¢)]sin(Qct) + I' cos(AQt)cos(Q,t)

T cos(AQ) (4.119)
(@ — T sin(an) %)

[ — T sin(AQ#)] |sin(Q.1) +

Furthermore, the relationship in Eqn (4.119) can be further manipulated by using
the trigonometric identity:

T cos(AQr)

tan(¢(t)) = @ T sin(a) (4.120)
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Substituting Eqn (4.120) into Eqn (4.119), we obtain
y(t) = [a — I sin(AQ¢)][sin(Q.t) + tan(¢(z))cos(Qc1)]

{L@Qfﬂ [sin(Qer) + tan(@ (1) Jcos(Qet) Jcos (¢ (1))

cos(¢(1))
4.121)
- gsin(AQt) .
—cos(q’)(t)) o sin(Qqt + ¢(1))

Desired signal

Distortion

According to Eqn (4.121), the distortion term can be broken in terms of AM/AM
distortion and AM/PM distortion. That is, the AM/AM term can be defined as

1 — Lsin(AQr)

0 t) = |——F—— 4.122
am/am (1) cos(¢(1)) Am ( )
The AM/PM term can also be expressed as the phase distortion
San (1) = t 1| L= gsin(aQr) (4.123)
= n .
S IT0)

The AM/AM and AM/PM analysis presented thus far can be extended easily to
nonlinear memoryless linearity. Following the development presented in Ref. [6],
and given the memoryless channel model embodied in the polynomial presented
in Eqn (4.12), let the input signal be a single tone x(¢) = « cos(€2f). Using the trig-
onometric expansion of cos”(x) given in Eqn (4.237), we can express the output
signal for odd order nonlinearity as

n N1 k
yn = X (5) k—1 | B!, nisodd
2

k=1
k odd

8 B 64 6y

n—1 n
¥(1) = B 1+§1r %0(2+§ Bspp 135 Brs 4 <%> (n— 1) &a"'}COS(Ql)
1
2

(4.124)

For the sake of simplicity, if we limit the polynomial in Eqn (4.124) to third order
nonlinearity, then we can simplify Eqn (4.124) to

3 3
y(t) = {6104 +463a3}cos(Qt) = 61a{1 —1—4:(;30(2}005(90 (4.125)
1
Thus far, in our treatment of the memoryless channel, we have implicitly
assumed the coefficients {8o 81, 62, --} to be real. This assumption typically
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results in worse case degradations due to /M products and harmonics. In reality, it
is reasonable to assume that the channel coefficients are complex valued and not

necessarily real. That is, in the case of Eqn (4.125), assume that 61 = |61|ei¢1
and B3 = |B3|¢/*:. Under this assumption, the relationship in Eqn (4.125)
becomes
; 3
y(t) = |8 ] {1 += 185, 2}cos(Qt) (4.126)
416
A further expansion of Eqn (4.126) results in the output signal
‘ 3
y(t) = |6]|e/¢la{l += @a 2 cos(0) +j= @a sm(ﬂ)}cos(QI)
4 |61 7218,] —
(4.127)
Define the AM/PM conversion with respect to ¢ as
3 162 o
- 15 sin(6)
¢(1) = tan™! 1 3“”“{%' : (4.128)
T3 g cos(6) -

For relatively small values of ¢(¢), that is we can use the small angle approxima-
tion to assume that tan(¢(7)) = ¢(¢), then Eqn (4.128) becomes

3 w’}az sin(f)

1 +Z 1231012 cos(f)

Substituting Eqn (4.77) into Eqn (4.129), we obtain the general form for AM/PM
based on third order nonlinearity as

(4.129)

o? sin(6)
IIP32 + o2 cos(6)

o(1) = (4.130)

In the made-up family of curves shown in Figure 4.26 and generated according to
Eqn (4.130), it is obvious that if you increase the IIP3 value of the device or system,
you decrease the impact of AM/PM distortion as the magnitude of the signal in-
creases to near compression. Therefore, we conclude, as it is intuitively expected,
that increasing the /IP3 or linearity of the system decreases the degradation of the
desired signal due to AM/PM. The same can be said about AM/AM distortion since
both distortions go hand in hand.

The AM/PM relationship in Eqn (4.129) is similar but not equivalent to Saleh’s
model, which is generally expressed as [7]

Qa?
$la) = 14 Aa? @13D)
lim p(a) — Qo2 Q '
a— o ¥ = 1+Aa2 o A
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FIGURE 4.26

AM/PM curves for various //P3 values and 6 = w/4. AM, amplitude modulation; //P3,
input-referred third order intercept point. (For color version of this figure, the reader is
referred to the online version of this book.)

In the analysis leading up to Eqn (4.129), we employed only a third order nonlin-
earity to obtain the AM/PM model, whereas in reality, an accurate theoretical model
would encompass all higher order odd terms. The coefficients in Saleh’s model are
derived from curve fitting the data rather than the theoretical treatment presented
above and based on the memoryless model.

Next, we derive the AM/AM model based on the memoryless channel polyno-
mial. Again, for the sake of simplicity, assume a third order nonlinearity, we can ex-
press the magnitude |A| of the output signal as

¥(1) = (|A| £LA)cos(Q1) (4.132)

where £ is the phase operator and

3 273 2
|A| = |61|a\/<1 +4—L :g—iaz cos(&)) + <4_1 g—i:o@ sin(&)) (4.133)

Again, substituting the linear value for IIP3 expressed in Eqn (4.77) into
Eqn (4.133), we obtain the relation

2

A| = |,81|a\/<1 + (%)2 cos(0)>2 + ((%)2 sin(a)) (4.134)
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The degradation due AM/AM conversion then becomes:

Sanyan (@, 0) = \/(1 + (%)2 cos(a))2 n ((;}‘)3)2 sin(a))2 (4.135)

Note that for large values of «/IIP3, the relationship in Eqn (4.135) can be
simplified as

6AM/AM(a,0):\/((%>2 cos(0)>2 + <(%)2 sin(t?))2 = % (4.136)

The Saleh’s model for AM/AM on the other hand is given according to Ref. [7] as

Yo
Ala) = ————
(o) 1+ Wa? 4137
lim A() = & Y/a =0 e
amee Y T T WaE T 124w,

Note that as the magnitude of the signal increases, the AM/AM model in
Eqn (4.137) converges to zero. Although not obvious, the same is true for
Eqn (4.136) Again, as is the case for the AM/PM relationship, the parameters
Y and W are determined empirically.

At this point, a further examination of Eqn (4.137) is warranted. The ratio itself
can be expressed in terms of an infinite series as

Yo
Al) = Iy

In the event where the memoryless coefficients are real or the imaginary part is
negligible, the degradation is then purely due to AM/AM. In this case, we can relate
the channel coefficients to Y’ and ¥

= Ya{l - Wo? + V2o — Wiaf + Wb -} (4.138)

36B5,20,5685 4,358 6

Ale) = B1aq 14+—- —=a"+- —ao" +— + -
0= 46 8B 646
1 n—1 n
+ () n—1 B 1 (4.139)
2 B1
2
A direct comparison between Eqns (4.138) and (4.139) implies:
4 8 64
=Y,0; = — YW s = — —YW? 3, = — YW -
B 83 3 YW, Bs 5 67 35 By
a1 2n71 i
=(=1)2 . YW (4.140)
n—1

2
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According to Eqn (4.140), the output of the device due to third order nonlinearity
only can be expressed as

y(t) = Ya{l — Wa? }cos(Q1) (4.141)

Thus far the implication of this analysis is that AM/AM and AM/PM are indepen-
dent processes. In reality that is absolutely not true. Both AM/AM and AM/PM are
due mainly to the same nonlinear behavior in the system. The analysis above is pre-
sented for the sake of understanding both phenomena and their implications on the
system performance.

4.2.4 Receiver selectivity

The selectivity of a receiver is concerned with its ability to reject unwanted inter-
ferers in the adjacent and alternate channels, in turn allowing for successful
demodulation of the desired signal at an acceptable performance [6]. Receiver
selectivity is determined by various parameters in the receive chain, namely
filtering, linearity, and noise. The appropriate level of selectivity needed can be
quantified in terms of co-channel rejection for example. Co-channel rejection is
the ratio between the desired signal to the unwanted interferer or blocker. In FM
receivers, co-channel rejection, also known as capture ratio, is concerned with
the processing of two signals, one weak and one strong, both present at the input
of a limiting amplifier. The limiting operation tends to reinforce the strong signal
while at the same time deteriorate the weak signal, thus causing the strong signal to
capture the weak signal.

In order to determine the desired selectivity of a receiver, we begin by estimating
the maximum allowable degradation, defined as:

(4.142)

PDesired,dBm —CNR Pnoise floondBm)
0

PDegradation =10 loglo(lo 10 —

where Ppegired,dBm 18 the desired linear signal power in the presence of a blocker or
interferer and Ppeise floor,dBm 15 as defined in the relationship given in Eqn (4.60).

As discussed in a previous chapter concerning reciprocal mixing, illustrated in
Figure 4.27, consider a narrowband interferer or blocker that is considerably stron-
ger in magnitude than the desired signal at the input of the mixer. The mixer demod-
ulates both the blocker and the desired signal with the LO. The demodulation
process in the time domain results in the convolution of the phase noise of the LO
with the desired and blocker signals in the frequency domain as shown in
Figure 4.27. Any in-band spurs present in the LO signal will also impact the desired
signal quality. If the blocker signal is situated such that the phase noise degradation
is flat in the desired band, then the noise floor due to phase noise can be expressed in
the form

Pphase noise,dBm — Pblocker,dBm + L(F = AF)dBC/HZ +10 10g1o(3) —R (4.143)
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FIGURE 4.27

Reciprocal mixing of blocker and desired signal. (For color version of this figure, the
reader is referred to the online version of this book.)

where Pphage noise.dBm 1S the amount of degradation due to phase noise in the desired
signal bandwidth B, L(F = AF) is the phase noise density in the desired signal
considered for the sake of this analysis to be flat at frequency offset AF from the
LO tone. R is any possible rejection due to filtering of the blocker signal. In the linear
domain, the relationship in Eqn (4.143) can be expressed as

Pphase_noise,dBm Pplocker,dBm +L(F = AF)dBc/Hz+10 logo(B)-R

Pphase noise, Linear = 10 10 =10 10 (4.144)

Next, we consider the intermodulation product due to the incoming blocker at the
input of the mixer with an LO spur expressed in dBc/Hz. The spur power at the
output of the mixer is given accordingly as

Pspur,dBm = P, ,dBm + Pspur,dBe (4.145)

Given a certain mixer //P3, then according to Eqn (4.82) the power due to the IM
product is given as

Py, aBm = 2PLO Spur,dBm + Polocker,dBm — 2P11p3 dBm (4.146)

where we have assumed that the in-band IM frequency is 2FLo spur — FBiocke- In the
linear domain, the power of the IM signal is

Pt linear = 10F 3.8 — 1 (2Pro spur.aBmTPiocker.agm —2P1p3 aBm (4.147)
3, :

The blocker signal power for a certain degradation can then be determined as

= 10

Polocker.dBm L(F = AF)dBc/Hz+10 log)(B)—R PLO SpurdBm —2P11P3 dBm PDegradation
1 0 10 + 10 10 10

(4.148)
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A further simplification of Eqn (4.148) implies

PDegra(lalion
10

Pylocker,dbm = 10 lOgIO 10L(F:AF)dBc/H7+]() log((B)—R

(4.149)

PLO Spur,dBm —2P1IP3 dBm
10 10
The selectivity of a direct-conversion architecture would be expressed as the dif-
ference between the blocker signal in dBm minus the desired signal power or

Selectivitygg = Pblocker,dBm - Psignal,dBm (4.150)

The selectivity of a dual conversion receiver would involve the second mixer phase
noise and spurs as well as any filtering of the blocker signal in between. This will
become apparent when we discuss dual conversion receivers in a Chapter 8.

4.2.5 Image noise, image rejection, and mixers

Consider a nondirect conversion receiver where the mixer is not designed to reject
the image frequency, as depicted in Figure 4.28. Let us first present the problem of
image noise and then discuss the remedies. Assume for the moment that the mixer in
Figure 4.28 is intended to down-convert a signal Xgg,q/(f) = A(f)cos(Q.t) from a
certain RF band to an intermediate /F' Q;r where A(f) is the desired signal centered
at Q.. Likewise, assume that there exists an interfering signal or simply noise at the
RF band X;jage(t) = B()cos([Q:+2€r]f) where B(¢) is the interferer or noise and is
centered at Q. 4 2Q;r. So far we have not given a reason as to why it is relevant for
the interferer or noise to exist at this particular frequency.

Image band Desired signal band Image band Desired signal Image
IF
RF k W k W - >< %
Fipuge= £~ 2Fy F, Finsgi= E +2Fye XD Fyp
BPF

FLO

LO
FIGURE 4.28

Image band folding onto the desired signal band after mixing. /F, intermediate frequency;
BPF, bandpass filter; RF, radio frequency. (For color version of this figure, the reader is
referred to the online version of this book.)

First, let us consider mixing the signal in the desired RF band by the LO signal
xro(t) = I'cos(Qrpt), where T is the magnitude of the LO signal, we obtain
xsignal(t)xLO(t) = A(Z‘)F COS(QCt)COS(QLOI)

4.151
- A(;)F {cos([Qc + Qrolt) + cos([Qc — Quolr)} e
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Define the IF simply to be Q;p = Q. — Qro. Of course, depending on the fre-
quency plan, we could’ve chosen € to be Q. — €y o but for the sake of this analysis
it does not make any difference which IF we pick and hence we picked the former. In
this case, the LO frequency can be expressed in terms of the IF simply as
Qro=Q, — Q;r and hence Eqn (4.151) becomes:

A()T
2

Assume that the bandpass filter shown in Figure 4.28 to be centered at the /F and
hence for the sake of this discussion perfectly rejects the signal at 2Q. — Q;, then
the remaining signal at its output is simply:

xsignal(t)xLO(t) = {COS([ZQC - QIF}I) + COS(QIFI)} (4.152)

—~

xsignal(t) = xsignal(t)xLO(t) * h(t) =

A(;)F cos(Qyrt) (4.153)

Next we apply the same down-conversion analysis presented above to the image
signal X;ynqge(?):
ximage(t)xLo(t) = B(I)F COS([QC + ZQ[F]I)COS(QLot)

(Or
2

=

{COS([QC + 2Qur + QLo]I) + COS([QC +2Qir — QLo]t)}
(4.154)
Substitute Q7o = Q. — Q; into Eqn (4.154) we obtain:

Ximage (1)XL0(1) = @ {cos([Qc + 2Qr + Q¢ — Qyr|t)

+cos([Q + 2Qr — Q¢ + QuFlt)}

B(1)I"
= % {cos([2Q. + QF|t) + cos(Qyrt) } (4.155)
At the output of the bandpass filter of in Figure 4.28, the down-converted image
signal simply becomes:

~ B(t)T
2

ximage(t) = ximage(t)xLO(t) * h(t) =

cos(Qyrt) (4.156)

The filter image noise or interferer as presented in Eqn (4.156) implies that at the
output of the bandpass filter both filtered signal and interferer coexist in the same
band, that is:

[A() + BT
2

Note that similar analysis can be performed for the Fjq0, = Fc — 2FF case.

Thus far, it has been shown that the unintended consequence of nonimage reject
mixers is to down-convert two frequency bands onto the same /F band thus adding
noise or interference on top of the desired signal. Of course, this discussion has

/)_C\signal(t) +?image(t) = COS(QIFI) (4.157)
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excluded any noise due to the LO. In the event where a properly matched image-
reject filter precedes the mixer, there will, in theory, be only thermal noise at the
image frequency provided that the filter has sufficient rejection in the image band,
as shown in Figure 4.29. Assume for the moment that the mixer does not contribute
any noise of its own, then the noise present at /F' due to mixing is the noise present in
the signal band plus the noise present in the image band as illustrated in Figure 4.29.
Furthermore, assuming no gain variations across the signal and image noise bands at
RF, the SNR at the output of the mixer is 3 dB lower than the SNR at the input of the
mixer. In this case, the theoretical mixer has a 3-dB noise figure! This case is known
as the single sideband (SSB) noise figure. This is commonly the case in nondirect
conversion or heterodyne receivers.
In direct conversion receiver the /F is zero. That is

Fimage =F.x 2F[F|F,F:OEFC (4.158)

The relationship in Eqn (4.158) implies that the image noise is the same noise as the
noise that exists in the signal band, and hence for the theoretical mixer of Figure 4.29,
the SNR at the input mixer is the same as the SNR at the output of the mixer. In this
case that is relevant to direct conversion receivers, the noise figure of the mixer is O dB.
This noise figure is termed as the double sideband (DSB) noise figure of the mixer.
The DSB noise figure is 3 dB lower than the SSB noise figure provided that both
image and signal bands experience the same gain at the RF port of the mixer.

RF

|
@

Image-reject
filter

FIGURE 4.29

Signal and image noise folding into /F. /F, intermediate frequency; RF, radio frequency.
(For color version of this figure, the reader is referred to the online version of this book.)

At this juncture, it is seems appropriate to discuss some of the key parameters of
the mixer. We define the conversion loss of a mixer’ as the ratio of IF power to RF
power, or

7Also known as single sideband (SSB) conversion loss since the measurement is done at the chosen /F,
which is either the sum of the LO and RF frequencies or their difference.
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Pir
Pconversion loss = 101ogy <P_RF> (4.159)

where Pjp is the IF output power and Pgp is the available RF input power. Often
times, a mixer is specified by its conversion gain, which is none other than the nega-
tive of the conversion loss. In its simplest forms, the conversion loss of a mixer is
related to the LO power level as can be deduced from the analysis above. Given
the theoretical mixer model used thus far, we see that the conversion loss is directly
related to the LO power. For this model, decreasing the LO signal power serves to
increase the conversion loss of the mixer. The LO drive level varies between
6 and 22 dBm for a double-balanced mixer. Single-balanced and double-balanced
diode mixer circuits are shown in Figure 4.30. Mixer design, however, is not just

ndul 4y
jndino 4/

[

IF output

\H—~«

RF input

(b)

FIGURE 4.30

Single- and double-balanced mixers: (a) single-balanced and (b) double-balanced. /F,
intermediate frequency; RF, radio frequency.
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constrained to diodes. Schottky diode mixers are used when high performance
mixers are desired. On the other hand, GaAs FETs and CMOS transistors are
used in mixer design where cost, not performance, is the main driver.

In both balanced mixers, the LO signal is differential. If the RF-input connection
in the mixer is single ended, then the mixer is said to be single balanced. If the RF
signal on the other hand is differential, the mixer is said to be double balanced [8].
For a given power dissipation, single-balanced mixers tend to be less prone to input
referred noise than double-balanced mixers, while the latter has less even-order
distortion, thus reducing the impact of the half /F distortion.

The noise figure of the mixer is usually equal to or greater than the conversion
loss. In practice, the conversion loss depends on the load of the input RF circuit
as well as the impedance at the output-IF port. For a typical diode mixer, it is desired
that A(r) x I = 1, then according to Eqn (4.153), the conversion loss or more pre-
cisely the power conversion loss® is

Pir 1\*
Pconversion loss — 10 loglo <PRF> = 10 loglo <2) = — 6 dB (4160)

Of course, we need to stress that this conversion loss is relevant to a typical diode
mixer.

At this point, it is warranted to discuss other important system parameters con-
cerning the mixer. Isolation between ports dictates the amount of LO power that
leaks back to the RF port in the receiver or IF port in the transmitter. Conversion
compression is a measure of deviation of the RF input power from linearity by a
certain quantity defined in dB. Most notably in this case, as discussed earlier, is
the 1-dB CP. The 1-dB CP implies that the conversion loss increases by 1 dB.
The dynamic range of the mixer is also of interest. It defines the range of RF input
power for which the mixer performance is acceptable. The lower limit of the dy-
namic range is set by its noise figure and the upper limit by its 1-dB CP. The IIP3
of the mixer is another figure of merit that defines to a great extent the upper limit
of the dynamic range of the mixer and is directly related to the 1-dB CP. Finally, the
LO drive level or power is the necessary LO power needed in order for the mixer to
perform the mixing operation. In order to reduce the distortion, certain mixers oper-
ate at higher power levels requiring more than a single diode in each arm of the
mixer and consequently requiring higher LO power.

At this point, it is necessary to expound on the nature of the LO signal itself. In
most practical implementations, the LO signal itself is a square wave signal rather
than a sinusoidal signal. The desired effect of mixing the RF' down to baseband or

8There is also a voltage conversion loss (or gain) defined as the ratio of the rms voltage signal at
IF to the rms voltage signal at RF. The voltage conversion loss is equal to the power conversion
loss if the input impedance and the load impedance of the mixer are both equal to the source
impedance [8].



4.2 Memoryless nonlinear systems 229

IF is more or less the same. In a single-balanced mixer, the LO signal can be
modeled as a switch that toggles between a certain positive signal V;p and DC,
as shown in Figure 4.31(a). For a 50% duty cycle signal, and Vo =1V, then the
Fourier transform of the LO signal is given as

xpo(f) = Z (9) cos(2mnt/T) (4.161)

nm
2

l\.)lH

where T is the period of the square wave. The relationship in Eqn (4.161) contains a
DC term, the fundamental term at 1/7, and all the odd harmonics scaled by 1/n from
the fundamental. It does not contain any even harmonics. Modulating the desired
signal Xgignai(t) = A(t)cos(€2:f) in a manner similar to Eqn (4.152) results in the
output signal

. nm

1 e Sln(—)

xxignal(t)xLO(l)}Qw:zﬂ/T = A(I)COS(QJ) §+ ZTWZCOS(QLont)
n=1 7
1
xsigmzl(t)xLO(t)’QLOZZW/T = EA(I)COS(QCI‘)
n(3)
© SN —
+ A1) S 2t cos(Quont)eos(Qet)  (4.162)
n=1 —
2

The first term in Eqn (4.162) is the RF term at the desired signal frequency. The
subsequent terms occur at sums and differences of the LO frequency and its odd har-
monics and the desired signal’s center frequency, that is Q.+ nQ;o for n odd.

+Vio LO

t +VRr O>$

ov Load
(a)

+Vio 0 =
oV ,,,,,,,,,,Wﬁ,,,,,,ﬁt, Ty
-V
LO Ve o
(b) Load
FIGURE 4.31

Single-balanced versus double-balanced mixer models: (a) single-balanced, and (b)
double-balanced. RF, radio frequency.
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Mathematically, there is no LO-only component in the resulting output signal of the
mixer. However, LO leak through typically results due to poor isolation between the
LO and IF or DC port.

In order to suppress the RF signal in Eqn (4.162), the DC component must be
removed from the LO spectrum in Eqn (4.161). In this case, a double-balanced mixer
is employed. In theory, a double-balanced mixer allows the RF signal to pass through
for half a cycle and the negative of the RF signal for the other half as shown in
Figure 4.31(b). The Fourier transform of the LO signal can simply be expressed
via the relationship:

xro(t Z — ) cos (2mnt/T) (4.163)
— 2

The added complexity of the double-balanced mixer is a small price to pay in
comparison to the improvement in intermodulation suppression and low conversion
loss. The high linearity and low noise result in an improved dynamic range. Unlike a
single-balanced mixer, where the diodes are either on or off, in a double-balanced
mixer half the diodes are usually turned on while the other half are turned off during
half a cycle and vice versa during the other half depending on the polarity of the LO
signal. The LO to IF port isolation is usually poorer in a double-balanced mixer than
it is for a single-balanced mixer.

Furthermore, mixers can be classified as either passive or active. Passive mixers
do not offer any gain while maintaining high nonlinearity. Active mixers, on the
other hand, offer some gain thus reducing the overall noise contribution in the cir-
cuit. Therefore, in its simplest term, an active mixer is a mixer that can amplify
the signal to be up- or down-converted using DC power. Therefore, Schottky diode
mixers are said to be passive mixers, while transistor-based mixers such as MESFET
or BJT-based designs are said to be active.

Finally, we address the image reject mixer. Recall that image rejection is not a
problem in direct conversion receivers since the IF is simply zero. Furthermore,
we have addressed image rejection by placing a bandpass filter in front of the mixer
as shown in Figure 4.29. However, in order to provide sufficient rejection, the IF
must be really high in order to place the image as far away from the carrier as
possible. Furthermore, the image reject filter must have sufficient bandwidth to
pass all the desired channels in the band. A further complication of low IF is the
high quality factor that it imposes on the filter design. An image reject filter is an
off-chip filter that must be matched to 50 Q. An alternate solution to filtering the im-
age is to use an image reject mixer. An image reject mixer cancels the unwanted im-
age by manipulating the signals. In this section, we will present two image reject
mixers based on the Hartley and Weaver architectures as shown in Figure 4.32.
The basic premise of an image reject mixer is to split the signal into two nodes
whereby the desired signal is combined with the same polarity whereas the image
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FIGURE 4.32

Image reject architecture, (a) Hartley architecture, and (b) Weaver architecture. /F,
intermediate frequency; RF, radio frequency. (For color version of this figure, the reader is
referred to the online version of this book.)

signal with opposite polarity such that when the signals are combined at /F the
image cancels out.

First, let us consider the operation of the Hartley architecture depicted in
Figure 4.32(a). The incoming RF signal xpp(?) = Xsignai(t) + Ximage(t) is comprised
of the desired signal as well as the image signal split into two components.
The in-phase component is down-converted by the LO, lowpass filtered, and then
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phase shifted by 90°. Similarly, the quadrature component is down-converted by the
LO signal and then lowpass filtered. Finally, the in-phase component is added to the
quadrature component thus allowing the desired signal to pass through and suppress-
ing the image signal.

To further expand on the previous discussion, consider the desired and image
signal x(f):

x(t) = xsignal(t) +ximage(t)

(4.164)
=A COS(QRFI) + B cos (Qimaget)

where A is the magnitude of the desired signal and B is the magnitude of the image
signal. Similarly, Qg is the frequency of the desired signal and ;. is the fre-
quency of the image signal. The desired signal frequency is related to the image
frequency as

Qrr — QLo = QLo — Qimage (4.165)

The in-phase component in Figure 4.32 is down-converted by the LO signal,
and using the trigonometric identity in Eqn (4.230), we obtain:

R
[ .
. |C| Voutput1
Shift by
900 V/nput
) a— -
R J» Vou(putz
C i|j
FIGURE 4.33

Shift by 90° circuit as shown in Ref. [8].

[(l) — x(l‘)Sin(QLOI) = [A COS(QRFI) + B cos (Qimaget)]Sin(QLot)
_ %‘{sin[(gw + Qpp)t] + sin[(Qro — Qrr)i]}

42 {sin[(Qe0 + Qunage)r] + 5n[(Quo — Quage)i]} (@.166)
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The signal I(¢) in Eqn (4.166) is then lowpass filtered resulting in the components
sin[(Qro + Qrp)t] and sin[(Qro + Qinage)?] t0 be theoretically suppressed, then
Eqn (4.166) becomes:

—~

A B
1(t) = Esin[(QLo — Qrp)t] + Esin[(QLo — Qimage)1] (4.167)

Using the identity expressed in Eqn (4.239), the relation in Eqn (4.167) can be
rewritten as:

—~

A B
1(t) = — sin[(Qgrr — Qro)1] + Esin[(QLo — Qimage)1] (4.168)

The resulting signal 7(t) is then phase shifted by 90° via the RC circuit depicted
in Figure 4.33 to obtain according to Eqn (4.240)

— A B
I 290 (1) = 4= cos[(Qrr — Qo) — ECOS[(QLO — Qimage 1] (4.169)

A more practical approach to obtain a phase shift by 90° is to implement a +45°
phase shift in the in-phase path and a —45° phase shift in the quadrature path
as explained in [8]. Hence, a simple RC circuit is placed in the in-phase path and
a simple CR circuit in the quadrature path as shown in Figure 4.34.

Next, we turn our attention to the quadrature component. The signal is down-
converted by the LO to obtain:

0(1) = x(t)cos(Qrot) = [A cos(Qrrt) + B cos(Qimaget) | cos(Qot)
= 2 {cosl(Qo + Qur )] + cos( Qe — o))

B
) {cos[(QLo + Qimage)1] + c08[(Qimage — Q10)1] } (4.170)

The quadrature signal in Eqn (4.170) undergoes ideal lowpass filtering to obtain:

~ A
Q(l‘) = ECOS[(QRF — QL())[} + gcos[(Qimage — QLo)l‘} “4.171)

c
\
\

. . . \
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[Ou— R

In-phase path Quadrature path

FIGURE 4.34
Basic RC and CR phase-shift circuits.
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Finally, adding the result in Eqns (4.169)—(4.171) we obtain:

—~

~ A B
I £o0°(t) + O(1) = ECOS[(QRF —Qro)t] — 5 cos [(QL0 — Qimage)1]
A B
+ Ecos[(QRF — Qo) + Ecos[(Qimage —Q0)1]
=A COS[(QRF — QLo)t] 4.172)

It is obvious that Eqn (4.172) is free from the image component of the signal.
However, this is only true if the in-phase and quadrature paths are perfectly
balanced. Any imbalance will create partial cancellation in the image. The imperfec-
tions are mainly due to the mixing process, inaccuracy in the resistor and capacitor
parameters, as well as temperature variations.

In order to quantify the amount of image rejection, the image-reject ratio (IRR) is
used as a metric:

Desired signal level

IRR = (4.173)

Image signal level

A derivation of the image reject ratio is found in Appendix B. Having said that,
the amount of image rejection supplied by the mixer and coupled with front-end
filtering, and provided we use high IF, could be sufficient depending on the image
rejection dictated by the required performance. Furthermore, proper nonlinearity
analysis of the mixer, which involves a weak received desired signal and a strong
LO signal, cannot be accurately performed using the techniques presented above.
For this reason, engineers resort to more sophisticated techniques such as har-
monic balance, presented in Appendix C, to provide more accurate analysis of
the circuit.

In order to mitigate the problems associated with the phase shift, we turn
our attention to an alternate architecture, namely the Weaver architecture. In
the Weaver architecture, a second quadrature mixing stage replaces the 90°
phase shift. After the first down conversion by ; and lowpass filtering, the
in-phase component is down-converted a second time by ; such that Q, < Q
to obtain:

I(t) = 7(t)sin(ta) = %sin[(!h — Qgp)1]sin(Qo1)
+ gsin[(gl - Qimage)t] sin(Qo1)
= %{COS[(Ql — Qrp — Qz)l] — COS[(QI — QpF + QZ)I]}

B
+ " {COS[(Ql — Qimage — Qz)t]

— cos[(Q1 — Qungge — X)1] } (4.174)
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Next, consider the quadrature component and examine the signal after it has
undergone the first down-conversion, lowpass filtering, and then the second down-
conversion:

(1) = Or)cos(Qur) = %‘cos[(QRF — Q1)rlcos(Qat)

B
+ Ecos[(Qimage — Ql)t] cos(Qpt)

= %{cos[(QRF — Q1 + Q)] + cos[(Qrr — Q1 — )]}

B
+ 1 {cos[(Qimage — Q)+ Qz)t] + cos[(Qimage — Q) — Qz)t]}
4.175)
Subtracting the relation in Eqn (4.174) from Eqn (4.175), we obtain:

8 A B
o) —1I(t) = Ecos[(QRF — Q) — W)t + Ecos[(g,-magf —Q — )1 (4.176)
Define the IF as:

Qi = Qpr — Q1 — Q0 = Q1 + Q) — Qiage (4.177)
Substituting Eqn (4.177) into Eqn (4.176), we obtain:

o) —1I(t) = %cos(th) + gcos[(gh + Q) — Qur)t (4.178)

The choice of Q; and Q; is not unique, however, it does present a secondary
image problem as evident in the right hand of Eqn (4.178). To eliminate this prob-
lem, bandpass filters may be used in lieu of lowpass filters. However, this would
imply filtering off-chip thus leading to more complexity in the design. Like the Hart-
ley architecture, the weaver architecture suffers from any imbalance present between
the in-phase and quadrature paths. Any gain and phase mismatch implies less than
perfect image rejection. Both architectures depend on good layout techniques in or-
der to ensure optimum matching. A further complexity of the Weaver architecture is
the need for a second LO frequency.

4.2.6 Able-Baker spurs and intermodulation products

In order to understand how Able-Baker spurs are generated, let us consider the input
signal in Eqn (4.164). Substitute Eqn (4.164) into the nonlinear memoryless polyno-
mial provided in Eqn (4.12), we obtain:

y(t) = i B (t) = Bo + Brx(t) + Bax?(t) + B3> () + -+

n=0 x(1)=A cos(Q;1)+B cos(Q,1)
Bo + B1{A cos(Q1) + B cos(Qa1)} + B2{A cos(Qi1) + B cos(Qa1)}?

+ B3{A cos(Q1) + B cos(Qa1)}> + - (4.179)
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Table 4.4 Polynomial Expansion Using Eqn (4.180)
ny=0 n,=0 nq+n,=n%2 Expression
0 0 Not valid N/A
0 1
1 0 ol
0 2 0+2 0!_21 x B? cos?(Qpt) = B? cos?(Qpt)
2!
1 1 1+1 WA cos(Q1t) x B cos(Qat)
= 2A cos(Q4t) x B cos(Qot)
|
2 0 241 ;—('J'AZ cos?(Q4t) x 1 = A? cos?(Q1t)

The frequencies of the two-tone input signal x(¢) are generic expressed as Q; and
2. The two-tone input signal can be used to model an RF input signal mixed with an
LO signal. If it is desired to predict the IM products due to two or more RF input
signals mixed with an LO signal, a multitone signal must be used. If we assume
the mixer, or for that matter any nonlinear memoryless device, to possess all the
nonlinear components in Eqn (4.179), then a generalized formula is needed to pre-
dict the spur locations due to intermodulation or harmonics and roughly their respec-
tive levels. To do so, let us examine the relation {A cos(Q?) + B cos(Q51)}", which
according to Eqn (4.241) can be expressed as:

|
{A cos(QI[) + B COS(Q2[)}n = Z %AHIB"2 cos™ (Qlt)cos’” (Qzl‘)
ning:
ny,ny >0 B
ni+n;=n
(4.180)

By way of a very simple example, let us compute {Acos(Q;f) + Bcos(Qa1)}? as
shown in Table 4.4 using the relation in Eqn (4.180) to further illustrate the notation.

For n; and n; even, the relationship in Eqn (4.180) can be further expressed with
the aid of Eqn (4.236) as

!
{A cos(Qf) + Beos(Qt)}' = > 1'1 JA™ B cos™ (Qt)cos™ (Qat)
>0 niing.
ni+n;=n

Il
Y
N | —
N——

3
L
=
5 S
N—-

b

K

o

N

n—1

2
x Z (rlll )COS[((nl - 21)91 + i’lQQz)l] 4o

=0

(4.181)
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According to Eqn (4.181), it can be shown that in general a spur has the form:

A B Coy oty c0s[(K1Q1 £ ko) 1 0.y (4.182)

ky = 0--ny

where Cj, nyk, &, 18 @ coefficient that can be computed via Eqn (4.181). The rela-
tionships in Eqns (4.180) and (4.181) show that higher order IM products tend
to be more suppressed than lower order ones. These relationships, however, may
be used to predict the power suppression trends of certain IM products rather
than exact powers. For that specific purpose, intermodulation tables could be
used to predict the theoretical IM levels [9,10]. In reality, however, either more
accurate design models based on empirical data or measurements in the laboratory
are utilized to predict the IM products accurately. The problem becomes more
complicated when a multitone input signal is used. Although predicting the IM
levels is not a trivial task, the prediction of the /M frequency remains a simpler pro-
cedure. Mixing a multitone input signal with the LO frequency results in /M prod-
ucts centered at:

Q= £k1Q) £ hkoQy + -+ £ knQy + k1oQuo (4.183)

Predicting the location of the /M products that occur in band may be done using
any number of commercially available software such as SpurFinder™.” A spur or IM
chart using this software is depicted in Figure 4.35. For two-tone analysis, the spurs
and IM frequencies are given according to the general relation [11]:

Fir = mFrp + nFrpo,m,n are integers (4.184)

That is, the IF is produced by a certain combination of the input RF frequency
and the LO.
Normalizing Eqn (4.184) by the IF leads to the relation:

Frr Fro
n_Lo

= 1,m,n are integers (4.185)
Fip Fir

The formula in Eqn (4.185) can be used to construct a spur chart such as the
one described in Figure 4.35. Based on Eqn (4.185), the desired IF occurs when
|m| = |n| = 1, and hence at the output of the mixer, the desired response, based
on first harmonics mixing, is either cos(Qrr + Q1) or cos(Qrr — Qo). All other
IM products are not desirable and must be minimized via filtering or by design to
acceptable levels. If an undesired IM product is in band and cannot be filtered out,
then its level must be sufficiently low in order to meet the system’s specifications.
If that is not the case, then the designer is obliged to choose a different frequency
plan. As a guiding principle, one must avoid in-band low-order IM products due to
their large signal strength levels as projected by Eqn (4.180).

9SpurFinderTM is a graphical-based frequency planning tool that plots spurious frequencies.
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FIGURE 4.35

Spur chart obtained using the SpurFinder Software™: RF versus LO plot. RF, radio
frequency. (For color version of this figure, the reader is referred to the online version of this
book.)

EXAMPLE 4.4 CONSTRUCTION OF SPUR CHARTS

This is a rhetorical and very simplified example concerning the use of spur charts. A spur chart
is a tool that a radio designer can use to develop a suitable frequency plan for his or her
transceiver. The goal is to understand the utility and underlying principles of spur charts. In
the following, all degradations other than /Ms and spurs will be ignored.

Given an RF tone at 400 MHz that needs to be demodulated to an /F of 100 MHz using a
300 MHz LO. Using Eqn (4.185), draw the spurs (1 x —1), (2 x —1), and (3 x —1). In a like
manner, draw (1 x 1), (2 x 1), and (3 x 1). What is the impact of the (4, —5) spur?

Next, consider a 20 MHz signal at 600 MHz RF. The signal is down-converted to 100 MHz
IF. Assume that the /Ffilter is a 100-MHz-wide bandpass filter. What is the impact of having
such a wideband filter? What is the impact of replacing the 100-MHz filter with a 50-MHz
bandpass filter centered at /F?

Using the relationship in Eqn (4.185), it is obvious that

E_@_@_@_l (4.186)

Fr Fr 100 100

That is, Eqn (4.185) is true for (1 x —1). The spurs for (1 x 1), (1 x £2), (1 x £3), and
(4 x -5) are depicted in Figure 4.36. According to Figure 4.36, spur (4 x —5) intersects
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EXAMPLE 4.4 CONSTRUCTION OF SPUR CHARTS—cont'd

FIGURE 4.36

Spur chart for (1, +£1), (1, £2), (1, £3), and (4, —5) spurs. /F, intermediate
frequency; RF, radio frequency. (For color version of this figure, the reader is
referred to the online version of this book.)

(1 x =1). That is, spur (4,-5) appears at the /F and will degrade the quality of the desired
signal. This can be verified simply using Eqn (4.185), that is

FRF FLO _ 4 x 400 5 x 300 -1 (4.187)

Fr Fr 100 100

Continued
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EXAMPLE 4.4 CONSTRUCTION OF SPUR CHARTS—cont’d

Note that, although we have used Eqn (4.185) to construct Figure 4.36, the coordinate axis
used FrA Firand Fio/Firis not unique. This chart depicts the impact of changing the RFand
the LO while keeping the /F fixed.

Next, down-converting the 20 MHz signal from 600 MHz RF to 100 MHz /F implies that
the LO frequency for this example is 500 MHz as shown in Figure 4.36. In order to assess
the impact of having a 100-MHz-bandpass filter, let us draw a 100-MHz square centered
at the locus point, that is the point on the (1 x —1) line that corresponds to 600 MHz RF and
500 MHz /F. The square is represented with a dashed line. It is graphically apparent that
choosing a 100 MHz filter allows for degradation due to the (4 x —5) spur. This is true since
the spur line intersects the 100-MHz dash-lined square representing the 100-MHz-band-
pass filter. This can be numerically verified using Eqn (4.184) and an interferer say at
625 MHz as:

Flax-s) = 4Frr — 5Fi0
m=4,n= -5
=4x625-5x475 = 125 MHz

that is well within 10050 MHz. Using the 50-MHz-wide filter on the other hand, depicted
graphically as a solid square, shows that the impact of the (4 x —5) spur becomes peripheral.
Therefore, with the aid of a well-populated spur chart, one can easily visualize the spurs and
envision the frequency plan and the impact of the chosen filter bandwidths.

Other instantiations of the spur graph in Figure 4.36 will be to plot the spurs given the axis
Fre Froand Fid Fro, for example. In this case, one may observe the impact of the spurs as the
IF and filter bandwidths vary.

(4.188)

Thus far, we have assumed that the spurs are comprised of single tones. The RF
input signals to the LO may be broadband. In this case, given two input signals to a
nonlinear device x;(f) + x»(f), then the output signal due to first order nonlinearity,
for example, is simply:

y(t) = CLixi(Nx(t) = Y(Q) = C11X1(Q) * X2(Q)

oo

C11X1(Q) * X2(Q)=Cy ) / X1(8) * Xo(Q — §)dt

— 0

(4.189)

where C; is a constant due to first order nonlinearity. Higher order nonlinearities
can also be expressed as:

Y(1) = G (1)35(1)

Y(Q) = Coun X1(Q) x X1 (Q) % X1 (Q) *X2(Q) * X2(Q)-++ x X5(Q)  (4.190)

m—times n—times

where C,, , is a constant. Both Eqns (4.189) (4.190) show that a certain bandwidth
expansion takes place when the input signals to a nonlinear system exhibit a certain
bandwidth larger than 1 Hz. Therefore, in the case of Eqn (4.189), for example, if
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x1(¢) has a bandwidth By, for example, and x,(¢) has a bandwidth B,, then the result-
ing IM signal has a bandwidth that is the sum of B + B,.

4.2.7 Frequency multipliers and dividers

For certain frequencies of operations, for example, millimeter waves, it becomes
difficult to build fundamental frequency oscillators that exhibit acceptable perfor-
mance in terms of stability and noise characteristics,'” Instead, a common approach
would be to generate with the aid of a frequency multiplier a harmonic of the fre-
quency oscillator. Frequency multipliers are also used to generate harmonically
related signals used as building blocks in synthesizers.

A frequency multiplier is a nonlinear two-port device that takes in a single-tone
input, for example, x(f) = A cos[Qt + ¢(#)] and produces an output tone of the form:

y(t) = Bcos(M[Qt + ¢(1)] + 0) (4.191)

where M is an integer. For M =2, the device is called a frequency doubler, and
for M =3 it is called a frequency tripler. The phase 6 is a variable independent
of time.

There are two parameters of interest in Eqn (4.191), namely the phase () and
the ratio between the output and input signal amplitudes. From our study on phase
noise, if the phase ¢(¢) represents the phase noise of the input signal, then the output
signal exhibits the same phase noise spectrum multiplied by 20 logo(M). Thus, a
frequency doubler will increase the phase noise by a factor of roughly 6 dB whereas
a frequency tripler will increase the phase noise by a factor of 9.54 dB. Obviously, in
a divider, the theoretical effect is exactly the opposite. The ratio between the output
and input amplitude is referred to as the conversion gain or loss depending on
whether one employs an active device using MESFET or HBT, for example, as
opposed to using a passive device such as a diode. A single-diode frequency multi-
plier is shown in Figure 4.37 whereas a conceptual frequency multiplier based on an
active device is depicted in Figure 4.38.

=~ v

Vs (1) = Beos(M [ 27F,t+9(1) ] +6)

«“

A
|
l
v,

Vi (1) = Acos (2 Ft + (1)) Lowpass Bandpass filter
filter centered at F,

FIGURE 4.37
Passive frequency multiplier using single diode.

0The performance of solid state oscillators declines as a function of increasing the fundamental fre-
quency of the oscillator. Therefore, designers rely on high-performance low-frequency oscillators
followed by frequency multipliers to achieve the desired frequency.
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Input- Output-
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two-port two-port
network network

FIGURE 4.38

Active frequency multiplier with T-biased network.

Passive multipliers are simple and reliable. A passive multiplier is classified as
resistive or reactive. The nonlinear element from which the various frequency har-
monics are produced is typically a diode. The conversion loss can be compensated
for using an amplifier in cascade with the multiplier circuit. Resistive multipliers
have in theory infinite bandwidth [12]. This is true since resistive nonlinearities
tend to be frequency independent. In this case, the bandwidth limitation is mainly
due to the matching circuits [13]. Based on the Manley—Rowe relation [14,15],
when a single-source frequency is used, a reactive multiplier satisfies the relation:

> Py=0o0r Y P,=P (4.192)
m=1 m=2

where P,, represents the average power of the mth harmonic. The average power at
DC or Py is zero whereas the power of the first harmonic P; > 0 since it represents
the average power delivered by the source. Terminating all the harmonics except the
mth harmonic with lossless reactive loads results in the ratio

Py,

= (4.193)

The implication, in theory, of Eqn (4.193) is 100% conversion efficiency. In prac-
tice, however, losses due to the matching circuits as well as the diode degrade the
conversion efficiency by a significant amount.

The Manley—Rowe relations are not applicable for resistive multipliers using
Schottky-barrier detector diode. This is true since a resistive multiplier is not loss-
less. Accordingly, it can be shown that

> mPy >0 (4.194)
m=0
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Terminating all the harmonics except the mth harmonic implies that according to

Eqn (4.194)
Pi +M*P,, >0 (4.195)
or alternatively
Py, 1
S <— 4.196
Py — M? ( )

Hence, the relationship in Eqn (4.196) demonstrates that a frequency multiplier’s
efficiency diminishes as a function of the square of the multiplication value M.
Resistive multipliers become unpopular for high values of M as compared to reactive
multipliers. Having said that, resistive multipliers tend to be more stable and operate
at higher bandwidth than their reactive counterparts. Diode frequency multipliers
can be improved upon by employing two diodes in balanced configuration, thus
increasing the output power and improving the input impedance characteristics of
the multiplier. The particular configuration of the diodes could lead to the rejection
of all even or all odd harmonics [16—18]. A balanced frequency doubler configura-
tion is shown in Figure 4.39. The purpose of the 180° coupler is to drive the two dou-
blers with out-of-phase input signals. The doublers’ outputs are then combined in
phase, resulting in the fundamental and all odd harmonics to cancel out. The second
harmonic and consequently all even order harmonics combine in phase. The input
and output are thus isolated with the use of filters. The output power is obviously
3 dB higher due to coherent combining.

Next, we briefly turn our attention to frequency dividers. Frequency divider cir-
cuits are numerous and varied in design [11]. In this section, we will concentrate on
regenerative dividers. The other type of divider relies on a phase-locked loop
approach and is known as an oscillating divider. Regenerative dividers are based
on passive circuits whereby the input signal at the fundamental frequency is divided
in frequency to produce a signal at the desired fractional frequency. An example of a

— Doubler

—— Doubler

i (1) = Bos (201 +24 (1) +6)

L V,,W(t):Acos(QHqﬁ(t))
FIGURE 4.39

Balanced frequency doubler configuration.
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/—\/ ZX /\/ ! GE Bcos[nf;,t +IDT() +6 J
X X !
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centered at Fy centered at %2F,
FIGURE 4.40

Passive frequency divide-by-2 using single diode.

regenerative divide-by-2 frequency divider is depicted in Figure 4.40. The reverse-
biased diode acting as the nonlinear element is responsible for generating the desired
subharmonic frequency. In [19], a balanced frequency divider configuration is pre-
sented using a balun.

Frequency multipliers and dividers usually involve very strong input signals and
hence, in most cases, simple nonlinear techniques won’t suffice to perform the anal-
ysis. In such scenarios, engineers resort to more advanced techniques such as har-
monic balance, presented in Appendix C, to analyze the circuit.

4.3 Nonlinearity systems with memory: the Volterra series

In our analysis thus far, we have relied on the Taylor series expansion to analyze
weakly nonlinear systems. However, a major drawback of Taylor series—based anal-
ysis techniques is their inability to model memory effects in the circuit. That is, the
Taylor series can be used to analyze weakly nonlinear systems whose output strictly
depends on the input signal at a particular time. In order to analyze the output of a
nonlinear system at all other times, a new analysis tool is needed. Norbert Weiner
was the first person to apply the Volterra'' series to nonlinear circuit analysis.
Weiner used the series to analyze the spectrum of FM signals in the presence of
Gaussian noise. Volterra series can be employed to study the intermodulation prop-
erties of time-varying circuits such as mixers. The intent of this section is to briefly
introduce the use of Volterra series in analyzing weakly nonlinear time-varying
systems.

Consider a causal system with input signal x(¢), impulse response /(f), and output
signal y(f) given as

¥(1) = / h(o)x(t — o)do (4.197)

"Introduced by Vito Volterra in 1887 in his Theory of Functionals.
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Recall that a weakly memoryless nonlinear system can be represented by the
Taylor series expansion:

=) BX"(1) (4.198)

n=1

where {@,:n =1, 2, ---} are the Taylor series coefficients. A Volterra series combines
Eqns (4.197) and (4.198) in order to incorporate memory to the model:

<] 1 % @ n
y(t) = Z;/ / kn(ul,u2,~~-un)Hx(t—um)dul---dun

n=1 m=1
1
= / ky(up)x(r — uy)duy + 2 / / ko (uy, up)x(t — uy)x(t — up)duyduy
1
—l—? / / / k3(u1,u2, ug)x(t — ul)x(t — ug)x(t — u3)du1du2du3 + -

(4.199)

where k,(u1, up, - u,) are called the Volterra kernels of the system and sometimes
referred to as kernels for short. The variable {u;:i =1, ---, n} is also a time variable
to be distinguished from ¢. In the event where the nonlinearity is memoryless, the
Volterra kernel reduces to a constant. Note the similarity between the first integral

term in Eqn (4.199), namely / ki (u1)x(t — uy)du; and the convolution integral

presented in Eqn (4.197). Therefore, one could think of ky(uy, uo), k3(uy, us, us),
-+ as higher order impulse responses that are used to describe different orders of
nonlinearities in the system [20]. The integral terms in Eqn (4.199) are comprised
of multifold convolution integrals. Hence y(f) consists of an infinite sum of n-fold
convolution integrals.
The kernels in Eqn (4.199) can also be expressed in the frequency domain via the
Fourier transform simply as:

Ky (Fy, F,) = / / K (uy, -+, uy)e S22ty Ay, (4.200)
In a similar manner, the kernels can also be expressed in the Laplace domain as:

K,(Fy,-,F,) = / / k(101 -+, e 1ty gy,
- T si=2TcF,;
(4.201)
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Using Eqn (4.200), the relationship in Eqn (4.199) can be expressed as:

Y(F) = Kl(F)X(F)—&-l / Ky(F1,F — F1)X(F1)X(F — Fy)dF,

2!
1
+§ K3(F1,F2,F—F1 —Fz)X(Fl)X(Fz)X(F—Fl —Fz)dFlsz

+ cee
(4.202)

The question now becomes: For a given nonlinearity, how do we determine the
kernels? There are several techniques that can be used to explicitly determine the
Volterra kernels, namely: the harmonic input method, the direct expansion method,
and the power of transfer functions. In this chapter, we will elaborate on the har-
monic input method.

4.3.1 The harmonic input method
The harmonic input method determines the Volterra series kernels in the frequency
domain. Simply put, when the input signal x(¢) is the sum

n

x(t) = Y e (4.203)

p=1
then the Kernel K,(Fy, ---, F,,) is none other than the coefficient of /(@1 +2+ Q)1 4¢
presented in Eqn (4.199) and the frequencies Q; = 27F;:i = 1, ---n are incommensu-

rable. Hence we can claim
K, (F1,---F,) = coefficient of ¢/(¢1+%+ Q) (4.204)

as given in Eqn (4.199).
The proof is as follows. Substituting Eqn (4.203) into Eqn (4.199), we obtain

oo 1 % @ n n .
= 27/ / ka2, oun) T | D2 €0 duy-o-duy (4.203)
n:1n'700 e m=1[p=1

According to Eqn (4.205), the nth term can be found after expanding the product
term within Eqn (4.205), that is:

1 JZQ’ r r —/ZQ,,tu,,
yn(t):—ef’ / / kn(uy, up, - Ze p=1 duy---duy,

(4.206)
1 ]ZQ,,I I 3 7]ZQtu
_e r= Z / / kn Ui, uz, - ) r=t duy---duy,

n!
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The relationship in Eqn (4.206) is none other than the n-fold Fourier transform
and ) (.) and u ) denote the summation over n/ permutations of the subscripts of
n!

U, [2(5]. In the frequency domain, the integral in Eqn (4.206) can be expressed ac-
cording to Eqn (4.200) as:

yn(l) = %ejZZ:lQ’)tZKn(F(I), 7F(n)) (4.207)
’ n!

where again F(; implies permutations over all n! possibilities. For symmetric
kernels, however, it turns out that (see [20])

Yk, (F(l), -~-,F<,,)) = nlKu(Fy, -, Fy) (4.208)

n!

The Volterra kernels are said to be symmetric if and only if k,, (1, ---u,) has the
same value regardless of the permutations of uy, ---u,. Substituting the result in Eqn
(4.208) into Eqn (4.207), we obtain

LS a
Va(t) :HeJZ,,zl Kn(F(l),~-~,F(n)) (4.209)

The method above is best illustrated via an example.

EXAMPLE 4.5 ANALYSIS OF FILTERED FM USING HARMONIC BALANCE

According to Bedrousian and Rice [20], certain forms of quasistatic approximations to filtered
FM can be modeled according to the input—output relationship:

2 42
() = x(t)+ ulgext)| $ox

() (4.210)

Compute the Volterra kernels of the system.
Following the analysis presented above, let us excite the system in Eqn (4.210) with the
function x(t) = e/, then the output signal according to Eqn (4.210) becomes

2 42
y(t) = et 4y d gj2at]" 97 jeayt
dt de?

— e/t 4 “{ _ Q§e/2szlz] [_ Q%ejzglt} (4.211)

_ eletJr;LQ‘l‘e/mlt
According to Eqns (4.199), (4.204), and (4.211), the kernel K1(F7) is simply

Ki(F1) = coefficient of e/1f = 1 (4.212)
Next consider the excitation input comprised of two tones, that is

x(t) = e/t | ofQt (4.213)

Continued
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EXAMPLE 4.5 ANALYSIS OF FILTERED FM USING HARMONIC
BALANCE—cont'd

Then the output y(1) according to Eqn (4.210) becomes

y(t) = e/l 4 el 4 [0 et 4 j0, %] [ — el — Q36!
- efnlt+ef.ozt+M{Q§e/2w+ggefzazt+291926/'<91+92>t]
<[azemt 1 zene]
— ot | gi%t | M{Qélleﬁﬂlt T Q%Qgej(QﬁrZQz)t + Zg?gzeﬂzglmz)t

0030/ 120t | et 20, aFel0 20| (4.214)

In the expansion presented in Eqn (4.214), there are no /(@1 +2)t terms, and hence we can
declare that the kernel

Ko(F1, F») = coefficient of e/(@1+22)t — @ (4.215)

And last, let the excitation input signal be comprised of three incommensurable tones,
that is

X(t) = el 4 effel 4 ef%t (4.216)
Then the output signal y(t) is given according to Eqn (4.210) as
y(t) = e/l 4 ol 4 o/t
. . 12 . . ) (4.217)
+ u[jglefﬂlf +jQ,eft | jo, efﬂﬂ { —QZeit _2eit _ 2 efQ3‘]
Expanding the terms in Eqn (4.217) shows that there will be three exponential terms like
Eqn (4.216), and hence it can be deduced that the kernel is
K3(F1, Fy, F3) = coefficient of e/(@1+Q2+0s)t
2001 Q03 + 2010303 + 2u0?Q,0Q3 (4.218)
2uQ1Q2Q3(Q1 + Q2 +Q3)

Furthermore, it can also be shown that the kernels for n> 3 will turn out to be zero.

It is clear from this example that the complexity of the harmonic input method increases
quickly as nincreases. Therefore, it becomes impractical to apply this method without the
aid of a symbolic algebra program in order to assist in generating the kernels.

The harmonic input method can be easily applied to circuits where a nonlinear

device is connected to a linear admittance with transfer function H(F) as shown
in Figure 4.41. The Volterra kernels as a function of H(F) can be computed as

shown by Bedrousian and Rice as a recurrence relation [21]. The first two terms
are simply

_ H(F)
KI(FI) - ai +H(F1) (4219)
Kz(Fl,Fz) _ 2d2K1 (Fl)Kl (Fz)

al+H(F1+F2)
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t
+ # -
1(1)

Nonlinear

device H(F)
x(t) @ Linear

admittance
FIGURE 4.41

Circuit representing a nonlinear device in series with a linear admittance. (For color
version of this figure, the reader is referred to the online version of this book.)

For example, let the linear admittance be represented by an inductance L.
FurthermoreL) let the nonlinear device be represented by a square law detector where
the current [ (¢) can be expressed in terms of the voltage y(¢) as:

T = ab) (4.220)
The differential equation representing the circuit becomes
d
Lay £y (1) +y(r) = x(1) 4.221)

The admittance function is H(F) = 1/jQL and the coefficient a; # 0. Then ac-
cording to the relationship in Eqn (4.219), the Volterra kernels can be obtained as
(see Ref. [21] Eqns (43) and (45)):

Ki(Fy) = D |
a, + H(Fy) a4=0
2a,K; (F1)K(F2) :
K (F,Fr) = = —dapLjw(F F
2(F1,F) @ T HF +F) |, alin(Fi+F2)  (4.202)

K3(F1,Fy,F3) = 87%( — 2ja;L)*(F) + F2 + F3)?

It is apparent from the previous analysis that the harmonic input method
increased in complexity for kernel orders higher than 3. In this case, symbolic
algebra programs can be used to aid in obtaining the higher order terms.
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4.3.2 Output spectrum as a function of Volterra kernels

As far as this chapter is concerned, our interest in Volterra series remains in their
ability to provide an analytical tool that can model and analyze a weakly nonlinear
system. Therefore, our interest chiefly rests with determining the Volterra kernels by
using sinusoidal input signals. If the input signal is a sinusoid namely x(7) =
Veos(2wF,t), then the output signal can be expressed in terms of frequency-
domain Volterra kernels as

® Y\ I @2 (2l-n)F.t

= Zl <5> zzo i K-t Foll, ) =k eery  4223)
n—= =

whereas expressed in Eqn (4.223) K, _ (F.) is a simplified representation of

K, (Fy---F,) where the first [-frequency elements are equal to +F, and the remaining

n-I elements equal to —F,. To further elaborate on Eqn (4.223), let us expand the

summation for the first few elements:

o) = {%ZKZ(FC, _F)+ }

3

; \% \%
+ ejzrchl{EKl (FC) +EK3(FC7F67 _FC) + }

3

. \%4 \%
+ e_ﬂﬂFLt{EKl(_Fc) +EK3( —Fe, —F, +Fc') + }

" V2 " y2
+ e’ 7TF"'Z{_g KZ(FC»FC) + } +e WFF[{?KZ(_FC; _Fc) + }
—|—ej67TF"t{V3K (F F —|—F)+}
48 3¢, e c

. V3
4 "'6167”:([{@[{3( _FC’_FC,_FC) + } e e
(4.224)

A careful examination of Eqn (4.224) reveals that the contributors to the funda-
mental frequency term e/>™"<! as well as the odd harmonics are odd-numbered
kernels, whereas the main contributors to the even harmonics are even-ordered
kernels. In a weakly nonlinear system, given a small signal input power, the domi-
nant term in Eqn (4.224) will be the first kernel %Kl (F¢), which simply corresponds
to the linear gain of the system or device under test. Increasing the input signal po-
wer results in an increase in the third Volterra kernel gain ‘{—;K_g (F¢,Fe,—F,), thus
signifying a certain compression in the system. The 1-dB compression point can
be computed in a manner similar to Eqn (4.23). Likewise, the third order IIP3 can
be computed following the relationship in Eqn (4.77) by equating the terms
YK\ (F.) and YoK3(Fe, Fe, —F).
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A similar expression could be obtained for a two-tone input say x(r) =V,
cos(2mF.t) + V, cos 2mwF »t); however, as one might expect the complexity of the
terms increases. For example, for N, M >0, the term due to the frequency
NF . + MF is [21]:

3 21+N(V /2)2m+1v
o P2NFo A MF )i Z Z Vi/2) Ky (For,F) (4.225)
+LEM+mm\L cly L' c2 .
— = (N 4+ DM + m)'m!

where the kernel function in Eqn (4.225) is simply

KN+I,I;M+m4m(Fc1 ) Fc2) ‘N+M+2(l+m):n =K, (FI; Fn)

and the first N + [ of the frequency terms are equal to + F;

The next [ of the frequency terms are equal to — F;

The next M + m of the frequency terms are equal to + Fy (4.226)
The next m of the frequency terms are equal to — F»

For N < 0 the signs of F,; are reversed

And likewise for M < 0 the signs of F., are reversed

Obviously, albeit more complex, similar relationships can be found for a three-
tone or higher input signals.

4.4 Appendix A: mathematical identities

The following trigonometric identities are found in more detail in [22]. The addition
and subtraction identities are given via the relations

cos(a+b) = cosacosb —sinasinb

cos(a—b) = cosacos b+ sinasinb (4.227)
and

sin(a 4+ b) = sinacos b+ sin b cos a

sin(a —b) = sinacos b —sin b cos a (4.228)
The sine relationship, for example, can be further manipulated as
sin(a+b) = sinacosb+sinbcosa = {sina+tanbcosalcosb (4.229)

In most cases that we run into in this chapter, we encounter the products of two
sines or cosines and are asked to relate them to the addition and subtraction identities
of Eqns (4.227) and (4.228), that is

1

cosacosb = 2 (cos(a + b) 4 cos(a — b))
1

sinasinb = 3 (cos(a — b) — cos(a+ b)) (4.230)
1

sinacosb = E(sin(a —b) —sin(a + b))
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Another identity that is encountered frequently are the function of double
angles or sin 2a and cos 2a. These functions can be expanded in terms of sines

and cosines as

cos2a = cosla—sin?a =2cos’a—1=1-2sin%a
(4.231)

sin 2a = 2sinacos a

Inversely, the squares of the sine and cosine can be related to cos 2a and sin 2a as

2 cos2a+ 1
cos”a = —
(4.232)
. 2 1 —cos 2a
sin“fg = ———
2

In a similar manner, the sine and cosine functions of multiple angles can be
expressed as

cos 3a+ 3 cosa
cos3a = 4cosa—3cosa = cosda :f

(4.233)
3sina —sin 3
sin3a = 3sina—4sin’a = sin%z:%

In general, a sinusoid to the nth power can be expressed as:

n—1 n n
cos"(x) = <l> cos(nx) + ( )cos((n —2)x) + ( )cos((n —4)x)

2 1 2
n
++ |, |cos(x) pfornodd
2
1 n—1 n n
cos"(x) = <2) cos(nx) + cos((n —2)x) + cos((n — 4)x)
1 2
n
+ot 0 cos(x) pfor n even
2

(4.234)
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Assume that m and n are odd, then

cos " (x)cos "(y) = <%> " {cos(mx) + (T)cos((m —2))

+ (?)cos((m—@x) + 4 (mnj 1)COS(X)}

2

X {cos(ny) + (T)cos((n —2)y) + (Z)cos((n —4)y)
ot <n— 1)COS(y)}
2

— (%) " {cos(mx)cos(ny) + (T)cos((m — 2)x)cos(ny)

+ (’Z ) cos((m — 4)x)cos(ny)

+ -+ (m— 1>cos(x)cos(ny) + }
2

(4.235)
Further manipulations of Eqn (4.235) lead to:

m+n—1 m
(%) {cos(mx +tny)+ < : >cos((m —2)x £ ny)
+ (Z)cos((m — 4)x + ny)

m

+ o+ (ml)cos(xiny)+'“}
2

m

1

- (%)mﬂ 22_: (7)005((m _2l)x £ ny) £ -

=0

cos”(x)cos" (y)

—_

(4.236)
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Similar universal expressions to Eqn (4.236) can be found for other combinations
of m and n.
In general, we can express cos”(x) as

cos”(x) = 27" (Z)cos[(n — k)x] (4.237)
k=0

Where ne N+t

n n!
() -

The relationship in Eqn (4.238) represents the kth coefficient of the Newton bino-
mial of degree n.
A further property of the sine and cosine functions are

sin(— a) = —sin(a)

cos(— ) = cos(a) (4.239)

A shift in /2 in the argument of the sine function results in a cosine function,

that is
sin -l—7T
in|l o+ —
2

sin T
*77

Finally, a polynomial expansion can be expressed in terms of a multinomial se-
ries as

sin(e)cos (g) + sin (g) cos(a) = cos(a)
(4.240)

sin(oc)cos(%) - sin(%)cos(a) = —cos(a)

|
n! . v
(1 x4+ x)" = > PP R R (4.241)
ny,ig,e i >0

n+mte A =n
By way of an example, consider the polynomial
(x1 +x2 +x3)3 = x? + 3x%x2 + 3x1x% —|—x§ + 3x%x3 + 6x1x2x3 + 3x§x3 + 3x1x%
+ 3x0x3 + X3
(4.242)

4.5 Appendix B: effect of in-phase and quadrature
imbalance on image rejection

The extent of image rejection in an image-reject mixer largely depends on the imbal-
ance, or rather the lack of, in the quadrature demodulation. To illustrate this
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phenomenon, consider the LO signals demodulating an incoming desired signal
along with its image as defined in Eqn (4.164) as

xroq = I'sin(Qrot) and x70 09 = (' + 6)cos(Qrot + 0) (4.243)

where x70,7 and x70 o are the LO signals demodulating the in-phase and quadrature
components, I" is the amplitude of the LO signal, and ¢ and 6 are the amplitude and
phase imbalance present in the LO signal. Consider by way of an example the Hart-
ley image reject mixer depicted in Figure 4.32. The output of the phase shifter can be
derived in a manner similar to Eqn (4.169) as:

BT
——c0s[(QLo — Qimage)1] (4.244)

[(QrF — Qo)1) — >

AT
——Cos
2

I so0:(1)

On the other hand, the quadrature component can be derived in a manner similar
to Eqn (4.171) as:

~ A('+6 B(I'+9¢
o) = %cos[(QRF —Qro)t— 0] + %cos[(@imuge —Qpo)t — 0]
(4.245)
At the output of the mixer, the IF signal is given as
~ ~ AT BT
I ;90 (l) + Q(t) = TCOS[(QRF - QLo)t} _7005[(QL0 - Qimage)t]
Signal component Image component
A(T +9)
— Qrr — Qro)t — 10
= cosl(Or — o)t ] (4.246)
Signal component
B(T'+9¢
+ %cos[(@image — Q)1 — 0]

Image component

After simple rearrangements of the terms in Eqn (4.246), we obtain

T Lo (1) + O(r)
A(T + )

AT
TCOS[(QRF — QL())I] + #

COS[(QRF — QLo)l — 0]

Signal component
B(T +6)
2

Image component

BT’
X —7005[(QL0 — Qimage) 1] + cos [ (Qimage — Quo)t — 0]

(4.247)

255
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Define the image-to-signal power ratio at the input of the mixer as

W= (4.248)

Then the image-to-signal power ratio at the output of the mixer according to
Eqns (4.247) and (4.248) is

+ (T +6)* — 2I(T" + 6)cos 6
+(C+6)* +20(T

+ d)cos 6

+0
1+ < ) 2(1 )cos 0 (4.249)

cos 0

t+ (14 ) 2(1+4

20
=304
40

I P

Image rejection in dB

I

70k

» 15
10

Phase mismatch 8 0 o Gain mismatch in percent

FIGURE 4.42

Image rejection as a function of phase mismatch § and percentage of gain mismatch 6/T°

in percent. (For color version of this figure, the reader is referred to the online version
of this book.)
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The image rejection ratio is then defined as the ratio of Eqn (4.249) to Eqn
(4.248) or in dB

(4.250)

2 2
IRR — 10 Tog;q (I‘ + (T +6)” — 2T(T" + 6)cos 6)

T2+ (T +6)* + 20(T + 6)cos §

The image rejection ratio expressed in Eqn (4.250) is a measure of the amount of
rejection the image reject mixer provided to the system as shown in Figure 4.42. The
mismatch presented herein is only due to the mixer. Possible mismatches could also
be due to the filters as well as the 90° phase shift.

4.6 Appendix C: description of the harmonic balance
method

Unlike the Volterra series, for example, harmonic balance analysis is a suitable tech-
nique for analyzing strongly nonlinear circuits in the presence of a large signal
source [23]. The intent of this appendix is to give the reader a very high level over-
view of the harmonic balance method technique. By way of an example, the method
is suitable for analyzing the steady state response of power amplifiers, mixers, and
multipliers using solid state devices [24]. The harmonic balance method can also be
applied to analyze weakly nonlinear circuits that employ single or multitone excita-
tion [1].

In broad terms, the harmonic balance technique is used to convert a set of differ-
ential equations into a nonlinear algebraic system of equations that can be solved
using numerical algorithms. Nakhla and Vlash [24] proposed using a gradient tech-
nique, whereas Filicori et al. [25] used the Newton—Raphson numerical method to
solve harmonic balance problems. One method, of particular interest, is the piece-
wise harmonic balance technique. In this technique, the nonlinear circuit is sepa-
rated into two subcircuits, namely, a linear circuit and a nonlinear circuit as
shown in the simple example given in [1] and depicted in Figure 4.43(a). Assume
that the source voltage is exciting the diode circuit with a given tone, namely
Vs(t) = A cos(Qof). The diode response will consist of all the harmonics of Vi(#).
The next step is to provide an educated guess of the diode voltage response at the
various harmonic frequencies. This simplifies the diode circuit depicted in
Figure 4.43(a) into the one depicted in Figure 4.43(b). Note that the impedance
Z(Q) is a function of frequency as well. Using Kirchhoff’s voltage law, and knowing
the source and diode voltage response at all the harmonics,'” we can predict the
value of the linear current [ jipear (KQ0). .

Next, we compute the value of the nonlinear current I popjinear(#) using our best
guess of the voltage across the diode. The voltage across the diode is obtained by

12Obviously, the voltage source has theoretically only one nonzero harmonic, namely at Q.
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FIGURE 4.43

A simple nonlinear diode circuit: (a) linear and nonlinear instantiation, (b) linear
instantiation, and (c) nonlinear instantiation. (For color version of this figure, the reader is
referred to the online version of this book.)
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taking the Fourier transform of the assumed voltage response at the various
harmonics V(¢) using the diode junction equation

Inonlinear(t) = Isaturation <€qV(t)/nKT - 1) 4.251)

where g is the electron charge, 7 is a factor that accounts for the imperfections in the
junction, T is the temperature in kelvin, and K = 1.37 x 10> J/K is Boltzmann’s
constant. Next, we test whether our guess of the harmonic voltages across the diode
form an appropriate solution. This is done by applying Kirchhoff’s current law to
Figure 4.43(c), namely that the sum of all currents entering a node is zero or

I nonlinear(kQO) + 1 linear(kQO) =0 (4.252)

‘The harmonic currents I ponlinear (k) are obtained from the Fourier transform
of I nonlinear (7). If the relationship in Eqn (4.252) is not satisfied to within a certain
acceptable error, a new set of diode voltage values is proposed, and the process is
repeated until an acceptable solution is found. The same basic technique is applied
to more complex circuits whereby the circuit itself is subdivided into linear and
nonlinear circuits as shown in Figure 4.44.

+ | Zj 1 - Nonlinear
V device
S,1

Linear | Nonlinear
network | network

il
VS,M Nonlinear
device

FIGURE 4.44

Partitioning of circuit into linear and nonlinear components. (For color version of this
figure, the reader is referred to the online version of this book.)
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In receivers, data conversion is the process of converting a signal from the analog
domain to the digital domain. At the input of the analog-to-digital converter
(ADC), the analog signal is sampled at uniform time intervals and the output is quan-
tized into discrete amplitude levels. The sampled signal suffers from various distor-
tions, namely quantization noise, jitter, the impact of phase noise on the sampling
clock, and overloading and clipping.

This chapter is divided into four sections. Section 5.1 describes the sampling and
reconstruction processes of baseband and bandpass signals. Section 5.2 delves into
the various degradations caused by signal conversion and sampling imperfections.
Topics such as quantization noise, sampling clock jitter, impact of phase noise on
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the sampling clock, signal overloading, and clipping are discussed. The antialiasing
filtering requirements and their impact on signal quality are discussed in some detail
in Section 5.3. Finally, an exact formulation of the quantization noise and a deriva-
tion of the signal-to-quantization-noise ratio (SONR) that takes into account the sta-
tistics of the input signal are presented in Section 5.4.

5.1 Analog and digital signal representation

This section serves as a theoretical prelude to practical analog-to-digital conversion
and the various Nyquist and oversampling data converters. Its aim is to present the
necessary mathematical background behind the sampling theorem. Topics such as
signal representation, baseband and bandpass sampling, signal reconstruction, and
out-of-band energy are discussed.

5.1.1 Sampling and reconstruction of lowpass signals

In this section, we discuss the sampling of lowpass signals as well as the required
antialiasing filters needed to obtain a certain desired signal-to-noise ratio (SNR).
The reconstruction of the sampled lowpass signal into an analog signal is then
presented.

5.1.1.1 Lowpass sampling and filtering requirements

In order to faithfully reconstruct an analog signal from its digital counterpart, the sam-
pling theorem dictates that the lowpass signal must be sampled at least at twice the
highest frequency component of the analog bandlimited signal. As will be seen later,
this condition simply implies that the spectral replicas that occur due to sampling do
not overlap and hence cause no distortion to the reconstructed analog signal. This in
turn implies that all the information in the original analog signal is preserved.

To proceed, consider the lowpass analog signal x,() that for the purposes of this
discussion is strictly bandlimited with a frequency upper bound of B/2. Strictly
bandlimited in this discussion implies that the highest frequency component of
Xx4(%) is strictly less than B/2 or X,(F) # 0 for —B/2 < F < B/2 where B is called
the Nyquist rate.

Consider the Fourier transform of the analog signal x,(f)

X, (F) = / xq(1)e 2™ dy (5.1)

The frequency domain signal can also be used to recover the time-domain analog
signal via the inverse Fourier transform:

xa(1) = / X, (F)e*™dF (5.2)
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The analog time-domain signal can then be sampled at the sampling rate of 7 sam-
ples per seconds resulting in the discrete-time signal

x(n) = xa(nTs) = xa(t)],—r, (5.3)

In a similar manner to Eqn (5.2), the spectrum of x(n) can be obtained using the
Fourier transform of discrete aperiodic signals as [1,2]

x(nTS)eszﬁfl‘lTj

54
x(n)e /2
In a similar manner to the analog case, the discrete signal presented in Eqn (5.4) can
be obtained by applying the inverse Fourier transform:

1/2

sn) = [ X(pePas 5.5)

~1/2

According to the relationships presented in Eqns (5.2) and (5.5), we can relate the
analog signal spectrum to the discrete signal spectrum as

x(n) = xq(nTs) = / Xa(F)ejZﬂ—F%ndF (5.6)

From Eqn (5.6), we can imply that due to periodic sampling the analog and discrete
frequencies are related according to the relationship

F
= - 5.7)
f F. (
Thus if we compare Eqns (5.5) and (5.6), we obtain
1/2 F,/2 w
/nmmw :i/x@y%w:/&mwwM
F Fy
-1/2 f=F/F; _F,)2 =

df =dF/F,
(5.8)

In order to further our understanding of the relationship presented in Eqn (5.8), the
integral on the right-hand side can be expanded as an infinite sum of integrals

® w (I+1/2)F,
/ Xo(F)e5mdF = Y / Xo(F)e* ™5 dF (5.9)

=T e)r,
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Note that in Eqn (5.9), the signal X,(F) over the interval [(I — 1/2)F,, (I + 1/2)F] is
equivalent to X,(F + [F) in the integration interval [—F/2, F/2;]. The summation
term in Eqn (5.9) can be further expanded as

. (H1/2F Fof2
5 / X,(F)el > Enr — Z / (F + IFy)e ™55 1dF (5.10)
=== 4_1)F, R ¥

The term on the right-hand side of Eqn (5.10) can be further manipulated by swap-
ping the integral and summation signs as

0 FS/2 X/z
Z / Xo(F + IF,)e2™ 5 ndp = Z / o(F + IF) e 5" dF
TTY R TTY R

(5.11)

where the exponential in Eqn (5.11) has been reduced since we can satisfy
F+IFX

— g]27(h €j27l'—ﬂ _ e/27r—n

A comparison between Eqns (5.8) and (5.11) reveals that

Fy/2 Fi/2
1 F\ ot - B
L x( jZﬂ'KndF — X (F IF ]2ﬂﬁndF 5.12
Fs / (Fs)e / l;oo a( i S)e ( )
—F,/2 —F/2

A comparison between the right- and left-hand sides of Eqn (5.12) shows that

1 _(F -
FSX(F) = ) Xu(F +IFy) (5.13)

|=—o

Or in terms of normalized frequency, the relationship in Eqn (5.13) can be written as

X(f) = Fy Y Xal(f +DF] (5.14)

A close examination of the discrete spectrum X(f) in Eqn (5.14) reveals that it is
made up of replicas of the analog spectrum X,(F) scaled by the sampling frequency
Fy and periodically shifted in frequency. The sampling process is illustrated in
Figure 5.1.

Thus far, we have shown according to Eqn (5.14) that the discrete spectrum is
made up of a series of periodic replicas of the analog spectrum with spacing depen-
dent on the sampling frequency Fj. If the sampling frequency is chosen such that it is
greater than the bandwidth of the signal, that is, Fy > B, where B is the intermediate
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(a) X,(F)
A
—2F; —3F,/2 -F; -F,/2 -BJ/2 B/2 F/2 F, 3F,/2 2F; F
(b) - ’ -
Spectral replicas X,|— Spectral replicas
/\ oy /\
2F,  -3F,/2 -F.  -FJ2 -B/i2 B/2 F/2 F, 3E,/2 2F,  p
FIGURE 5.1

The sampling process of analog signals: (a) the analog signal bounded by the frequency
|B/2|, and (b) the spectrum of discrete-time-sampled analog signal scaled by Fsand
replicated at the sampling frequency. (For color version of this figure, the reader is referred to
the online version of this book.)

frequency (IF) signal bandwidth, then the analog signal can in theory be accurately
reconstructed without loss of information from the discrete-time samples." As
mentioned earlier, the particular frequency for which Fnyquist = B is known as the
Nyquist rate. If, on the other hand, the sampling frequency is chosen such that
F; < B, then the aliased replicas of the spectrum overlap the desired signal spectrum
as shown in Figure 5.2(a) and degradation ensues. In other words, the discrete spec-
trum is made up of overlapped replicas of the original spectrum scaled by the sam-
pling frequency. In this case, the analog signal reconstructed from the aliased signal
spectrum is not an exact replica of the original signal spectrum as shown in
Figure 5.2(b). In this case, the sampled signal does not faithfully represent the infor-
mation present in the analog signal.

In practice, in addition to the proper choice of sampling frequency, an important
aspect of managing the amount of degradation due to aliasing is limiting the amount
of out-of-band energy that is allowed to fold over onto the desired signal’s band.
Although the desired signal impinging at the antenna is bandlimited, it is typically
accompanied by out-of-band signal components from within the desired signaling
band as well as from outside of it. These signals are either blockers or interferers.
The band definition filter that precedes the low noise amplifier (LNA) usually atten-
uates the signals and interferers that exist out of the signaling band. The received
signals and interferers are further manipulated and conditioned throughout the
receive chain by a variety of analog linear and nonlinear blocks. All throughout,
noise and new signals due to nonlinearities may arise in or around the desired sig-
nal’s band. The last line of defense on the analog side is the antialiasing filter.

'When converting a discrete-time signal to analog signal, proper analog filtering must be applied to
prevent spectral images from corrupting the desired signal spectrum.
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(a) XA[i]

F,  -F-FJ/2 | F/2 F (F]ZR.

| I
| I
| F, 4 |
| I
| I

B

(b)

Distortion due to aliasing

\J

FIGURE 5.2

Aliased spectrum and its analog reconstructed counterpart: (a) aliased spectrum of
discrete-time-sampled spectrum, and (b) spectrum of analog signal reconstructed from
aliased discrete-time signal. (For color version of this figure, the reader is referred to the
online version of this book.)

The effectiveness of the antialiasing filter is measured by its attenuation outside the
desired signal band. Any blockers or interferers that are more than Y2 least significant
bit (LSB) in relative strength can fold over onto the desired signal’s band and cause
distortion to the desired signal’s SNR. Whether the aliased energy itself falls within
the signal’s bandwidth or not depends on its frequency location and on the sampling
rate of the ADC [3].

Depending on the number of bits in the ADC, it may not be reasonable to expect
the antialiasing filter to attenuate all nondesired out-of-band signals to less than Y2
LSB. This stringent filtering requirement may be alleviated by oversampling
the ADC and further spreading apart the spectral replicas. Digital filtering can
then be used to further attenuate some of the nondesired signal blockers and
interferers. This in turn serves to reduce the complexity of the antialiasing filter at
the cost of running the ADC and digital circuits at a higher clock rate and
adding more complexity to the digital signal processing. All in all, an architectural
trade-off between the analog and digital signal processing must be performed to
properly manage the out-of-band degradation to provide an acceptable desired
signal SNR.
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5.1.1.2 Reconstruction of lowpass signals from discrete samples
Next, we examine the reconstruction of the analog lowpass signals from digital sam-
ples. Consider the Fourier transform of the analog signal x,(f)

X, (F)e/* ™t dF (5.15)

=
N
—
-~
N
Il
|
8\8

and the discrete-time signal sampled at the Nyquist rate Fy=B

1 X<F> F <F< Fy
Xo(F) = ¢ Fs \Fs 2 2 (5.16)
0 otherwise

The Fourier transform of X (F£> is given as

F i ,
X (F) = 3 x(nTy)e i (5.17)
s n=-—o

Then the reconstructed analog signal x,(f) can be obtained by substituting Eqn
(5.17) into Egn (5.16) and then substituting the result into Eqn (5.15), that is

F,/2

1 F\ .
Ta(t) = — X (= )eFdF
F Fy

—F,/2
F/2

-7/ [ > x<nn>ef‘2”€"] e

s n=—ow

—F,/2

(5.18)

The order of the integral and the summation given in Eqn (5.18) can be further rear-
ranged to obtain

" F,/2
= Y wmy | [Py
"= YR
(5.19)
o < tfnT )
a nzz: A 1 tfnT)
T

The sine function divided by its argument is the sin ¢ function shifted in time by the
sampling period. Define the sin ¢ function in Eqn (5.19) as p(¢) and its frequency
domain equivalent as P(F), or
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( ):{1 |F|<F /2

Lowpass reconstruction 0 \F\ >F /2

filter

A A L)

-2F, -3F,/2 -F, -F,/2 -B/2  B/2 F,/2 F, 3F,/2 oF,

FIGURE 5.3

Recovered original signal spectrum from discrete-time periodic spectrum. (For color version
of this figure, the reader is referred to the online version of this book.)

p(t) = WTY time domain
7. (= 1T) (5.20)
1 |F| <F/2

P(F) = frequency domain
0 |F|>F,/2

From Eqn (5.20), it is obvious that the sin ¢ function plays the role of an ideal inter-
polation filter that when applied to the signal spectrum of a nonaliased discrete-time
signal recovers the original analog signal without degradation or

)?<£> = X(;;;)P(F) (5.21)

This process is illustrated in Figure 5.3 and shows the ideal filter’s role in recovering
the spectrum of the original analog signal.

5.1.2 Sampling and reconstruction of bandpass signals

Bandpass sampling is prevalent in certain radio architectures that digitize the signal
at IF.” There are certain advantages and disadvantages to sampling the signal at
[F—for one, IF sampling does not suffer from DC offsets due to LO leakage and sec-
ond order effects. Furthermore, IF sampling decreases the vulnerability of narrow-
band signals to 1/f noise. In this section, we will discuss bandpass sampling and
signal reconstruction. Another potential advantage of IF sampling is the lack of
imbalance between in-phase and quadrature components since the architecture
may not require quadrature mixing in the receive path. However, this is

2Although in theory one could also sample the received signal at RF, there are numerous practical rea-
sons, given today’s technology, why an RF-sampling architecture is still not realizable for most fre-
quency bands.
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cos(2aE1)

' 1)

— o P
e ”ﬁ%

sin(27Ft)
FIGURE 5.4 Quadrature up-conversion from baseband to intermediate frequency or radio

frequency. BPF, bandpass filter; DAC, digital to analog converter. (For color version of this
figure, the reader is referred to the online version of this book.)

accomplished at the expense of adding cost and increasing power consumption and
complexity of the receiver.

5.1.2.1 Signal representation and bandpass sampling: integer positioning
The analog IF or radio frequency (RF) signal can, in its purest form, be expressed in
terms of the in-phase I(f) and quadrature Q(¢) signals. For example, given a direct
conversion transmitter depicted in Figure 5.4, the in-phase and quadrature compo-
nents are first converted from discrete-time signals to analog signals filtered and
up-converted to RF. In this case, the in-phase and quadrature signals are analog,
the analog signal x,(f) can be expressed as

xq(t) = I(t) cos (2mwF.t) — Q(t) sin (2mwF.t)
Re{ (1(1) +jo(r))e”" ' | (5.22)
= Re{sa(t)ejz”F"t}

An equivalent representation of Eqn (5.22) is in polar form where the signal takes the
form |r(t)]e/*®) or

—Q(r
xq(t) = \/I2(t) + Q2(t)cos (277Fct + tan~! (%)) (5.23)
Either Eqn (5.22) or Eqn (5.23) can be used when analyzing bandpass IF or RF

signals.

When discussing bandpass sampling, a parameter of interest is the fractional
bandwidth defined as the number of signal bandwidths separating the origin to the
lower edge of the passband as defined in [2]. A special case occurs when the IF
frequency (or RF frequency) F. is related to the noise equivalent bandwidth B before
sampling as
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| B=F,~F, |
Fi I%Jl Fu
| “FC |
| |
| |
| |
DC B 2B 3B 4B 5B Hz

reBop| =r=-3-2

2 s 2
FIGURE 5.5

Integer band positioning for /= 3.

B
F.+ 5= IB | is a positive integer (5.24)

The special relationship in Eqn (5.24) is known as integer band positioning and is
illustrated in Figure 5.5 for /= 3. The signal is bounded in the frequency domain
strictly by an upper bound frequency F, and a lower bound frequency F;.

In order to observe the implication of integer band positioning on the sampling
theorem, assume that the IF frequency is chosen such that F. = [B — B/2, [ > 0, then
let the sampling rate be given as Ty = 1/2B, then the relationship in Eqn (5.22)
becomes

Xa(t) = I(t) cos 2mF.t) — Q(¢) sin (27F,1)

t=nTy =
—@rg

5Ol s & Ru(nTy) = I(nT)cos<27T(21 1)§nn>
- 0l sin (2n(21— ) 3t

%a(0)] g, 2 Za(nTy) = I(nTy) cos (g (21— 1)n> — Q(nTy) sin (g (21 — 1)n>
(5.25)

The notation ~ is used to designate the sampled version of the analog signal x,(7).
Let us examine two scenarios in Eqn (5.25). For n even, say n = 2m, me N, then
the relationship in Eqn (5.25) becomes:

Xa(2mTs) = I(2mTy) cos((2] — 1)mm) — Q(nTy) sin((2] — 1)mm)
X.(2mTy) = (= 1)" I(2mTy), nis even

(5.26)

or simply

%(nTy) = (= 1)"I(nTy) for n even (5.27)
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The relationship in Eqn (5.27) implies that for n even, the quadrature samples disap-
pear and the signal is made up of in-phase samples only.
For n odd, that is for n = 2m — 1, meN, the relationship in Eqn (5.25)

becomes
Fa((2m = V)Ty) = I((2m — 1)Ty) cos (zﬂ(zz _ g (2m — l)TS>
. B
—0((2m — 1)Ty) sin (27r(2l -1 E(2m - I)TS)
Za((2m — DTy) = I((2m — D)Ty) cos (g (4lm — 21 — 2m + 1)) (5.28)
—0((2m — 1)Ty) sin <72r (4lm — 21 — 2m + 1)>
(2m— DT = (- DT o(2m — 1)T,)  forn odd
In other words, the sampled analog signal in Eqn (5.28) is
%(nTy) = (— 1)P50(Ty)  for nodd (5.29)

In a similar manner to the case for even values of n, for odd values of n the in-phase
signal samples disappear and the sampled signal is made up of quadrature
signal samples. In order to further elaborate on this special case, consider
T; = 2T; = 1/B, then substituting into Eqns (5.27) and (5.29), we obtain the
relationship

Xq(mT)) = (= 1)"I(mT;) forneven, n = 2m

! /

T T (5.30)
4 (ng ——S> = (- 1)’+”'+1Q(mT; ——S) fornodd, n = 2m— 1

2 2

An interesting consequence for choosing the sampling rate such that the bandwidth
of the signal is integer positioned in relationship to the IF is the simplified quadrature
conversion (digital mixing) to baseband. In this case, the sampled in-phase compo-
nent is obtained by multiplying the output of the ADC by (—1)"* for n even and by
zero for n odd. In a similar manner, the quadrature component is obtained by multi-

plying the output of the ADC by (fl)lJ“%Jrl for n odd and by zero for n even.

5.1.2.2 Reconstruction of bandpass signals based on integer
positioning

Let us reconsider the discrete-time samples obtained in Eqn (5.30), that is I(mT?})

and Q(mT§ — g) These samples can be used to reconstruct the equivalent analog

signal according to the interpolation relationship presented in Eqn (5.19), that is
for the quadrature component, we have
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. T
o sin (ﬁ (t— 2me)>
I(t) = > 1@mT)—— (5.31)

— — (t — 2mT,
o, 0 = 2mTs)

And similarly, for the quadrature component we obtain a similar expression

o sin(l (t — 2mT, + Ts)>
T
o) = Y o@ml,—T,)—x (5.32)
m=—o ﬁ(I—ZmT,—FTS)

Substituting Eqns (5.31) and (5.32) into Eqn (5.22) we obtain

xq4(t) = I(t) cos(2mF, 1) — Q(¢) sin(2wF 1)

. sin T (t — 2mTy)
Xa(t) = Y A (= 1)"%(2mTy) <73T )
m=—o z—n(t_zst)

sin (% (t— 2mTy + TS))
+ (= )", (2mT, — T) .

™
ﬁ ([ — 2st + TS)
S

(5.33)

The relationship in Eqn (5.33) can be further expressed in a yet simpler form as

w sin(% (t— st)>
Xo(t) = Y Ea(mTy)—5— - cos(2mF (1t — mTy)) (5.34)
m=—oo 2—TS([ —m S)

Bandpass sampling based on integer positioning is desired since it greatly simplifies
the digital mixing process. However, in many cases, it is not practical to relate the IF
center frequency to the signaling bandwidth and in turn to the antialiasing filter’s
bandwidth. Filters such as surface acoustic wave filters (SAWs) are designed with
a certain suitable IF center frequency. Furthermore, the choice of the sampling fre-
quency, and hence the sampling clock, the IF center frequency, and the antialiasing
filter involve a trade study that encompasses the whole receiver chain, and the prob-
lem is not a mere simplification of the signal processing.
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Images of the desired signal spectrum as they occur in various Nyquist zones. (For color
version of this figure, the reader is referred to the online version of this book.)
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5.1.2.3 General bandpass sampling and Nyquist zones

In general, when sampling a bandpass signal, it is imperative to know the region in
the spectrum where the signal lies. That is, it is important to know in which Nyquist
zone the signal lies. Nyquist zones divide the spectrum into uniformly spaced re-
gions placed equidistantly at F/2 intervals. The Nyquist zones are divided into
odd and even zones as shown in Figure 5.6. The odd Nyquist zones present exact
replicas of the sampled signal, whereas the even Nyquist zones present exact
mirrored replicas of the sampled signal.

The zone situated between DC and F'¢/2 is known as the first Nyquist zone. On the
other hand, the zone placed between —F/2 and DC is the first negative Nyquist zone.
In general, if the signal is centered at F, where F. = 0 as in the lowpass signal case,
then exact spectral replicas appear at F. + kF; for k=0, 1, 2, 3, ... It is obvious from
Figure 5.6, that the first Nyquist zone corresponds to the case where k = 0. Conse-
quently, first, third, and fifth Nyquist zones occur at k=1, k=2, and k=3,
respectively.

In a similar manner, the mirrored replicas of the signal’s spectrum occur in even-
numbered Nyquist zones centered at kF'y — F. for k=1, 2, 3, ... The second, fourth,
and sixth Nyquist zones occur at k = 1, k =2, and k = 3, respectively as presented in
Figure 5.6. In general, the relationship that governs even and odd Nyquist zones and
the signal’s center frequency F, is

Fe
rem(F., Fy) { F, /2J is even=>image is exact replica
= (5.35)
Fe
Fs —rem(F,, Fy) {F.Y/Z is odd=>image is mirrored replica

where the function rem is the remainder after division. Furthermore, the notation |. ]
represents the floor function, which rounds a number toward zero. F is the center
frequency of the image in the first Nyquist zone.

Next, consider the center frequency of the signal to be F, then define in relation to
the bandwidth B as F. = Fy — B/2 = F;, + B/2, where the bandwidth of the signal or
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channel is bounded by a lower bound frequency F7 and an upper bound frequency Fy
such that B= Fy — Fy. Accordingly, the bandpass sampling frequency for normal
spectral placement as well as inverted or mirror placement can be found as [2—5]

F.—B/2
2F.+B <F,< LB/Z 0<n< L27B/ normal spectral placement
F.+B/2
w <F. < 2F.—B 1<n< 6273/ inverted spectral placement
n - = -1 -

(5.36)

The minimum sampling rates as given in Eqn (5.36) must not be taken at face value.
Serious considerations must be given to imperfections in the receiver design and
possible interference in the RF. For example, sampling clock jitter, carrier frequency
drift, blockers, and other interferers in the vicinity of the desired signal, noise equiv-
alent bandwidth of the antialiasing filter are just a few of the considerations the
designer must take when deciding on the choice of the sampling frequency.

5.2 Signal distortion due to sampling and conversion
imperfections

This section is concerned with signal degradations due to the sampling process. Topics
ranging from quantization noise to jitter and clipping will be discussed. Performance
measures such as signal-to-quantization ratio of oversampled signals will also be dis-
cussed. These parameters are specifically relevant to Nyquist converters. Similar pa-
rameters will be developed for oversampled converters in the next chapter.

5.2.1 Quantization noise

Given an analog signal x,(f) sampled at r = nT, results in the discrete-time signal
x4(nTy). The Nyquist converter has a finite resolution depending on the total number
of bits that represent the analog signal. This in turn implies that the signal x,(nTy)
will be mapped to discrete signal xi(nTy), which belongs to a set of finite values rep-
resenting the range of the ADC, that is

oxp1(nTy) < xp(nTs) < xpqq (nTg)-+- for k = 1, K (5.37)

The quantization process as presented above implies that the process itself is both
memoryless and nonlinear. Furthermore, the error due to quantization seems to be
uniformly distributed. This is true given that the quantization step size is the same
between any two consecutive levels.

Define the quantization step as

0 = xx(nTy) — xp_ (nTy) = xp 41 (nTy) — xx(nTy)--- forall k = 1, K —1
(5.38)
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FIGURE 5.7
Midriser quantizer input threshold versus quantized output characteristics.

The digital mapping of the analog signal results in the quantizer being a midtread
quantizer if the DC value is assigned a quantization level, otherwise the quantizer
is known as a midriser, which obviously implies that DC is not represented by a
quantization step. An example of a midriser quantizer is depicted in Figure 5.7.
Given a b-bit quantizer, the number of threshold input levels versus the quantized
output levels for a midriser quantizer is simply M = 2. On the other hand, a midt-
read quantizer has M =2° — 1 input threshold levels.

Next, we define the uniform quantization error as the difference between
the discrete time-sampled analog signal and its equivalent digital representation,
that is

0 0
—5 < ep(nTy) = x4(nTy) — x;(nTy) < 3 (5.39)

According to Eqn (5.39), the quantization error is bounded by half the step size
provided that x,(nT) lies within two quantization levels. Define the peak-to-
peak voltage or full-scale range of the ADC as Vp. The relationship in
Eqn (5.39) is true only if the analog signal level is less than the peak voltage
Vyr /2, otherwise the quantization error could exceed half the quantization step.
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In this case, signal clipping is said to occur. The step size of the ADC can also be
used to define the dynamic range as well as the number of effective bits. Let b
designate the number of effective bits, then K quantization levels can be suffi-
ciently represented if and only if 2" > K. For the special case where 2° =K then
let 0 be the resolution of the ADC defined in relation to the peak voltage and quan-
tization levels as

Vx,F.,.
20
For a fixed peak voltage, the resolution of the ADC increases by increasing the num-

ber of effective bits.

Assume that the input signal is zero-mean white Gaussian distributed and that
the input signal is always within the full range of the ADC, then the quantization
errors are statistically uniformly distributed and the error samples are uncorrelated,
that is:

(3:

(5.40)

E{ek(nTx)gk(nTs + TY)} = E{ek(nTs)}E{ek(nTx + Tv)}
ex(nTs)e(—6/2,6/2)

From Eqn (5.41), it is inferred that the error is confined to the interval (—6/2, 6/2).

(5.41)

5.2.2 Signal-to-quantization-noise ratio

Define the SONR as the ratio of input signal power P, to quantization noise
power P,

P
SQONRgg = 101log;q <F"> (5.42)
e

By way of an example, let the input to the ADC be an additive white Gaussian noise
(AWGN) signal, then the distribution of the signal is the familiar bell-shaped curve
depicted in Figure 5.8. At the output of the ADC, the quantized signal is somewhat a
flawed reproduction of the original input signal. The difference between the original
signal and the quantized signal is the quantization error. The quantization error is
uniformly distributed as shown in Figure 5.9.

Given that the error signal is zero mean, that is E{ei(f)} = 0, then the quantiza-
tion noise power is the variance of the quantization error signal ag. The variance can
be simply computed according to the relation

P. = E{ej(t)} — E*{ex(t)}
=0 (5.43)

= E{&(0} = o

The theoretical probability distribution function (PDF) of the quantization noise is

shown in Figure 5.10. Next, let us compute the error variance U?
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FIGURE 5.8

Histogram of additive white Gaussian noise signal used as input to an analog-to-digital
converter device. (For color version of this figure, the reader is referred to the online version of
this book.)
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Histogram of quantization error signal showing a uniform distribution. (For color version of
this figure, the reader is referred to the online version of this book.)




280 CHAPTER 5 Signal Sampling and Distortion

P(ey)

=

FIGURE 5.10

Probability distribution function of quantization error signal. (For color version of this figure,
the reader is referred to the online version of this book.)

5/2
P =2 = E{&0) = [ &0 Plen) dexl
N———
~5)2 g
0 (5.44)
1 e 6%
5 | dtean = 5

~8/2

The relationship in Eqn (5.44) can be further expressed in terms of the number of
effective bits and full-scale voltage by substituting Eqn (5.40) for 0

2
2_&_(2") _ V}iFs
e 12 12 12x2?

Define the power spectral density of the quantization noise as the ratio of the noise
variance to the sampling frequency or

7 b>1 (5.45)

2P
S.(f) = ﬁ; sampling at baseband
’ (5.46)

Se(f) = %; sampling at IF or bandpass sampling
N

In the event where the signal is sampled at baseband, traditionally the power spectral
density is restricted to the frequency band [0, F/2]. If on the other hand, IF sampling
or bandpass sampling is employed, the power spectral density is specified over the
band [—F/2, F/2].

Next, let us further examine the SONR relationship given in Eqn (5.42). Accord-
ing to Eqns (5.44) and (5.45), we can express Eqn (5.42) as

1202
62

SONRgs =

|
—_
(e
—_
o
oa
IS
7N
’T:|“c
N
~_
|
—
()
L
o
[0)°]
S

(5.47)



5.2 Signal distortion due to sampling and conversion imperfections 281

Further expansion of Eqn (5.47) reveals the classic equation for SONR as

2
SONRgs = 101og;o(12) + b x 10 logo(4) + 101og10<v"TX>

F

" (5.48)

2
10.8 + 6.0206b + 10 log (‘;—X) . b>1
Vx,Fx

Define the peak power-to-average-power ratio (PAPR) as the ratio of the full-scale

peak signal power Ppeax = (VX,F\_/Z)2 to the average signal power or a)zc

P
PAPR = 1010g10( ;’)eak)

N

Vir, 1
10 loglo 402 =10 loglo F
X

The variable « is known as the waveform loading factor. It is given as the ratio of the
input signal root mean square (rms) voltage to the full-scale voltage of the ADC.

Next, we examine the impact of oversampling on quantization noise. The band-
width of the uniformly distributed quantization noise ranges from —F/2 to F/2 as
depicted in Figure 5.11. Therefore, increasing the sampling rate serves to spread the
quantization noise across the band while keeping the quantization noise power the
same. The quantization noise within the signal band, however, diminishes as a func-
tion of oversampling. Therefore, the noise power within the sampling band gets
scaled by the oversampling ratio defined simply as

osr = & (5.50)
B

(5.49)

The bandwidth B refers to the IF bandwidth as shown in Figure 5.11. The spreading
of the noise due to oversampling causes the noise power within the desired

Signal spectrum

s . Quantization noise
Quantization noise '/—

due to oversampling \' / \
5
2

B
2

\

|
S

Sy

FIGURE 5.11

Power spectral density of quantization noise spread between —F4/2 and Fy/2. (For color
version of this figure, the reader is referred to the online version of this book.)
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bandwidth to be scaled by the oversampling ratio ag /OSR and hence the SONR to be
expressed as

2
SONR = 10 log;, <Z’2‘ OSR)
e
12 x 2% x g% F, 3k22%PF
= 101log; % L 1010g10<'<s>
ViF, B B (5.51)

F
4.7712 + 6.02b + 10 log <BS> — PAPR

47712 + 6.02b + 10 log,(OSR) — PAPR

The quantization noise power after oversampling can then be computed via the

relation
B/2
BP, 1
S df = = ——P 5.52
[ s =5 = (5.5
—-B/2

The improvement due to oversampling can be seen in the SONR only after digital
filtering the signal to its occupied bandwidth. This gain in SONR is sometimes
referred to as processing gain.

At this point, it is important to clarify that the quantization noise discussed
thus far is not statistically independent in nature but rather depends completely
on the input signal. Historically, quantization noise has been modeled as a uniform
random variable—an approach due in large to the fact that the quantization error
varies uniformly between —6/2 < ex(nTs) < 0/2 as the input varies over the peak-
to-peak values of the ADC [6,7]. This assumption is particularly true provided
that the input signal assumes arbitrary values within the peak-to-peak range of
the ADC, thus causing the output signal to crisscross the various quantization steps
as the input changes from sample to sample. In this case, the uniform noise model
described in Figure 5.12(a) is a reasonable quantization model to use. The validity
of the model rests on the following key assumptions concerning the quantization
error:

1. The quantization error sequence is stationary
2. The probability density function is uniform as stated earlier over the interval
(—0/2, 0/2) as stated in Eqn (5.41)

At this point, we must stress that the uniform noise assumption used to derive the
SONR expression in Eqn (5.48) and consequently in Eqn (5.51) is only an approx-
imation. For example, we shall see in Section 5.2.5 that as the signal exceeds the
peak of the ADC, clipping occurs. As the rms of the input signal increases, the
mean square error due to clipping increases, eventually dominating the uniform
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(a) Nonlinearity

— —-

% 00) % (n7) = 2[x, (1).nT, ] =, (o)

A is the characteritic function
of the quantization process
Clock: nT,
(b)
X, (1
a( ) )g =m > X, (nT\)
Clock: nT, T
(nT,)=x, (nT,) =, (1)
FIGURE 5.12

Quantization model based on: (a) nonlinear deterministic model, or (b) statistical additive
model. (For color version of this figure, the reader is referred to the online version of
this book.)

quantization noise. A spectral approach to quantization noise will be presented in the
appendix.

5.2.3 Effect of clock jitter on sampling

Clock jitter is typically an ambiguous specification in data converters that describes
the degradation due to timing errors in the uniform” sampling process. Clock jitter
introduces a certain amount of uncertainty to the position of the samples taken at
uniform intervals in time.

To further understand the impact of clock jitter, consider the tone x,(¢) =
Asin (2mwFt) when sampled at F; expressed as

Sample at F;
_

x4(t) = A sin 27F?) x(n) = x,(t = ”TS)|TJ:1/FX

F (5.53)
x(n) = Asin (277Fn> = A sin (2xfn)

N

3In this discussion, we are concerned with uniform sampling only versus, say, nonuniform sampling.
Incidentally, the Nyquist sampling theorem assumes that the samples are obtained periodically and
hence uniformly in time.
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Time

FIGURE 5.13

Effect of sampling jitter on a single tone. (For color version of this figure, the reader is referred
to the online version of this book.)

where the normalized frequency is given as f = F/F|. Let the jitter value A#(.) denote
the timing jitter at the sampling instant nT, and then the sampling error is propor-
tional to the derivative of the input signal x,(¢) or [8]

e(t) = At(nTy) %xu(r) (5.54)

t=nT;

For a sinusoidal input, the sampled signal becomes

x(n) =xq(nTs) + At(nTy) %xu(t)hznn (5.53)

The effect of jitter on a sinusoid is depicted in Figure 5.13. The maximum error
occurs at the zero crossings, that is

max {e(t)} = 2aFAAt(nTy) (5.56)

where according to Eqn (5.55) the error function is given as e(t) =
At(nTy) %xa(t) ‘t:nTv'
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EXAMPLE 5.1 JITTER OF AN N-BIT DATA CONVERTER

Let the amplitude range of a certain sinusoid vary between +A. What is the maximum jitter of
an N-bit converter* such that the error is constrained to less than half LSB?

Let the ADC sampling clock be 20 MHz, then given an input tone at 10 MHz, find the
maximum jitter value as you increase N from 7 to 12 bits. Determine the trend.

Next, consider fixing the number of bits to 10. What is the impact on maximum jitter as you
increase the tone frequency from 10 to 60 MHz in 10 MHz steps and changing the sampling
clock accordingly? Determine the trend.

According to the relationship presented in Eqn (5.56), the error magnitude is constrained
to be less than %2 LSB:

A
e(t) < N (5.57)
In other words, the jitter A(.) is also constrained to
1
At(nT, _— .
t(nTs) < 5FoN (5.58)

It is important to note that in Eqn (5.58), the frequency F is half the sampling clock
frequency and represents an extreme scenario.

Given a 10-MHz tone and increasing the number of bits from 7 to 12 bits seems to
decrease the maximum jitter as shown in Table 5.1. The trend depicted in Figure 5.14
shows that the jitter decays as N increases, varying from 124 to 3.89 ps.

Table 5.1 Maximum Jitter as a Function of Increasing Number of Bits

Parameter Value

Number of bits 7 8 9 10 1 12
Frequency (MHz) 10 10 10 10 10 10
Sampling clock (MHz) 20 20 20 20 20 20
Jitter (ps) 124.34 62.17 31.08 15.54 7.77 3.89

140.00

120.00

100.00

80.00

Jitter (ps)

60.00 —o— Jitter as a function of
number of bits

40.00
20.00

0.00
7 8 9 10 11 12

Number of bits
FIGURE 5.14

Maximum jitter as a function of increasing number of bits.

Continued



286 CHAPTER 5 Signal Sampling and Distortion

EXAMPLE 5.1 JITTER OF AN N-BIT DATA CONVERTER—cont’d
Next, given a 10-bit data converter, increasing the frequency of the tone, along with
the sampling clock, seems to also decrease the maximum jitter as numerically shown in
Table 5.2 and depicted in Figure 5.15.
Table 5.2 Maximum Jitter as a Function of Increasing Sinusoidal Frequency
Parameter Value
Number of bits 10 10 10 10 10 10
Frequency 10 20 30 40 50 60
(MHz)
Sampling clock 20 40 60 80 100 120
(MH2)
Jitter (ps) 1554247491 7.77123746 5.18082497  3.88561873 3.108495  2.5904125
18
16
14
12
210
g
£ 8 —e— Jitter as a function of
frequency
6
4
2
0
10 20 30 40 50 60
Frequency (MHz)
FIGURE 5.15
Maximum jitter a function of input frequency.
4N is sometimes used in lieu of b to denote the total number of bits as opposed to b, which designates the effective
number of bits.

Next, define Y as the rms value of the clock jitter A#(nTy) in Eqn (5.54), then we
can express the variance of the error in Eqn (5.54) as

> _ Yz[é @r o (5.59)

where ~ denotes the rms operator. Then, for a single tone, the SNR can be simply
expressed as the average power of the sinusoid or 0.5A% divided by the error variance
or in dB as
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SNRjitter =10 logm ZT
rms
(5.60)
1
—A2
= 10 logy 2
6/_\ 2
Y2 {x (I)}
ot ¢ t=nT;

Recall, however, that according to Eqn (5.54), for a single tone we can express
the standard deviation of the error in terms of the rms value of A#(nTy), or Y as

1
Orms — EAZ']TFY (561)
Substituting Eqn (5.61) into the SNR expression for jitter in Eqn (5.60), we obtain:
1
ZA2
SNRjiner = 101ogy i
47T2F2Y EA (5.62)

= -20 loglo (ZWFY)

The SNR relationship in Eqn (5.62) shows that the degradation due to jitter at low
frequency has minimal impact on the overall SNR, while the impact of jitter is
noticeable at high frequency.

Despite the fact that Eqn (5.62) is representative of sinusoids sampled at half the
sampling clock only, the expression is still used as a performance metric of clock
jitter and its impact on the performance of digital converters. However, this metric
is limited since it only describes SNR performance of a full-scale tone presented at
the highest possible frequency, which is half the sampling clock. In most cases, how-
ever, the desired signal in question has a certain finite bandwidth that is the signal
and is not a tone. This signal may also be oversampled implying that its bandwidth
is less than the Nyquist frequency.’

SRecall that in signal processing, the Nyquist rate is the sampling rate that is equivalent to the IF signal
bandwidth for an IF sampling receiver. In a similar vein, it is conventionally twice the baseband band-
width of the signal, which is half the IF signal bandwidth [9].
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EXAMPLE 5.2 IMPACT OF JITTER ON SNR

Consider a 12-bit converter sampled at 20 MHz. Assume that the total desired SNR at the
output of the converter is 58 dB and that the input is a single tone given at a frequency of
slightly less than 10 MHz. Compute the rms jitter assuming that the only other degradation in
the converter is due to quantization. What is the impact on rms jitter if you vary the total SNR
from 58 to 64 dB? What is the impact on jitter if you change the number of bits from 10to 12
bits while varying the total SNR between 58 and 64 dB? Display the results graphically and
draw conclusions.

Assuming that the noise is additive, the total SNR in dB at the output of the converter is
simply given as

—SNR’”E,

SNRypps = —20 logio\/ 107" + 10— (5.63)
where SNR7.t4 is the total SNR of the converter, SQNR is the signal to quantization ratio, and
SNRjitter is the SNR due to jitter all expressed in decibels.

In linear scale, this relationship may be expressed as

1 1 1

= + (5.64)
SNRTota/A, linear SQNRlinear SNRjitter. linear

which simply implies that the dB-scaled SR due to jitter can be expressed in terms of SQNR
and total SNR as

(5.65)

SNR i SQNR;:
SNRjitter = 10 |Oglo< Total, linear % SQ //near>

SQNRIInear - SNRTota/, linear

According to Eqn (5.65), in order to compute the jitter SNR, we must first compute the
SQNR. The SQNR is given in Eqn (5.51) and can be computed for a tone sampled at ever
so slightly less than the sampling clock rate as

SQNR = 4.7712 +6.02b + 10 log;g <%) — PAR

(5.66)
20 MHz

10 MHz
The PAPR of the tone is 3 dB and can be obtained via the relationship

4.7712+6.02 x 12+ 10 Iogw( > —-3dB =77.012dB

max{|x(t)\2}
et
F/ X2 (t)dt

0

P
PAPR = 10 logjo (Ff’—ea") = 10 log;o
avg

(5.67)

max{|A? cos? (2w Ft)|} A2
1/.F =10 |0g10 1— = 3dB

F / A2 cos? (2nFy)dt 2

0

Next, given the total SNR of 58 dB and the SQNR of 77.012 dB, we can obtain the jitter SNR
according to Eqn (5.65) as

=10 |0g10
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EXAMPLE 5.2 IMPACT OF JITTER ON SNR—cont’d

SNR i SQNRj;
SNRjier = 10 logyo ( Total, linear X Q //near)

SQNR//‘near - SNRTota/, linear

1058/10 4 1(77.02/10 (5.68)
= 10log1o 1077-02/10 _ 1058/10 ) 58.0548 dB
The rms jitter can then be found via the expression given in Eqn (5.62) as
10~ SNRijiter/20
SNRjitter = —20 logyp (27FY)=Y = S
SNRiiter /20 58.054,/20 " (5.69)
10— jitter 1058
=T 2 T 2xaxiOmAz - 1OOPS

Next, if we vary the total SNR from 58 to 64 dB while maintaining the number of effective
bits in the converter at 12 bits, we observe that the jitter variance decreases as the total SNR
increases. This is evident as can be seen in Table 5.3 where the rms jitter has decreased from
19.9 to 9.8 ps. Decreasing the number of bits, however, from 12 to 10, the rms jitter
decreases from that of 12 bits for the same signal conditions. This effect is more pronounced
at high SNR as can be clearly seen in Figure 5.16.

25

20 +—¢-
= \
£ 15 |
8
= 10 —— 12 bits
"’ .
§ 5 - 10 bits

0

58 59 60 61 62 63 64
Total SNR (dB)
FIGURE 5.16

Impact of root mean square clock jitter on total analog-to-digital converter signal-
to-noise ratio for 10- and 12-bit converters. (For color version of this figure, the reader is
referred to the online version of this book.)

Table 5.3 Root Mean Square (rms) Jitter as a Function of SQNR and Total SNR
Parameter Value

Total SNR (dB) 58 59 60 61 62 63 64

PAPR (dB) 3 3 3 3 3 3 3
Number of bits 12 12 12 12 12 12 12
SQNR (dB) 77.02149996  77.0215 77.02149996  77.0215 77.0215  77.0215 77.0215
Jitter SNR (dB) 58.05474807  59.0690369 60.08709268 61.10993  62.13885 63.17554  64.22218
Frequency 10 10 10 10 10 10 10

(MHz)

rms jitter (ps) 19.91052575  17.7161066 1575670839 14.00631  12.44163 11.04188  9.788392
PAPR, peak to average power ratio; SQNR, signal-to-quantization-noise ratio; SNR, signal-to-noise ratio.
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In the white noise model [10], assume that the analog signal x,(f) is sampled at
the rate Fy = 1/T and the sampled signal is given according to the relationship in
Eqn (5.55). In the white noise model the rms value of A#(nT) or Y’ can be found pro-
vided that the signal occupies the full scale of the ADC at its peak:

1 2
Y = ——1/=0SR 5.70
2B V3 (5.70)

where again N is the number of bits, B is the IF bandwidth, and OSR is the oversam-
pling ratio. It is important to note that in this case, as is in the case presented above
concerning a sinusoidal input, the error signal due to sampling jitter is considered to
be white. In the event where the desired signal is significantly oversampled such that
it occupies a small portion of the converted bandwidth, then the power spectral den-
sity of the error signal becomes very relevant [10].

To obtain a better understanding of the spectral distribution of the error, consider
the discrete-time Fourier transform (DTFT) of e(¢) as:

E(F) = DTFT{e(r)} = DTFT{At(nTS)%xa(I)LnTj}

— DTFT{A(nT;)} *DTFT{%xa(t)LnT} 5.71)

= A1(F)j2wFX,(F)

where * denotes the convolution operator. The sampling error spectrum is then
the convolution of the spectrum of the jitter signal with that of the time-
derivative of the input signal. It is obvious from the relationship in Eqn (5.71)
that in order to compute the spectrum of the sampling error signal e(f), both
the input signal and the jitter must be known [11]. The sampling jitter can be
computed or measured in the lab. The input signal, on the other hand, is a combi-
nation of a desired known input signal corrupted by noise and possibly interferers or
blockers.

Allowing the input signal to be a single tone of magnitude A and centered at F,
then the spectrum of the error signal is none other than the spectrum of the jitter
signal scaled and centered at F, or

E(F) = V2wAF.At(F — F,) (5.72)

If the clock is generated via a phase-locked loop (PLL), then the output spectrum is
similar to the one depicted in Figure 5.17. According to Eqns (5.71) and (5.72), the
convolution operation of A#(F) with a sinusoidal input causes the jitter signal spec-
trum to be centered around F,. This process is illustrated in Figure 5.18.
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FIGURE 5.17

Typical clock jitter spectrum generated by a phase-locked loop. (For color version of this
figure, the reader is referred to the online version of this book.)
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FIGURE 5.18

Impact of phase-locked loop induced jitter on sinusoidal input. (For color version of this
figure, the reader is referred to the online version of this book.)

5.2.4 Impact of phase noise on clock jitter

Phase noise was discussed in some detail in Chapter 3. In this section, we will
discuss the impact of phase noise on the jitter of the sampling clock. Consider the
clock signal to be a sinusoid obtained at the sampling frequency Fj:

Veioek () = A sin| 2wF st + 2wF At(t)
~— (5.73)

Phase noise
= Asin 2nFst + ¢(t))

where ¢(¢) = 2wF;A#(r) is the phase noise. Assuming small signal perturbation,
that is sin(¢(¢z))=¢(¢) and cos(¢p(¢))=1, then the relationship in Eqn (5.73)
becomes



292 CHAPTER 5 Signal Sampling and Distortion

Velock(t) = A sin(2wFst + ¢(1))
= A sin(2wFyt) cos(¢(t)) + A cos(2mFt) sin(¢ (1)) (5.74)
=A sin(2wFst) + Ad(t) cos(2mFt)
—_————

Modulated noise

The first term in Eqn (5.74) is the clock signal, whereas the second term is the modu-
lated phase noise. In the frequency domain, the noise term simply translates into
sidebands adjoining the center frequency F as shown in Figure 5.18.

Next, we define the single sideband phase noise spectrum L(F) as the noise po-
wer spectral density, represented mathematically as

2 (F)
2

L(F) = lOloglo( )dBC/HZ (5.75)

where ®(F) is phase noise spectrum of ¢(z). Conversely, the relationship in Eqn
(5.75) allows us to express ®(F) in terms of L(F) as

®(F) = \/2 x 107 (5.76)

The rms jitter can then be obtained from phase noise simply by integrating over
the phase noise power spectral density and normalizing by the sampling frequency
[12]

| - i
Y = / 10 d
27F
0

1
= ®%(F)dF
2nwF / (F)
0

The SNR due to jitter can be obtained as the ratio of the tone-signal power to the er-
ror variance over the frequency band (Fin, Fiax), OF

(5.77)

A2

SNRjiner = 101logyo | ——— (5.78)

E*(F)dF

Fmin
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The error spectrum can be further simplified by substituting the clock phase noise
O(F) =27F,At(F) into the error spectrum E(F) = j2anFA#(F)X,(F). We can rewrite
Eqn (5.78) as®

Finax
Finput L(F’Finpuz)
SNRjiner = —20 logyg 7 100 dF (5.79)
s
me

where Fj,p,; is the input frequency of the tone.
Next, we define period jitter or cycle-to-cycle jitter as the variation in the clock
period and which can be expressed as [12]

Atperioa(KT) = At(KT) — At((k — 1)T) (5.80)

When normalized to the sampling frequency, in the discrete-time domain, the rela-
tionship in Eqn (5.80) can be expressed as

Atperiad(z)‘f:F/Fx = AI(Z)(I _Z_l) (5.81)

Substituting z = e2mF/Fs ip Eqgn (5.81), we obtain

F ,
Al‘pwiod(f) ’f:F/Fx = At (F) (1 _ eﬁ121rF/FJ)

N

F . dTF/Fs _ ,—j2nF[F,
= 2jAt <F> e~ ITF/F; ( 2? (5.82)
$ ]

F . F
= 2jAt( — |e ™ /Fs gin ™
F F

The period jitter can then be related to the phase noise

1 F
Mtperioa(F) = 53— |8 / 1070 sinZ (%)dF (5.83)
) S

Period jitter can be measured in the laboratory, thus verifying important timing in-
formation concerning circuit settling time within a clock period.

5.2.5 Overloading and clipping

Thus far, we have looked at quantization noise as a source of signal degradation in
analog-to-digital conversion. Quantization noise is characterized as white and uni-
formly distributed. In our analysis, we have assumed that the desired signal is

®Recall that for an input sinusoid at a given frequency Fj,,,, the error spectrum is simply shifted in
frequency, that is E(F) = j%ZﬁFm,,mAt(F).
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received within the dynamic range of the converter. However, under certain circum-
stances, the received signal may exceed the full scale or range of the ADC thus
causing the signal to clip. Clipping is a form of degradation that occurs when the
received signal exceeds the dynamic range of the ADC [13,14].

To further quantify the clipping process, assume the input signal x(¢) to be white
Gaussian distributed. The PDF of the signal can be expressed as

e 7 (5.84)

where x(7) is assumed to be zero mean, that is E{x(#)} =0, and has a variance of a)zc.
Furthermore, suppose that the signal clips at half the full-scale voltage V, r /2, then
the total power of the clipped signal is derived in Refs. [13,14] to be

o V. 5
Paing =2 [ (50~ Y52 pspanty (5:85)
Vi, /2

Define the ratio 4 = V, r /(205), then the power of the clipped signal as given in Eqn
(5.85) simply becomes

8 2

2 D/ (5.86)
oW

If we assume the signal to be zero-mean Gaussian distributed, then the signal power
is simply the variance cr)%. The signal-to-clipping-degradation ratio can then be
defined as [13,14]:

P clipping =

| )
SCR = E\gﬂ%ﬂ /2 (5.87)

If we assume the noise due to quantization, clipping, and jitter to be independent, the
total signal-to-noise ratio can be estimated:
1 1 1 1

SNRTotal - SNRjizter + SQNR + SCR

_ SQNR X SCR + SNle‘ner X SCR + SNij‘er X SQNR 5 88
o SNR;iser X SONR x SCR (5.88)

SNRjisier X SONR x SCR
SONR x SCR + SNRjister X SCR + SNRjisier X SONR

SNRTotal =

Clipping is allowed for certain modulation schemes in order to lower the PAPR and
allow the ADC to provide better statistical representation of the signal. This is espe-
cially true for OFDM where a certain amount of clipping is tolerated for lower over-
laying constellations such as QPSK.
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5.3 Antialiasing filtering requirements

The ADC is typically preceded by an analog filter known as the antialiasing filter.
The purpose of this filter is really twofold: (1) to eliminate or attenuate any signal
component higher than F/2, and (2) a last-resort filter to eliminate any unwanted
blockers or interferers before digital conversion. The aim is to be able to remove
any remaining unwanted signal components after digital conversion via digital
filtering as shown in Figure 5.19. The level of desired filtering required to remove
all unwanted signals, however, may not be totally practical under certain scenarios.
For example, in order to maximize the dynamic range of the ADC, the distortion po-
wer due to aliasing cannot exceed that of ¥2 LSB. The power present in Y2 LSB de-
pends on the number of bits in a digital converter, or more specifically,

1
P1/2 LSB = 10 loglo (W) dBc (589)

where b is the effective number of bits defined as

 SNR7owar — 1.76
o 6.02

Both relationships cited in Eqns (5.89) and (5.90) refer to the ADC’s full-scale dy-
namic range. In this case, the designer may resort to oversampling and digital
filtering to lighten the requirements on the analog filter. Therefore, a careful analysis
is required in order to determine the optimum solution in terms of cost and perfor-
mance that would present a balanced approach between filtering and sampling.
Another very important aspect that must be taken into account in determining the
filtering and sampling strategy is the radio architecture. For example, in an
IF-sampling architecture, the analog antialiasing filter is most likely external to
the chip. IF sampling requires only one ADC that samples the received signal at
IF. The choice of IF frequency used will also determine the filter technology. On
the other extreme, consider a direct-conversion receiver where the signal is split
into analog in-phase and quadrature components after mixing. In this case, there

b (5.90)

Digital
bits
A [
—e
% i T
»- /\/ /—FJ(— Logic ! i
Analog [ —,
signal Sample —
> M
hold
Analog filter
Analog to digital converter Digital filter
FIGURE 5.19

Analog antialiasing filter preceded by analog-to-digital converter and digital filter.
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are two analog lowpass antialiasing filters that are integrated on the chip. The sam-
pling rate and resolution of the in-phase and quadrature ADCs is typically less than
that used for the IF-sampling ADC. Therefore, once the architecture is determined,
the required instantaneous ADC dynamic range and blocking requirements will
determine to a great extent the minimum sampling frequency of the ADC, its reso-
Iution, and the antialiasing filter requirements.

EXAMPLE 5.3 ANTIALIASING FILTER COMPLEXITY AND SAMPLING RATE
TRADE-OFF

Consider a 5-MHz OFDM signal and a direct conversion receiver. Both data converters are 9-bit
Nyquist ADCs. Furthermore, assume that a single narrowband blocker could exist at the
following frequencies:

e Slightly higher than 10 MHz, or
e Slightly higher than 20 MHz, or
e Slightly higher than 40 MHz.

Given the continuous frequency responses of three possible antialiasing Chebyshev type 1
filters depicted in Figures 5.20-5.22 simultaneously. In each case, choose the minimum
sampling frequency such that the degradation due to the blocker is less than Y2 LSB. Assume
that the blocker power does not exceed O dBc relative to the signal power.

Continuous frequency response

e 210n
Magnitude (dB)

-10 ViLeIR U0 semnsety Sy A A 180N

=20 : : toriz 150 n

-0 : Vo T R 120N

—-40

90n

=0 : : S R §rTmTomoomeoeees 80n

=60 : : ' ~ T 30n

i Group delay (s)

-70 - —
0 10M 20 M 30M 40 M 50M

3rd order low pass chebyshev | Frequency (Hz)
FIGURE 5.20

Frequency response of third order Chebyshev type 1 filter for 5 MHz passband. (For color
version of this figure, the reader is referred to the online version of this book.)
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EXAMPLE 5.3 ANTIALIASING FILTER COMPLEXITY AND SAMPLING RATE
TRADE-OFF—cont’d

First, given a 9-bit Nyquist ADC, let us compute the necessary rejection due to the power
present in Y2 LSB of dynamic range

Continuous frequency response

0 g
Magnitude (dB) 420n
| -4543dB
| -60.38°
-0 D qgdzns TTTTTTTYTTTTTTTTTTTTTO P prossessssnnooooe 3500
| 10030z P 778208 : :
L =763 : ! -1083dB
—40 f-------ff------\rrmmccceccecccccnnns THOONS cccicecmeiice e -8325° -------
: ! 4742ps 2808
! 39.98MHz

=60 | : N CoTTTTTTT HE 210n

B A e e e e voTTTTTTT T e 1400

-100

: Group delay (s) wl

-120

0 20M 30M 40M 50 M
5th order low pass chebyshev | Frequency (Hz)
FIGURE 5.21

Frequency response of fifth order Chebyshev type 1 filter for 5 MHz passband. (For color
version of this figure, the reader is referred to the online version of this book.)

Continuous frequency response
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FIGURE 5.22

Frequency response of seventh order Chebyshev type 1 filter for 5 MHz passband. (For
color version of this figure, the reader is referred to the online version of this book.)

Continued
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EXAMPLE 5.3 ANTIALIASING FILTER COMPLEXITY AND SAMPLING RATE
TRADE-OFF—cont’d

1
P1/21s8 = 10logio <m>

=10 |Oglo (ﬁ) = —60.2 dBc

Consider the third order Chebysheuv filter depicted in Figure 5.20. The results due to the
three blocker scenarios is summarized in Table 5.4. According to Table 5.4, the sampling
rate must be chosen such that a digital filter must be implemented that can attenuate
the signal post data conversion to an acceptable level. A trade-off of implementation
complexity, cost, and power consumption to justify oversampling the clock and the digital
filter versus employing higher order analog filters must be performed.

(5.91)

Table 5.4 Blocker Scenario Given a Third Order Chebyshev Filter

Blocker Frequency Comment
Slightly greater According to Figure 5.20, the magnitude attenuation at
than 40 MHz 40 MHz is roughly 60 dBc, which is not sufficient to

attenuate the blocker to below %2 LSB. Therefore, for this
filter, the sampling rate must be in excess of 40 MHz in
order to ensure that the degradation inflicted on the signal
is less than %2 LSB. The oversampling ratio must be in
accordance with Eqn (5.50) or OSR = F¢/B.

Slightly greater Insufficient attenuation. See note on oversampling above.
than 20 MHz
Slightly greater Insufficient attenuation. See note on oversampling above.
than 10 MHz

Table 5.5 Blocker Scenario Given a Fifth Order Chebyshev Filter

Blocker Frequency Comment
Slightly greater Sampling at 10 MHz in this case is more than
than 40 MHz sufficient. The magnitude rejection of the filter

exceeds 108 dB, which is far in excess of the
needed power rejection for ¥ LSB.”

Slightly greater The magnitude rejection of the blocker at slightly

than 20 MHz higher than 20 MHz exceeds 77 dB and is well
beyond what is needed to attenuate the alias to less
than %2 LSB for 10 MHz sampling.

Slightly greater The filter provides approximately 45 dB of

than 10 MHz attenuation for a blocker situated at 10 MHz.
Therefore, oversampling signal at 15 or 20 MHz is
sufficient. The blocker at 10 MHz can then be
digitally filtered.
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EXAMPLE 5.3 ANTIALIASING FILTER COMPLEXITY AND SAMPLING RATE
TRADE-OFF—cont’d

Next consider the fifth order Chebyshev filter depicted in Figure 5.21. The results for the
three blocker scenarios are summarized in Table 5.5. The filter is sufficient to attenuate the
blockers at 20 and 40 MHz such that the degradation power in each case is below that of Y2
LSB. However, that is not the case for the 10 MHz blocker, and oversampling and digital
filtering are necessary to meet the desired performance.

Finally, given the seventh order Chebyshev filter depicted in Figure 5.22, it can be easily
seen that the filter's magnitude response in all three cases provides sufficient rejection. After
filtering and sampling, the degradation due to the blocker signal is certainly less than the
relative power contained in ¥z LSB.

"The filter resolution obtained via simulation represents only theoretical results. In practice, analog rejection of 108 dB
at IF may not be easily achievable using conventional filter design! For this reason, proper analog filter simulation that
takes into account all the relevant practical design and process parameters must be performed to obtain reasonable
rejection numbers.

5.4 Quantization noise hased on spectral analysis

In this section, an exact expression for quantization noise and SONR is derived. The
analysis herein does not make any assumptions about the signal nor its nature.
Furthermore, there is no assumption made concerning the loading of the converter.
Consider the sinusoidal input signal plus noise

x(1) = (1) +n(1)
= Acos(Qr + ¢) + (1)

where Q and ¢ are the frequency and phase of the sinusoid, and 7(.) is white
Gaussian with variance 037. According to Ref. [15], an arbitrary nonlinearity fJ.]
acting on a sinusoidal input plus noise can be generally conveyed as®

(5.92)

S &S+ => 0> %mmhkaek (Z) cos(m(Qr + ¢)) (5.93)
k=0m=0"

where W,, is a constant used to simplify the mathematics

1 m=0
= {2 otherwise (5.94)
and Hey, (g) are the Hermite polynomial defined as
k
A k2 4Ty
Hek(;> =(—o0) /2o af [e n/ "} (5.95)

8The time variable has been dropped for notational convenience.
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and finally the coefficients of the expansion Ay, are given as

=]

e /27 T,(s/A)
+ n|H dnd 5.96
:Z_/wfs nlHe )\/27r02 VA2 — 2 e -90)

The function T,,(.) denotes the Chebyshev polynomial defined as
Ti(s/A) = cos[mcos™!(s/A)] (5.97)

The Hermite polynomials Hey(.) form an orthogonal set in the interval (—oo, o)
with regard to the weighting function e /2, that is

/ ¢™/2 Hey(x)Hew (x)dx = {k’m k=m (5.98)

0 otherwise
— 0
The orthogonality property of Hermite polynomials makes them ideal for series ex-
pansions. Furthermore, the weighting function of the Hermite polynomials makes
them appropriate for representing nonlinear functions acting on zero-mean Gaussian
noise. This is particularly true since the cross-correlation of the various terms in a
series expansion using Hermite polynomials of the function f[n] is zero. The Her-
mite polynomial can be expressed in recursive form as [16]

Heyy1(x) = xHey(x) — kHey—1(x)

Hep(x) = 1 (5.99)
Hei(x) = x
The relationship in Eqn (5.96) can be further simplified as
hin = "0 / F[E)E e (AE)dE (5.100)
where j denotes the complex number j = —1 and J,,(.) denotes the mth order Bessel

function and F[£] is the Fourier transform of f[x], then the Fourier transform pair of f
[x] and F[£] is given as

0

FE = [ e Faeri = [ FEeRa o

— o0

Consider the ideal midriser quantization characteristics depicted in Figure 5.7, then
F[£] can be expressed as

201

2« T ; cos(£1;) (5.102)
where 0 is the quantization step, b is the number of effective bits, and {r,-}?i]l isa
set of threshold levels, depicted as the values representing the x axis in Figure 5.7
and ideally represented as
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— for i =0
M
T = (i—?>6 fori =1,---M—1 (5.103)
fori =M

where, as defined earlier, M + 1 represents the number of thresholds in the quantizer.
Substituting the relationship in Eqn (5.102) into Eqn (5.100), we obtain a new
expression for the Hermite coefficients given as

o]

](k+m 1(50' k 2°—1 A
M = COS EI, 3 J (AE) ¢ (5.104)

i=1 Yy

The series expansion expressed in Eqn (5.93) implies that f[s + 7] is comprised of
many terms. The majority of these terms are harmonics. Two terms, however, cor-
responding to the signal and noise, hold particular importance, namely

S()(t) = 2hy; COS(Q[ + (f))

(5.105)
no(t) = hioHe; (Z) = th@

According to Eqn (5.105), the signal power Py and the noise power P, can be
computed, respectively, as

Py = 2K,

2 (5.106)
Py = hyg

Next, compute the total output power Py, of the quantizer determined by the prob-
ability density function of the input x(¢) = s(¢) + n(¢)

21
Proar = Y 67 Pr(t < x < 1i41) (5.107)

i=1
The quantization error power can then be derived via the simple relationship

PQuantization = Protar — Ps — Pn
201

.1
= Zé%Pr(ri<x§1i+l)_2hgl_h%o (5.108)
i=1
The exact SONR can then be expressed as the ratio
SONR Ps Py
Exact = =
xact PQuantization Protal — Ps — Pn
P (5.109)
N

; Zzb Vo2 Pr(t < x < tipy) — 2h3, — h3,
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The importance of this derivation of SONR is the fact that one can obtain the exact
power of the harmonics and intermodulation products present at the output of the
quantizer. The quantization error itself is correlated with the signal mostly in the
form of odd harmonics. Furthermore, the relationships in Eqns (5.108) and
(5.109) indicate that the nature of the quantization noise and hence the SONR de-
pends on the statistical nature of noise present in the signal. More precisely, the
quantization noise largely depends on the amplitude of the signal and noise present
at the input of the quantizer.
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Analog to digital conversion is the process of transforming the signal from the
analog domain to the digital domain. This process could take place at baseband,
as is the case of direct conversion receivers, or at intermediate frequency (IF) or
low IF depending on the requirements and consequently on the receiver architecture
pursued by the designers. In this chapter, we discuss the various hardware architec-
tures in which an analog-to-digital converter (ADC) can be implemented. The chap-
ter is divided into five sections. Section 6.1 discusses the main building blocks of
ADCs, namely track-and-hold amplifiers and comparators. Topics such as aperture
time accuracy, clock feedthrough, and charge injection and their impact on the
signal-to-noise ratio (SNR) are discussed. In Section 6.2, we introduce the Nyquist
converter. We delve into the architectural details of the FLASH, pipelined, and
folding ADC architectures. In this section, we also discuss the impact of key perfor-
mance parameters such as dynamic range, harmonic distortion, and thermal noise on
the performance of the converter. Section 6.3 presents the concept of oversampled
converters and AY modulation. The basic loop dynamics are derived. The architec-
tures of continuous-time and discrete-time AY modulators are presented and the
advantages and disadvantages of each design architecture are given in some detail.
Next, the signal processing of the MASH architecture, which is comprised of a
cascade of basic AY modulators, is studied. The pros and cons for using a MASH
converter versus a single-loop converter are given. The chapter concludes with a
small discussion on further nonidealities of AXY modulators, which are largely
outside the scope of this text.

6.1 Basic building blocks

In this section, the two main blocks of data converters, namely the sample and hold
amplifier (SHA) or the track and hold amplifier (THA) and the comparator are
discussed. The basic architecture of each block is presented. The performance and
sources of degradations are discussed.

6.1.1 Track-and-hold and sample-and-hold amplifiers

In data conversion, an SHA or a THA is typically needed in order to capture the
analog signal and hold it during the conversion process from the analog domain
to the digital domain. A THA circuit tracks the analog signal during the track
mode for roughly 50% of the time, and the analog value is captured as the circuit
switches into the hold mode for the remaining 50% of the time. An SHA circuit,
on the other hand, is comprised of two THA circuits placed back to back. The second
THA circuit in this case is clocked on the opposite phase of the first THA circuit.
With the exception of the short transition periods at the rising clock edges, an
SHA produces a held signal during the full sampling clock period. In this case, in
order to limit the transition between hold and track phases to a small proportion
of the clock period, the bandwidth of the second THA must be sufficiently large.
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6.1.1.1 Basic architecture

A basic open-loop functional THA is depicted in Figure 6.1. The performance of a
typical ADC is gravely influenced by the performance of track-and-hold (T/H) cir-
cuit. Parameters such as spur-free dynamic range (SFDR), noise, dynamic range, and
other types of distortion are largely influenced by the performance of the T/H circuit.
For example, the choice of a single-ended THA or SHA, as opposed to differential
THA or SHA, is limited by charge feedthrough that can significantly degrade the
performance of the ADC. THA circuits have been implemented in gallium-
arsenide (GaAs) technology for applications requiring very high speed, Silicon
bipolar, complementary metal-oxide-semiconductor (CMOS) at lower frequency
of operation, indium-phosphide (InP), and silicon-germanium (SiGe). All of these
process technologies offer certain advantages and disadvantages. While CMOS
for example is relatively cheap to fabricate at the expense of lower speed, InP and
GaAs process technologies are more expensive but tend to provide much faster
devices.

Apart from the design details or types of THA or SHA used, all circuits have
four basic components common to all configurations. According to Figure 6.1, a
THA consists of an input amplifier, a hold capacitor Cg,y serving as a storage
device, a switching circuit, and an output buffer. Operationally, the input amplifier
presents high impedance to the signal source, thus buffering the input signal, and
provides sufficient current gain in order to charge the hold capacitor Cp,4. During
track mode, the voltage across Cp,;q follows the input signal with a certain delay.
During the hold mode, the switch opens and the hold capacitor retains the same
voltage that is theoretically present at the last instant of the track period. The
output buffer, on the other hand, presents a high impedance to the hold capacitor

_ Offset adjust
\%

input

o — O
output

V+

input

—— Criow

T/H
control

Switch driver
FIGURE 6.1

Functional block diagram of an open-loop THA circuit.
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CHoiq in order to maintain the held voltage from rapid discharge. The switching
circuit consists of a switch driver and the switch itself. The basic operation of a
THA is illustrated in Figure 6.2. When the clock ¢ is high, then the switch is closed
and the capacitor Cyyjq charges its voltage to Vj,,,.. The capacitor used is assumed
to be a low-leakage capacitor in order to avoid voltage droop. Voltage droop is

N V4 40‘/
— <
tput
‘/input outpu
:[CHald
Hold Track

Slew Track  Hold

FIGURE 6.2

Basic track-and-hold circuit excluding the input amplifier. (For color version of this figure, the
reader is referred to the online version of this book.)
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defined in terms of the hold capacitor leakage current as rate of change in voltage
across Croiq as

d ]leakage
—Ve(t) = —=— 6.1
dr ) CHold ©D

In data conversion, it is greatly desired that the THA output voltage does not droop
by more than £%2 LSB during conversion time. In this case, the maximum allowable
droop is given in terms of full-scale voltage Vg as

d VEs
maxs —V.(t) p = o5—— (6.2)
{dl C( ) } 2b+1 Tconversion

where T, is the data conversion time.

When the clock ¢ is low, the switch is open and the voltage is held. Let I, be
the maximum current the supply can provide in order to charge the hold capacitor
Crola, and let Ry, be the ON resistance of the switch, then the maximum rate
of change during slew is given as the ratio

d Lsource
V() = 6.3)
dr ( ) stitch

Slew rate is then defined as the maximum rate of change of the output voltage during
track mode.

The 3-dB bandwidth, on the other hand, is a function of the switch resistance and
the hold capacitor simply expressed as

1
BWs-as = o7 Rywitch CHold (©4)

The relationship in Eqn (6.4) is commonly referred to as the small signal bandwidth
and is simply the frequency at which the voltage gain of the THA drops by 3 dBs
relative to the gain at DC. Small signal refers to an input signal, which is much
smaller than full scale by as much as 20 or even 40 dBs. The small signal bandwidth
is much smaller than the full power bandwidth, which is defined as the frequency for
which the THA drops by 3 dB relative to the gain at DC given a full-scale input sig-
nal.” Generally speaking, the small signal bandwidth tends to be larger than the full-
scale bandwidth. This is true if the input driver cannot provide sufficient current or
the ON resistance of the switch is dependent on the input signal voltage.

The switch resistance can be further manipulated and increased with the aid of
the output impedance of the source driving the circuit. From basic circuit theory,
we can also compute the acquisition time due to a step voltage as

Vompm(t> _ (1 _ e—t/R,mnhCHam)Vmpm(t) (6.5)

“Full power and small signal bandwidths are usually measured using an input tone.
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‘/input 77777777777 T 777777777
+ 1 LSB error band
VL‘
Track time
- Acquisition time >
Track time
Hold time
FIGURE 6.3
Acquisition time. (For color version of this figure, the reader is referred to the online version of
this book.)

Acquisition time by definition is the maximum time needed to attain the new level of
the input voltage Viy,,(?) once the THA switches to track mode. A signal is said to be
acquired once the THA output voltage V;;u(?) has settled within a certain error band
of its final voltage as shown in Figure 6.3. This error is typically bounded by %2 LSB.
The acquisition time obviously depends on the hold capacitor Cp,;; as expressed in
Eqn (6.5). Therefore, maximum acquisition time occurs when Cpy,;; must fully charge
to a full-scale voltage change. The acquisition time can be reduced by simply
choosing a smaller capacitance for Cg,;y. The implication of choosing a smaller
capacitance, however, results in increase in the hold step as an increase in droop rate.

6.1.1.2 Aperture time accuracy

Another parameter of interest is aperture time accuracy. An ideal T/H circuit samples
the incoming signal instantaneously. In practice, however, the T/H circuit requires a
certain aperture turn-off time 7/2, which is defined as the fall time of the sampling
pulse [1]. In a similar vein, a practical sampling pulse exhibits a rising time t/2 result-
ing in aperture timing error t. Figure 6.4 shows that the ideal sample should instanta-
neously occur at time ¢, but instead it occurs within the time interval (¢ — t/2, t 4 1/2).
Let the weighting function that defines the aperture window be g(.), then the T/H cir-
cuit samples the input signal Vj,(¢) resulting in the output signal V() [2]:

7/2
Voutput(t) = / g(e)vinputa + €)d5 (6.6)
—1/2
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Sampling point
\‘// V

input

(1) =Asin(Qt)

Aperture
window

t—7/2 t+7/2

FIGURE 6.4

Output sample with finite aperture time 7. (For color version of this figure, the reader is
referred to the online version of this book.)

For the sake of this analysis, consider the weighting function to be normalized and
hence satisfy the relationship:

/2

/ gle)de =1 (6.7)

—1/2

Next, we compute the error power due to aperture time accuracy as shown

in [2]:
2
Perror = E{ [Voutput(t) o Vi"pm(tﬂ } t=nT,
1 N—1 2
= Nli_)moo N nz:‘; [Voutput(nTS) - VinPW(nTS)] (6.8)

For a sinusoidal input V() = Asin(2wF ), the resulting error power for a finite
aperture time is given as

AZ
Pepror = ?‘1 - G(IQ)‘Z (6.9)

The authors in [2] show the error power Eqn (6.8) for three aperture windows as
summarized in Table 6.1.
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Table 6.1 Error Power Due to Finite Aperture Time for Various Aperture Windows

Aperture Window g(r) Aperture Window G(j2) and
Error Power Pe,ror

Rectangular window:

G(jQ) = sin c(%)

21—sinc %
2

A
P, error — ?

T

—<e< 2
5Ses

N«

1
gle) = § ¢
0 otherwise

Triangular window:

, 8 Q1
R R C7)
gle) =92 4 T A2 8 ar\\ |2
. 2t OSSSQ Pe,m,:?1fg2—r2 17COS?
0 otherwise

0 otherwise A2
Perror = ?

6.1.1.3 Charge injection and clock feedthrough

At this juncture, it is important to address the various architectures of T/H circuits.
For low-speed low-power applications such as pipelined ADCs, a switched capacitor
circuit, conceptually depicted in Figure 6.5, is typically used [3]. During hold, there
is limited voltage droop due to limited leakage paths for the hold capacitor Cgyg.
According to Eqn (6.3), the voltage change across Cp,y is determined by the current
passing through the MOS device. In turn, the current capacity of the MOS device
depends on the biasing characteristics of the transistor.

In practice, the performance of the T/H circuit depicted in Figure 6.5 suffers from
two major types of degradations: charge injection and clock feedthrough. In order to
understand the problem associated with charge injection, consider the metal-oxide-
semiconductor (MOS) device depicted in Figure 6.5. When the transistor is on, the
drain-to-source voltage Vpg is roughly zero and the transistor is said to operate in the
triode region. When the MOS device is turned off, the mobile charges flow from
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FIGURE 6.5

T/H switched capacitor circuit.

the channel region and into the drain and source junctions [4]. For an NMOS tran-
sistor, the amount of channel charge is directly proportional to the channel width W
and the channel length L or:

Ochannel = _WLC()(Vdd — Vinreshold — Vinput) (6.10)

where Viy,esnoid 18 the threshold voltage of the NMOS device and C,, is the gate oxide
capacitance. Once the NMOS switch is turned off, a certain amount of channel
charge transfers into the input V;,,,, while the rest transfers into the hold capacitor
Crola

AQchannel = KQchannel = _KWLCO(Vda' — Vinreshold — Vinput) (6.11)

where « is the fraction of the channel charge that reverted to the hold capacitor. The
change in the output voltage AV,,,,; due to charge injection is simply the ratio
AQchannel _KWLCO(Vdd — Vinreshold — Vinput)
AVOutput = =
CHold CHold
kWLC, kWLC,
V.
CHold f ( mnp ut) |:V1hmxhold CHold

= Constant + Vinput (6.12)
where the nonlinear function f{(V;,.;) indicates that Vi esno1q is nonlinearly related to
the input voltage Vj,,,,. Hence, the relationship in Eqn (6.12) indicates that the
output voltage change AV, has a linear dependency on Vi, as well as Vipregnola,
which in turn has a nonlinear dependency on the input voltage Vi, [4.5]. In short,
charge injection introduces a nonlinear dependency on the input signal to the output
of the T/H circuit.

Another prominent issue in T/H circuit design is clock feedthrough. Clock feed-
through is attributed to the gate-to-source capacitance of the NMOS device. The
resulting voltage change at the output of the T/H circuit is the ratio

Cparasitic
Cpurusitic + CHold

AVoutput = (VDD + VSS) (613)
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where Cprasiric 18 the parasitic capacitance as mentioned in [4]. The relationship in
Eqn (6.13) shows no dependency on the input signal Vj,,,;, and hence the resulting
voltage offset is predictable and can be removed. Overall, the degradation due to
clock feedthrough is small and more benign in nature than the degradation intro-
duced by charge injection. Both degradations, however, are byproducts of the
intrinsic limitations of MOS devices. Both charge injection and clock feedthrough
adversely affect the resolution and performance of the data converter [5,6]. In order
to mitigate both problems, researchers in the field resorted to alternative T/H circuit
designs.

Thus far, we have only shown the open-loop architecture depicted in Figure 6.1.
Despite its speed, simplicity, stability, and high linearity, this particular architec-
ture is prone to input-dependent degradation due to charge injection [1]. In order
to better manage the errors due to charge injection, a closed-loop THA architec-
ture, shown in Figure 6.6, may be employed. Comparing the open-loop THA of
Figure 6.1 to the closed-loop THA of Figure 6.6, we note that in the latter, the
output of the THA is fed back to the input or transconductance amplifier. The feed-
back configuration limits voltage swings across the switch as compared to the input
and output of the THA.

During acquisition, the switch is closed and the output follows the input. The
MOS switch is maintained at a virtual ground during the entire sampling phase,
thus ensuring that the charge injection is independent of the input signal. Mean-
while, during this process, the hold capacitor Cg,;, tracks the input signal. In this
case, the error due to clock feedthrough from the switch is effectively removed
[1,7]. When the switch is open, the voltage across the output is that of the hold
capacitor, and hence the sampled or tracked voltage is retained during the hold
period. The disadvantages of the closed-loop T/H circuit are lower speed when
compared to the open-loop architecture, limited bandwidth, and increased design
complexity. Other architectures such as the open-loop architecture with Miller
capacitance, the multiplexed input architecture, the Schottky diode-bridge T/H

[
CHO/d
‘/[npm J ' °
J - ‘/uul/ml
T/H
control -

FIGURE 6.6
Closed-loop THA architecture.
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FIGURE 6.7
High-speed Schottky diode-bridge THA circuit.

depicted in Figure 6.7, and others that present certain performance advantages over
the traditional open- and closed-loop architectures presented herein can be found
in [1]. Details concerning certain implementation of the Schottky diode-bridge
THA of Figure 6.7 can be found in [8§—10].

6.1.1.4 Impact of voltage droop on performance

Before we move on to discuss the impact of the track-and-hold function on the signal
itself, we will discuss one more type of degradation, namely droop. Given the basic
architecture depicted in Figure 6.1, in THA, droop is simply defined as change in
amplitude during the hold mode resulting from discharge in the hold capacitor.
For a Nyquist converter, be it serial or parallel, let the number of bits be N, then there
exists 2V — 1 total thresholds in the data converter. Furthermore, let n be the number
of bits converted each cycle (n = N for Flash converters), then the mean square level

error resulting from droop is:
2" —1
A? = (2N — l)cﬂ (6.14)

where d is the level error at the output of the comparator due to droop. According
to Eqn (6.14), and as will become obvious later on in the chapter, the mean square
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Time-domain effects of T/H circuit on input signal: (a) input tone, and (b) output of T/H circuit.
(For color version of this figure, the reader is referred to the online version of this book.)

level error due to droop in the FLASH converter is d°. In the same vein, a similar
expression can be obtained for another popular Nyquist converter architecture, the
successive approximation ADC, expressed as the sum of errors of L conversion
cycles:

27— L-1\?
A = 2y T (Z— 1
1 ! L—1 615

The relationship in Eqn (6.15) accounts for the total droop that takes place over the
total number of conversion cycles. The successive approximation ADC architecture
will be discussed later on in the chapter.

Finally, we examine the impact of droop on the SNR of the converter. The SNR
due to droop is given as

22bK2
SNRiro0p = 10logyg (W OSR) (6.16)

again where OSR is the oversampling ratio and « is the loading factor.
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6.1.1.5 Impact of track and hold on signal quality

Finally, it is important to note the impact of the track-and-hold function on the input
signal itself from a pure signal processing perspective. We will discuss the signal
processing aspects of THA in more detail later on in the chapter, but at this point
it is important to point out some of the time domain and frequency domain aspects
of the T/H function.

Consider an analog tone input to the T/H function as depicted in Figure 6.1. Let
the frequency of the input tone to the T/H be F. = 5 MHz and the output of the T/H
be as shown in Figure 6.8(a) and (b), respectively. Note that the output signal of the
T/H is a degraded version of the input signal. In the frequency domain, the input tone
to the T/H and its output are depicted in Figure 6.9(a) and (b), respectively. The
degradation due to the hold process manifests itself as replicas of the input tone
centered around multiples of the sampling frequency F; or more precisely at
mFy— F.and mF;+ F.,, me N.

6.1.2 Comparators

A variety of high speed ADCs, such as the FLASH converter for example, use com-
parators in their circuits to compare an analog signal to a certain reference voltage as
will be demonstrated in Section 6.2.1. A comparator must be able to amplify and
compare the input signal at significantly higher speed than the sampling rate of
the incoming signal. The basic function of a comparator is to compare a varying
input signal to a fixed reference signal resulting in a logic O or logic 1 at the output,
in effect acting as a single-bit ADC.

A traditional latched comparator circuit is shown in Figure 6.10. In a latched
comparator, for example, the comparison is performed at time instants controlled
by the latch signal. Once the track signal voltage goes high, the input signal voltage
gets amplified. Once the latch signal goes high, the voltage differences at the output
will force the positive feedback transistor pair Q5 and Qg to latch, thus resulting in a
digital output signal. At high speed, this basic design is prone to certain transient
noise at the input during latch mode mainly due to Q3 and Q4 abruptly shutting
off. This type of degradation is known as kickback noise. Kickback noise could
take a significant amount of time before it decays to less than 1 LSB [1].

Another important conversion error is metastability. Metastability occurs when
the difference between the input signal and the threshold is not adequate enough
to drive the comparator into saturation within the allotted time [11], thus causing
the output of the comparator to be undefined or completely erroneous. This phenom-
enon is illustrated in Figure 6.11. To further illustrate metastability, we can estimate
the output of the comparator V,,,,(?) in response to an input voltage V(%) at the
latching instance as

Voutput(t) = GVinput(t)etd/T (6.17)

where G is the gain of the preamplifier. The time 7 is the regeneration time constant of
the latch, and the time #, is the elapsed time after the comparator output has latched.
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Basic comparator: (a) block diagram, and (b) classical track-latch comparator design.

Time regeneration is defined as the total time the latch needs in order to produce a
legitimate digital signal. To gain a better understanding of metastability, consider
the three scenarios depicted in Figure 6.11, namely scenarios A, B, and C. In scenario
A, the comparator output reached a logic value 1 from a logic value 0 before the hold-
mode signal is asserted. The output of the comparator is an unmistakable logic value
1 in response to a large differential input voltage. Next, consider scenario B where the
differential input voltage is small. In this case, at the time of the assertion of the hold
signal, the output of the comparator is in between logic level 0 and logic level 1 and
consequently it has not reached logic level 1. In this case, the comparator has resulted
in an erroneous output logic level. In scenario C, the differential input level to the
comparator is very small, and hence the output of the comparator at the time that
the hold signal is asserted is at the erroneous logic output level 0.
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Metastability—an error that occurs when the latch does not produce the desired output level
within a certain time [11]. (For color version of this figure, the reader is referred to the online
version of this book.)
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The probability that a metastate has occurred after the decision time #; has
elapsed is [12,13]:

Po(t>1g) = e 71 (6.18)

Typically, for symmetrical clocking, the latch period ¢;is T/2 = 1/(2F;), where F is
the sampling speed of the comparator as illustrated in Figure 6.12. Realistically, if
we account for a certain charge time, say fcjqrge, then the decision time becomes
tq=1/(2Fy) — teparge. Obviously, reducing charge time allows more time for the
comparator to reach a digital decision and hence reduces the occurrence of meta-
stable points. For a sampling rate F, and a moderate gain G, the probability of meta-
stable states per second can be implied from Eqn (6.18) simply as

Y — Fse*%ld _ Fse*%(TX/Z*tzmge) (6.19)

According to Eqn (6.18), the occurrence of metastability can be minimized by
increasing the unity gain bandwidth G of the comparator [13].

EXAMPLE 6.1 METASTABILITY IN A LATCHING COMPARATOR

A simplified model of the comparator latching process is depicted in Figure 6.13. Let V be the
voltage across the capacitor at the time of regeneration tp, then compute the regeneration
time constant T = RC.

Solving for the current /() in Figure 6.13 results in the well-known equation

—Voutput (1) + I(H)R + V(1) = 0 (6.20)
Substituting Voutput (1) = GV (1) into Eqn (6.21) and solving for the current /(1), we obtain
I(t) = % V(t) (6.21)

Furthermore, the voltage across the capacitor C can be further expressed as
I(t) = C%(tt) (6.22)

Substitute the result in Eqn (6.20) into the current relationship in Eqn (6.22) and
rearrange in terms of the voltage W/t)

avity G-1,. G-1
at ~ re /W= VO 23
R
+ i(t)
* | Voupu(t)
V({,)IL C G ot

FIGURE 6.13
Basic model of comparator during the latching process.

Continued
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EXAMPLE 6.1 METASTABILITY IN A LATCHING COMPARATOR—cont'd

Integrating both sides of Eqn (6.23) relates the voltage Wt), the gain G, and time to the
regeneration time constant

In(V(t)) + K = Gth (6.24)
Define the integration constant as K = In(Vp), then Eqn (6.24) can be rewritten in the form
|n<@> = Et=>V(t) = Vet (6.25)

Vo T

Next, in order to determine the regeneration time constant, at an arbitrary instant time t;,;;
measure the initial voltage Vj,j;. After a certain time AT has elapsed such that
tsample = tinit + AT, measure the voltage at the sampling instant Vsampre. According to

Eqgn (6.25), the ratio of the sample voltage Vsampre = V(tsampre) = Voec;,ltsamp\e to the initial
voltage Vi =V (tini) = Voe™ it is

G-1
Veample _ Voe ™ me _ aar (6.26)
Vinit Voe = Lini
Thus implying that the regeneration time constant is
L LN (6.27)

Vo
'“( Ve

It is interesting to note that, according to Eqn (6.27), the regeneration time constant
depends on the gain G as well as AT = tsampje — tinit-

6.2 Nyquist converters

In this section, we present some popular Nyquist converter architectures, namely the
FLASH converter, the pipelined and subranging converters, and finally the folding
converter. Performance degradation relevant to these types of converters is discussed
in some detail.

6.2.1 The FLASH architecture

The FLASH architecture is the most prominent architecture of high speed
Nyquist converters. The converter is comprised of a series of comparators strung
in parallel followed by a decoder logic and latch as shown in Figure 6.14.
The resistors situated before the comparators serve as voltage dividers in an
ascending order. The reference voltage of each individual comparator is tapped
onto the resistor bank such that each voltage resistor is 1 LSB higher than the
voltage across the resistor directly below it. Therefore, starting from the bottom
comparator as comparator m = 0, if the analog input voltage of the signal is higher
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FIGURE 6.14
The FLASH or parallel ADC.

than the voltage at the m™ comparator and lower than the voltage at the (m + 1)”"
comparator, then the output corresponding to the m” comparator is logic “17,
whereas the output corresponding to the (m + 1)” comparator is logic “0”. The
structure of the comparator/resistor ladder resembles a thermometer logic that is
the trademark of FLASH ADCs. The output of the thermometer logic is further
decoded resulting in the proper binary output. This output could be represented
in Gray code or binary weighted code if so desired. The output of the thermometer
is postponed by one comparator delay after which the results are processed by the
decoder logic and switch. The latter have an insignificant delay in contrast to the
comparator’s delay. Given a reasonably matched set of comparators, the compar-
ator delay could act as an S/H circuit, thus enabling the designer to forgo the design
of an SHA. Once the input voltage is applied to the resistor ladder, the comparators
process the respective signal with certain inherent delay as mentioned earlier in the
chapter.

Given an N-bit FLASH converter simply implies that the number of resistors
present in the ladder structure is 2" resistors whereas the number of comparators
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is 2% — 1. This bit-encoding technique is known as thermometer logic since in its
operation it resembles a temperature thermometer. Despite its high speed, it is
obvious that the complexity of the converter increases dramatically with its reso-
lution thus directly impacting its power consumption. Clearly, reducing the power
consumption of the comparator greatly reduces the power consumption of the con-
verter. The design itself is made up of repetitions of the comparator block along
with the single decoder structure that is implemented in ROM [13]. The conversion
time, however, is not impacted by the number of comparators, as is the case, for
example, with the pipelined architecture. Increasing the resolution by one bit
almost doubles the size of the core circuit. In this case, the power consumption
of the circuit also increases dramatically to almost double. In comparison, the res-
olution of a successive approximation ADC or a pipelined ADC increases linearly
with increasing the resolution.

The FLASH converter can be impacted with various types of degradations such
as differential nonlinearity (DNL), integral nonlinearity (INL), harmonic distortion,
kickback noise, sampling clock jitter, delay-induced errors due to uneven clock dis-
tribution, nonideal rise and fall times in the sampling clock, DC offset, and metasta-
bility to name some of the degradation parameters. Some of these degradation
parameters will be discussed shortly. Furthermore, FLASH ADCs suffer from addi-
tional degradation in performance due to input capacitance, which in turn increases
proportionally as a function of the number of comparators in the converter. These
parameters are not peculiar to the FLASH converter but can be applied in varying
degrees to other Nyquist architectures.

6.2.1.1 Degradation due to differential and integral nonlinearities

DNL is a static parameter that denotes the maximum deviation of the converter step
width and the ideal value of a single LSB. The ADC specification calls out for a
DNL of strictly less than an LSB in order to avoid having any missing codes at
the output of the converter. This, in essence, ensures that the input/output transfer
function of the ADC is monotonic. In order to represent DNL mathematically, let
the analog input to the converter be x,(%,i), which is obtained at multiples of the sam-
pling period T be given as:

M—1
Xa(t, i)|t="Ts Ex(nTX) + eq(nTs) = Xref Z bm(l’lTs)zm
m=0
+¢4(nTy), for b,(.)e{0,1}
= Xref [b()(l’lTY) + 2b1 (nTv) 4+ -
+ 2M—1bM_l(nTs)}
+e(nTy), for bu()e{0,1}  (6.28)

In Eqn (6.28), {b(nTS)}%;g is a binary sequence with by being the LSB and by;_;
being the most significant bit or MSB. The input reference is represented by x,.r
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whereas the quantization noise is associated with e,(.). The variable i associated with
the analog input signal x,(#,i) signifies the quantization signal level at the output of
the converter.

Next we define the DNL in terms of the difference between two analog
inputs, resulting in two adjacent quantization values and the resolution of the
ADC as:

Xo(t,0) = Xq(t,i = 1) =0 x4(t,i) — xq(t,i — 1)
) N )

DNL(i) = -1 (6.29)
DNL is illustrated in Figure 6.15. In Eqn (6.29), we define the resolution of the

converter or single LSB in terms of the full-scale voltage Vi s as the ratio
(Figure 6.15)

o = Viry/2" (6.30)
"

Ideal transfer function |
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010 __ .
: ¢ ¢&——— DNL
|
001 I
——>
000 >
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FIGURE 6.15

Input/output transfer function of 3-bit ADC showing both ideal and actual characteristics and
missing codes, thus illustrating the effect of DNL.
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FIGURE 6.16

Input/output transfer function of 3-bit ADC displaying the effect of INL with respect to an ideal
transfer function. (For color version of this figure, the reader is referred to the online version of
this book.)

The INL can now be defined as the deviation curve from the ideal ADC transfer
function, which is a line between 0, provided there is no DC offset, and full scale.
This method of computing the INL is referred to as the end-point line, and hence
the INL can be computed as the aggregate sum of the DNL for a total number of
k codes, for example:

k—1
INL(k) = > DNL(i) (6.31)
i=0

Both DNL and INL are used to specify the performance of a Nyquist ADC.
For a FLASH ADC, the INL could be specified as low as 0.1 LSB. The impact
of INL on the transfer function is depicted as a smooth curved line in
Figure 6.16. The ideal quantization steps are plotted along the theoretical linear
transfer function of the converter. The actual quantization steps, not shown in
Figure 6.16, obviously suffer from DNL degradation with the trend that follows
the INL curve.
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EXAMPLE 6.2 IMPACT OF INL ON SIGNAL QUALITY

The purpose of this example is to simply illustrate the impact of INL on signal quality. Assume
that the nonlinear transfer function of an ADC due to INL can be modeled as a third order
polynomial of the form

V(1) = Bix(t) + Box2(t) + ﬁ3x3(t)‘tinr (6.32)
where x(t) is the input signal to the ADC and y(t) is the equivalent output signal, and Ts is the
sampling period. The INL transfer function depicted in Figure 6.17 is generated using the
coefficients 31 = 1.4, 8o =—0.1, and 83 = —0.3. Determine the /P2 and IIP3 points.

Assume the input signal after the SHA to be x(nTs) = acos(wnTs), where w is the normalized
frequency. Determine the output signal V(nTs), and plot its respective normalized spectrum.

In order to determine the output signal y(nTs), let us use the analysis developed in Chapter
4 to determine the various nonlinear signal components. That is, let

y(nTs) = Bracos(wnTs) + Boa? cos? (wnTs) + B3> cos® (wnTs) (6.33)

Linear term Second order term Third order term

The second order term in Egn (6.33) can simply be expressed as:

2
Bra? cos?(wnTs) = Ba cos(2wnTs) + 1 (6.34)

N———— ~—
Second harmonic  DC term

2

Normalized output

Non-linear transfer function

,,,,,,,,,,, PR

I I
I I
L i

0 0.1 0.2 0.3 0.4 0.5 0.6 0.7 0.8 0.9 1
Normalized input

FIGURE 6.17

Linear and nonlinear transfer function of an ADC. (For color version of this figure, the
reader is referred to the online version of this book.)

Continued
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EXAMPLE 6.2 IMPACT OF INL ON SIGNAL QUALITY—cont’d

Similarly, the third order term in Eqn (6.33) can be written as:

B30’ cos® (wnTs) = %63013 cos(wnTs) +%63a3 cos(3wnTs) (6.35)

Distortion to linear term Third harmonic

Finally, the output signal is given as the sum of the linear term plus the results expressed in
Eqns (6.34) and (6.35), or as

Boa? 3, 3 Boa? 1, 3
Y(wnTs) = 5 + (Bra+ 263(1 cos(wnTs) + > cos(2wnTs) + 16301 cos(3wnTs)
(6.36)
The spectrum of the ideal tone along with that of the degraded output signal is depicted in

Figure 6.18.

The /P2 due to INL can be computed for 3;=1.4, and 8,=-0.1 according to
Chapter 4 as:

1.4
P2 4gm = 10 Iosm(%) +30 =10 '0810(||_o.1‘|

In a similar manner, the //P3 due to INL can be computed for 81 =1.4 and 83 =-0.3

> +30 = 41.5dBm (6.37)

4 4 1.4
//P3d5’m = 10|0g10< 3:2;) +30 = 10|0g10< § | ‘

By employing the same techniques developed in Chapter 4, the harmonic distortion due to
the second and third harmonic can also be computed.

_0_3> +30 = 34dBm (6.38)

T T T T T T T T T T T
Second harmonic Ideal tone
Third harmonic /
o
Degraded tone
o /
k2
o —50
(2]
c
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Q.
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—200 , 1 1 1 1 1 1 1 1 1 1]
-0.1 -0.08 -0.06 —0.04 -0.02 0 0.02 0.04 0.06 0.08 0.1
Normalized frequency
FIGURE 6.18

Spectrum of ideal tone and tone degraded by INL. (For color version of this figure, the
reader is referred to the online version of this book.)
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Impact of voltage offset error on ADC transfer function.

6.2.1.2 Offset errors

An offset error is a common error that impacts all the output codes of a Nyquist ADC
as shown, by way of an example, in Figure 6.19. The voltage or current offset
referred to here is not due to imperfections in the analog receiver but rather due
to the ADC circuitry. In this case, an offset voltage, offset current, or in certain cases
a digital code is present at the output of the ADC despite the fact that there is no
signal applied to the input. Offset errors can also manifest themselves as gain errors.
A gain error is a change or deviation in slope from the ADC’s ideal transfer function.
The offset may be present in the input or output amplifiers as well as comparators. In
order to ensure that there are no missing codes, it is imperative that the maximum
value of the offset does not exceed Y2 LSB. In comparators, offsets are mainly
due to the preamplifier, and hence extra care is necessary in the circuit design in or-
der to minimize their impact. This implies, for example, optimizing the layout in or-
der to mitigate the random offset caused by the transistor fabrication process. The
offset is also dependent on the process itself. For example, offsets present in
CMOS comparators are higher than offsets present in their bipolar junction transistor
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(BJT) counterparts. In order to ensure a good design yield, offset cancellation tech-
niques are typically used, thus reducing the offset of a CMOS comparator, for
example, from a few mVs to a small portion of an mV.

6.2.1.3 Spur-free dynamic range, total harmonic distortion, SINAD,
and ENOB

In order to make full use of the dynamic range of the ADC, it is highly desirable to
maximize the ratio between the desired signal, say an input sinusoid, and any
undesired harmonics that may arise due to circuit nonlinearity. In general, ADCs
with low distortion due to INL result in a large SFDR [13]. SFDR in this context
due to the second and third order nonlinearity is defined exactly as it was defined
in Chapter 4 and repeated here as

Asrpr—1ip2 = = (IIP2 — PADC noise)

(6.39)

W N =

Asrpr—np3 = = (IIP3 — PADC noise)

where Papc noise 1S the noise power of the converter and not restricted just to thermal
noise. The typical unit used to describe SFDR in this context is either dB full scale
(dBFS) or dBc. Harmonics are typically measured with input signal applied at or
near full scale of the ADC. Harmonics can be further specified in general via an
encompassing term that accounts for all the harmonic distortions in the ADC known
as total harmonic distortion (THD). For a single tone input to the ADC, THD is
defined as the amplitude ratio:

2
THD — Yu-2Vs D
- oS

PY)
V1

(6.40)

where 77 and {77 }i,vzz are the RMS voltage of the fundamental and second to Nrh
harmonic, respectively. The variable S and D signify the signal and distortion,
respectively. Another figure of merit is THD plus noise or commonly referred to
as THD + N. THD + N is defined as the sum of harmonic powers plus noise power
divided by the fundamental power.

A further specification of ADCs in general and FLASH converters in particular is
the signal-to-noise-and-distortion ratio (SINAD). SINAD is another encompassing
specification that describes the general performance of a converter. For a single-
tone input, SINAD is defined as the ratio of the RMS desired signal amplitude to
the mean of the root-sum-square of all nonfundamental spectral components except
DC. SINAD provides a good indication of the performance of an ADC converter
since it includes the effects of almost all degradations present at the output of the
converter. SINAD can be mathematically expressed as

S
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It is interesting to further dissect the ratio S/(N + D) by looking at its inverse, or

% = %+? =107 + 10 (6.42)

Hence, SINAD can be expressed in terms of SNR and THD simply as

1
SINAD = 20 log, <10% N 10%) (6.43)
Note that in this case, SNR was used and not SQNR in order to account for input-
referred noise if the latter becomes significant.

Another measure of dynamic performance of the FLASH ADCs, as well as other
ADC:s, is the effective number of bits (ENOB). For an ideal ADC, ENOB is related
to SINAD via the relationship as

SINAD — 1.76 + 10 logy, (vas )

input

ENOB =

602 (6.44)

where Vpg is the full-scale voltage of the converter and Vj,,, is the input
signal voltage amplitude. When the input signal is applied at full scale, the
result in Eqn (6.44) becomes the familiar number of bits derived from the
theoretical expression ENOB = N = (SNR — 1.76)/6.02. Note that both ENOB and
SINAD are figures of merit that measure the dynamic performance of the ADC.

6.2.1.4 Impact of thermal noise on FLASH ADCs

The FLASH ADC architecture that is depicted in Figure 6.14 relies on a
series of amplifiers and resistors in order to create the thermometer circuit discussed
earlier. Thermal noise, as discussed in Chapter 3, is white in nature and manifests
itself around the nominal code transitions as shown in Figure 6.20. Code transition
noise, also known as input-referred noise, causes dithering around the code transi-
tion levels. Thermal noise is additive to quantization noise. Assuming the total noise
power due to quantization and thermal noise to be Ntzotal (.), then the total SNR can be
expressed as the ratio of the signal power to noise power or

Psignal
SNRiotal = —75 1 (6.45)
E{Nt%)tal(t) }

where Pg;g,q1 is the signal power.
The total noise power can be further expressed in terms of thermal and quanti-
zation noise simply as

E{Ntzolal(t) } = E{ [Nlhermal + Nquantization} 2}

= E{Nt211ermal (t) } + E{Nguantization (t) } + ZE{Nthermaquuantization}
(6.46)
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FIGURE 6.20
Degradation caused by transition noise in FLASH ADC.

where Nyermai(.) and Nyyansizarion(.) are the thermal and quantization noise, respec-
tively. Assume both Nyermai(.) and Nguansizarion(.) to be zero-mean white and uncor-
related [13], that is

E {N thermal Vquantization } =0 (6.47)

then the expression in Eqn (6.46) can be reduced to the sum

2
E{Nz%)tal(t) } = E{ [Nthermal + Nquantizalion] }

2 2 2 2
=E {N thermal (t ) } +E {N quantization (t) } = Olhermal t Jquuntization
(6.48)

In Eqn (6.48), 02, and aéuamizmmn are the thermal and quantization noise vari-

ances. Substitute the results obtained in Eqn (6.48) into the total signal-to-noise-ratio
expression obtained in Eqn (6.45), then we obtain

Py
+ g2

quantization

SNRota1 = B
a

(6.49)

thermal
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FIGURE 6.21

Impact of additive thermal noise on total SNR for a 12-bit ADC. (For color version of this
figure, the reader is referred to the online version of this book.)

The relationship in Eqn (6.49) can be further expressed in terms of the signal-to-

quantization ratio SONR = P/ Uguamim”on via simple algebraic manipulation,

resulting in the total linear SNR:

P SONR
SNR o1 = Sz = > =
gt _ thermal +1 _ Tihermal +1
quantization Uguantization a?;uantization (6.50)
SONR
:%, k>0 and ¥* < 1
K

The impact of additive thermal noise on the total SNR degrades the SQNR as
depicted in Figure 6.21. The degradation is inversely proportional to the denomina-
tor of Eqn (6.50) where k> < 1and k > 0.

6.2.2 Pipelined and subranging ADC architectures

The block diagram of a typical pipelined ADC architecture is depicted in
Figure 6.22. The main advantage of this architecture is high resolution with reduced
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Typical pipelined ADC architecture.

design complexity compared to a FLASH ADC. These advantages of decreased
complexity and increased resolution come at the cost of reduced conversion speed.
The pipelined ADC is comprised of multiple stages set up in cascade and driven by
nonoverlapping clocks. Each stage is comprised of an SHA, a FLASH ADC, and a
corresponding DAC of the same resolution, a subtractor circuit, followed by an
amplifier as shown in Figure 6.23. In the k™ stage, the output of the SHA is digitized
by the FLASH ADC, which produces by bits. These very same bits are then con-
verted to an analog signal via a DAC of the same resolution. The output of the
DAC is then subtracted from the output of the SHA and after amplification serves
as input to the following stage. The amplifier circuit must settle in less than %2 clock

£/ 1

— S/H

FIGURE 6.23
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b; bits
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Single stage of a pipelined ADC.
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Subranging two-step ADC architecture.

cycle to the desired gain. The gain itself must be accurate especially in the early
stages in order to achieve the desired resolution. To ensure the accuracy of the linear
processing of the analog signal, pipelined architectures often rely on calibration
techniques to compensate for capacitor mismatches and finite operational amplifier
gains [14].

A subranging ADC is comprised of a single-stage circuit containing a coarse
ADC followed by a fine ADC as shown in Figure 6.24. The complexity of a sub-
ranging architecture is inferior to that of a FLASH converter. For example, for a
10-bit subranging ADC, assume that the fine ADC is comprised of 6 bits requiring
2% — 1 =63 comparators and a coarse 4-bit ADC requiring 2* — 1 = 15 compara-
tors resulting in a total of 78 comparators, which is still far less than the 1023 com-
parators needed for a FLASH converter. In the event where the number of bits is
split evenly between the coarse and the fine ADC, the number of comparators is
proportional to 2% where b is the resolution [15]. This results in a significant
reduction in die area and power consumption compared to a FLASH converter.
The subranging ADC, however, requires a minimum of two clock periods to pro-
duce its digital output as compared to the single clock period required by the
FLASH converter. The accuracy of this converter depends amongst other things
on the accuracy of the gain errors, offset errors, as well as the input-referred noise
of the SHA.

6.2.3 Folding ADC architecture

Similar to a subranging ADC, a folding ADC, depicted in Figure 6.25, is comprised
of a coarse ADC used to generate the MSBs, a fine ADC used to generate the LSBs,
and a folding circuit. The two distinct differences between the subranging ADC and
the folding ADC is the absence of a THA circuit as well as the DAC [16]. Both out-
puts of the coarse and fine ADCs are fed to a bit encoder circuit in order to generate
the final digital output. The analog input, however, is sent simultaneously to the
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Folding ADC architecture.
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FIGURE 6.26
Basic Gray code folding circuit as presented in [17].
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FIGURE 6.27
Output of folding circuit depicted in Figure 6.26. (For color version of this figure, the reader is
referred to the online version of this book.)
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coarse ADC that generates the MSBs and to the folding circuit. The number of com-
parators is similar to the number of comparators needed in the subranging ADC, thus
resulting in a lower component count than the FLASH converter and smaller die
area.

In order to understand the folding operation, consider the folding circuit
presented in [17] and depicted in Figure 6.26. Let the input signal V;, vary within

+V,

-V, -V,
(a)

+V, +V,

-V, -V, v,
(b)

+V, +V, +V, +V,

-V, -V, -V, -V, -V,

(c)
FIGURE 6.28

Folding circuit response with single- and multiple-folding operations: (a) single-folding, (b)
double-folding, and (c) quadruple-folding. (For color version of this figure, the reader is
referred to the online version of this book.)
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the dynamic range [—V,, +V,], then in the extreme case where the input signal
is V;,=—V,, the comparator enables the output of the G =2 amplifier and
the residue output signal is simply V,; =2V;,+ V,=—V,. Next consider the
other extreme of the dynamic range where the input signal is V,; =
—2Viy+V,=-2V,+V,=-V,+V, the comparator enables the output of the
G = -2 amplifier and the residue output signal is again V,;=-2Vj,
+V,=-2V,+V,= -V, Next, assume that the input signal is in the middle of
the dynamic range, that is V;, =0, then the output of the folding circuit is at its
maximum or V,; = -2V, + V, = —2 x 0 + V,, = V.. The resulting transfer function
is triangular in shape as portrayed in Figure 6.27.

The folding operation takes place at one-half the full-scale voltage range
of the ADC. The folding circuit discussed thus far is limited to a single-
folding operation and hence produces a single-bit (MSB) output. However,
the folding circuit does not have to be limited to a single-folding operation
and can be designed to split the input signal range into multiple-folding opera-
tions as shown in Figure 6.28. In the case where the folding is doubled, the peak
amplitude occurs at one-fourth the full-scale voltage range of the ADC correspond-
ing to two MSBs, whereas in the case of quadruple folding, the peak amplitude
occurs at one-eighth the full-scale-folding voltage range corresponding to four
MSBs. At this point, it is important to note that the folding operation does not
occur without a certain amount of distortion around the edges as depicted in
Figure 6.29. Folding circuits designed in MOS or bipolar will exhibit a certain
amount of distortion in the form of rounded corners as opposed to the theoretical
sharp corners depicted in Figure 6.28, for example. This nonideal response can
cause degradation in the resolution of the converter especially if the folding oper-
ation occurs multiple times over the entire dynamic range. This type of distortion is
more severe at higher frequencies and thus limits the speed of the converter. None-
theless, the resulting die area is still significantly less than that of a FLASH

converter.
Distorted response Theoretical response
_ ~
~
-~ N
FIGURE 6.29

Theoretical versus actual distorted response of folding circuit.



6.3 AX converters 339

6.3 AX converters

Oversampled converters in this chapter refer only to AS modulators.” AZ modula-
tors rely on oversampling and feedback filtering in order to noise-shape the quanti-
zation noise away from the desired signal [19]. The aim of noise-shaping is to leave
as little quantization noise as possible in the desired signal bandwidth and the rest
out of it. The out-of-band noise is then filtered out by a decimation filter as will
be explained herein. According to Chapter 5, we define the oversampling ratio
OSR as the ratio of the sampling frequency F to the Nyquist frequency Fyyquiss
or OSR = Fy/Fyyquis- Typically, A modulators, employed in wireless receivers,
tend to have a higher OSR than 2. In general, oversampled ADCs have an advantage
over their Nyquist counterparts due to the simplified requirements they place on anti-
aliasing filter. While a Nyquist converter may require an antialiasing filter with a
sharp transition band, thus causing phase distortion to the desired signal, an over-
sampled converter typically does not place the same stringent requirements on the
filter. In this section, we will discuss the various aspects of AZ modulators varying
from analysis to architecture.

6.3.1 The basic loop dynamics

In order to understand the basic workings of oversampling converters, consider the
lowpass AX converter depicted in Figure 6.30. The subscript “a” in this context de-
notes an analog signal to differentiate it from its equivalent discrete signal. The cir-
cuit is comprised of four major components namely, a summing element, an analog

0 /T u(r) =y, 0,
H ADC .
L/ ()

Loop

filter Digital

DAC |«

FIGURE 6.30
The basic AX loop architecture.

"In this chapter, AS modulators will be treated as oversampled converters. There have been tech-
niques, however, such as the one described in [18], where AZ modulators have been implemented
in parallel, thus increasing the resolution of the converter and reducing its oversampling rate or
completely eliminating it.
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loop filter with transfer function H,(s) = £{h,(¢)} where £{} denotes the Laplace
operator, and an ADC and a DAC placed in the feedback portion of the loop. Assume
that both ADC and DAC are clocked at the sampling frequency Fs. Given that the
input signal has much narrower frequency content than the sampling frequency,
the converted digital signal can faithfully, with low quantization noise in the desired
band, represent the information content present in the input analog signal. It will be
shown that the quantization noise increases as a function of frequency due to the
highpass shaping nature of the loop [20].

In order to further illustrate the basic functionality of the AY converter shown in
Figure 6.30, let the input signal to the loop filter be comprised of the difference be-
tween the input signal x,(7) and its reconstructed approximation y,(f). The resulting
output u(?) is then digitized via an ADC in order to provide a sampled version of the
output signal y(n). To gain further understanding of the role of the loop in the con-
verter, let the ADC-DAC combination be represented simply by its analog output
v4(t), which is the sum of the output of the loop filter u(f) and the analog-
equivalent quantization noise of the converter e (). This process is illustrated in

Figure 6.31.
Taking the Laplace transform of the output of the loop filter u(f), we obtain the
relation
U(s) = Ha(s)[Xa(s) = Ya(s)] (6.51)
— { ADC
DAC
) /1N w0
e, (1)
FIGURE 6.31

Simplified analog-equivalent representation of the ADC-DAC circuit.
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Furthermore, the output y,(7) can be written in the Laplace domain as the sum
Ya(s) = U(s) + E4(s) (6.52)

Substitute the value of U(s) found in Eqn (6.52) into Eqn (6.51) in order to obtain the
input—output relation:

U(s) £ Ya(s) — Eq(s) = Ha(5)[Xa(s) — Ya(s)] = Ya(s)

H,(s) 1

= m)(a(s) + TI_Ia(S)Eq(S) (653)

Based on the relationship in Eqn (6.53), we will define two important transfer func-
tions, namely signal transfer function (STF) defined as:
H,(s)

STF(S) = TI-IH(S) (654)

and the noise transfer function (NTF) defined as:

1
NTF(s) = ——— 6.55
(s) 1+ Hy(s) (6.55)
In Eqn (6.53), the output signal Y,(s) is the sum of the input signal X,(s) filtered
by the STF and the quantization noise E,(s) filtered by the NTF. At this point, in
order to simplify the analysis, assume that the loop filter H,(s) is an integrator fil-

ter, that is
1
Hy(s) = B
) (6.56)
.\ [2
HalR) = o
Then the signal transfer function can be expressed as:
Hy(s) 1 1
STF(s) = =2 = 6.57
(s) L+ Hy(s) 1+1 s+1 657
The magnitude-squared response of STF(j{2) can be computed as:
1
STF(jQ)|* = ——— 6.58
STRGRF = (659)

The STF is a lowpass function that satisfies the lowpass filter characteristics at DC
and Q — o, that is

1
. N2 1 _
Jim ISTEGR)™ = (%1310(92 n 1) !

) (6.59)
lim |STF(iQ)]> = lim =0
Q—>l o | (J )l ! (QZ + ])
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Similarly, the noise transfer function can be expressed by substituting H,(s) in
Eqn (6.56) into the expression in Eqn (6.55), and we obtain
1 1 s

- - 6.60
[+H(s) 1+ s+1 (6.60)

NTF (s)

The magnitude-squared response of the noise transfer function then becomes
, @2

QP+
The NTF is a highpass function that satisfies the characteristics of a highpass filter at
DC and Q — o, that is

2 Q
éim0|NTF(jQ)| = 1im< ) =

INTF (jQ)| (6.61)

Q-0\0? + 1
) (6.62)
~ .91 12 . Q . 1
lim [NTF(jQ)|” = lim (— = lim =1
Q— Qoo \ Q) +1 Q— w 1 1
s

This implies that, according to Eqn (6.53), the desired signal x,(f) < X,(s) is filtered
via a lowpass filter whereas the quantization noise e () < E,(s) of the ADC is filtered
by a highpass filter. In the latter case, the noise is said to be “shaped away” from the
desired signal. This shaping of the quantization noise implies that its distribution is not
uniform; rather, it follows a highpass function, in contrast with the quantization noise
present in Nyquist ADCs where the quantization noise is uniformly distributed. This
process is illustrated in Figure 6.32 using a first order A converter. The input to the
converter is a noise-free tone with an oversampling ratio of 8 as illustrated in
Figure 6.32 (a). The ADC is simply a single-bit converter or slicer. The output of
the first order AX converter is captured at the output of the ADC as shown in
Figure 6.32 (b). The shaping effect can be noted as “pushing” the quantization noise
away from the signal, thus minimizing its degradation effect and increasing the
SQNR. Increasing the order of the loop pushes the noise further away from the signal
and hence increases the SQNR as is shown in Figure 6.33.

The loop filter for the first order continuous-time (CT) AZ converter is comprised
of one integrator that can be implemented as an active RC or g;,-C based circuit as
shown in Figure 6.34. As a matter of fact, for high-resolution CT AX converters, a
combination of both types of integrators is used with the first integrator being an
active RC while the remaining integrators are gm-C as explained in [21]. Both
CT integrators realize the basic function H(s) = 1/ts where t is the time constant.
The time constant is obtained as the product of the capacitive and resistive compo-
nents of the integrator. In practical designs, the behavior of CT integrators depends
on the circuit design where a certain number of design trade-offs have to be conduct-
ed. For example, active RC integrators tend to be more linear than their gm-C coun-
terparts and can afford larger signal swing. On the other hand, gm-C integrators can
operate at higher frequencies than active RC integrators [22].
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FIGURE 6.32

Quantization noise-shaping in first order A converter: (a) single-tone input, and (b)
quantization noise-shaping due to first order AY converter. (For color version of this figure,
the reader is referred to the online version of this book.)
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Quantization noise-shaping in third order AX converter: (a) single-tone input, and (b)
quantization noise-shaping due to third order AZ converter. (For color version of this figure,
the reader is referred to the online version of this book.)
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FIGURE 6.34
Basic integrator for continuous-time (CT) AX converter using: (a) active RC, and (b) gm-C.

6.3.2 Continuous-time versus discrete-time AX modulators

AZ modulators come in two flavors, namely continuous-time or discrete-time (DT)
modulators. Unlike the CT modulator depicted in Figure 6.30, the DT modulator
depicted in Figure 6.35 first samples the analog signal via an S/H circuit. The output
is then presented to the rest of the loop in discrete-sampled form. This implies that
any sampling imperfections, such as sampling clock jitter, due to the S/H circuit are
added to the input signal and filtered by the STF and consequently will not undergo
any shaping by the NTF. In contrast, in CT-AX modulators, the sampling process

Digital filtering
» and down- |—»

x (7
% a( )= Discrete-time AZ- x(n)

modulator sampling
Anti-aliasing
filter
x, (£ f \ x(n
B v Kl EX
Y
Loop filter
DAC |«

FIGURE 6.35

Basic architecture of DT-AX modulator. (For color version of this figure, the reader is referred
to the online version of this book.)
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FIGURE 6.36
Noise-shaping in AY modulators.

takes place inside the loop and hence most of the degradations are shaped away by
the NTF. This process is illustrated in Figure 6.36.

In DT-AZ modulators, the loop filter H(z) is implemented using a switched
capacitor or a switched current circuit. In particular, monolithic switched capacitor
circuits are highly linear compared to CT-AX modulator circuits employing analog
integrators implemented in active RC, gp,-C, and MOSFET-C technologies [20].
Having said that, however, note that the loop filter in CT-AX modulators further en-
hances the performance of the antialias filter or levies off some of the requirements
imposed on it. This is true since the loop filter provides a certain amount of antialias
filtering itself. A further advantage of CT-AZ modulators is the fact that the con-
verter can be clocked at a higher rate than its DT-AX counterpart. However,
CT-AZ modulators tend to be prone to process, temperature, and supply voltage var-
iations, which in turn affect the loop filter’s transfer function [23]. Moreover, stabil-
ity in CT-AX modulators is harder to achieve compared to DT-AX modulators due to
the inherent loop delay of both the quantizers and the DACs.

The use of digital signal processing techniques has given researchers in the field
the necessary tools to fully analyze and understand the performance of DT-AX mod-
ulators. In order to capitalize on this large body of work, engineers who intend to
design and implement CT-AX modulators model their behavior as DT-AZ modula-
tors first. The design is then converted to continuous time and implemented. One
such implementation technique requires that the DT-AZ modulator has an identical



6.3 AX converters 347

impulse response as the corresponding CT-AX modulator at the sampling instant n7
at the input to the quantizer. This, in turn, will ensure that the outputs of both loops
are identical at all sampling instants in response to all input signals.

To further demonstrate this modeling process, consider the CT-AX modulator
shown in Figure 6.37. The analog portion of the circuit is comprised of a DAC,
an analog loop filter, and an ADC or bit slicer that all can be modeled as a discrete
filter. This assumption is reasonable since the input to the analog circuit or the DAC
as well as the output of the analog circuit or ADC are both discrete. Define H(z) as
the equivalent discrete-time filter that satisfies the relation

Z HH(@)} =2 {Ha(s)Da(9)}| . forall ¢ (6.63)

where D,(s) is the DAC’s linear impulse response and Zfl{.} is the inverse Z-
transform operator. The implication of Eqn (6.63) is that the sampled response of
NTF(s) when sampled at nT is identical to the discrete response NTF(z). The rela-
tionship in Eqn (6.63) implies that the discrete-time impulse response h(n) of H(z) is
the sampled version of the convolution between the continuous-time loop filter A,(7)
and the DAC linear response d,(f) at the sampling instance nT; or

W) =da(t) * ha(t)] oy, = / du(2)ha(t — 7)dz (6.64)

t=nT;

0+ u(0) |~ |utor) )=y, ()|,
N - . J .
& W «(5) o _‘,‘_
';l‘l’t‘;‘r’ Digital
DAC |<
(b)
y(n) =y, (1),_,, v, (1) u(7) u(t2nT)
— DAC H,(s) 4’\'1 .
Loop -
filter
FIGURE 6.37

CT-AZ modulator showing (a) closed-loop modulator, and (b) open-loop analog circuit of the
modulator that can be modeled as a discrete circuit.
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where the mapping between the CT and DT domains is simply the impulse invari-
ance mapping. Expressing analog impulse response as a parallel fraction expansion
as discussed in [24], we obtain

N N
H,(s) = Zsfk Shy(t) = Zakep” for t >0 (6.65)
k=157 Pk k=1

where {oy(f)} are the coefficients of the analog loop filter 4,(f) and {pi(r)} are its
poles. The equivalent discrete-time filter can then be shown as

Qg
H(z) = ZW where zx = e* for k = 1,2,-,N  (6.66)
k=1

Note that the mapping of the poles via the relationship z; = ¢’} does not imply that
the zeros in the analog and digital domains conform to the same relationship, thus
implying that the equivalence model produces satisfactory results only when the
sampling rate is sufficiently high. Finally, in order to find the equivalent DT transfer
function, we must also model the analog transfer function of the DAC. This topic is
treated in the next section.

6.3.3 Linear DAC models

Thus far, according to Eqn (6.63), in order to obtain the equivalent discrete-time
loop filter H(z), we must obtain, in addition to H,(s), the analog transfer function
of the DAC. In this section, we discuss two popular DAC models: the nonreturn
to zero (NRZ) and the return to zero (RZ). The rectangular pulses of both DACs
are shown in Figure 6.38. It is noteworthy to mention that the performance of
both NRZ and RZ DAC:s tend to be limited by sampling clock jitter. In order to alle-
viate the problem, circuit designers resort to DACs with more sophisticated impulse
responses that make them more tolerant to clock jitter. This added tolerance comes at
the cost of added design complexity. The time and Laplace domain responses of both

d.(1)= I, O0=t<T, d.(1)= 1, T,=t<T,=T,
“ 0, otherwise /o, otherwise
T 0 T, Ty T,

(a) (b)
FIGURE 6.38

DAC rectangular pulse response of: (a) NRZ DAC, and (b) RZ DAC. (For color version of this
figure, the reader is referred to the online version of this book.)
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Table 6.2 Time and Laplace Domain Responses of NRZ and RZ DACs
DAC Time-Domain Response Laplace-Domain Response
1 0<t<T, 1-e5T
NRZ danmz(t) = {O othervvises Danrz(S) = —
—sT, —sT,
1 TL<t<Ty<Ts _ o1 e
RZ dapz(l) = {O otherwise Dapz(s) = s

DAC:s are given in Table 6.2. Unlike the NRZ DAC, which remains constant over the
entire sampling period, the RZ DAC’s response is nonzero only between a lower
bound 77 and an upper bound Ty as defined in Table 6.2. In the event where
T, =0 and Ty =Ty/2, the DAC is simply referred to as RZ DAC. On the other
hand, if 7; =Ty/2 and Ty =T, in this case the DAC is referred to as half-delay
RZ DAC. In lowpass AT modulator designs, RZ DACs are less vulnerable to non-
linearities as clearly shown in [25,26].

Next we analyze a CT-AX modulator with an NRZ DAC in the feedback as illus-
trated in the linear model shown in Figure 6.39. The intent is to examine the loop and
derive an equivalent DT AZ modulator. Substituting the NRZ DAC transfer function
given in Table 6.2 into the relationship in Eqn (6.63), we obtain the DT impulse
response of h(nTy) as

h(t = nTy) = Z'{H(z)} = Ll{l —et Ha(s)} (6.67)

N

‘ y(m)=y, (1),
N (t) . /\ " (S) '4( ) \ u(n??) j__ =,
1%
> z
Loop .
filter Digital
D, (s) T
NRZ D, ypy (5)=12%
s
Loop L= =2
filter RZ:D,p, (s)= J,=0and T, =T, /2
(e
RZ:D, ., (s)=e"""? Jhalf-delay:7, =7, /2 and T, =T

S

FIGURE 6.39
CT-AZ modulator linear model with NRZ or RZ DAC in the feedback path.
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Assume that d,(f) is a pulse with width 7. Then expanding the relationship in
Eqgn (6.67) as a time-domain convolution between /,(f) and the NRZ time domain
response d,(f) we obtain the pulse response of the CT domain loop as

h(t = nTs) = ha(t) * da(1)|,—yr, = / hy(t — 1)dg(7)de

T,
= /ha(t —1)dt (6.68)
0

Next, substitute the analog filter expression for h,(f) found in Eqn (6.65) into
Eqn (6.68), that is

TS TJ N
/hat—r :/Zae”“f for t > T
0 0

k=1 t=nT,
. ‘ (6.69)

N
Z ep"t/e TPt for t > T,
k= 0

t=nT,

The integral inside Eqn (6.69) can be evaluated and its value substituted into
Eqn (6.69), resulting in the closed form solution

N Pk
h(t = nTy) = Zafe (eI —1) for 1 > Tj
k=1 Pk 1=nT.
N DinT
=S (e 1) for 1>, (6.70)

Thus far, we have only examined the DT loop filter h(t = nTy) for t > T,. However, it
is equally important to obtain an expression for i(t = nT;) for t < T§. To do so, reex-
amine the integral Eqn (6.69) for ¢ less than T, that is

0<1<T, 0<I<T,
/ ha(t — 7)dt = / Z a9 dr for 0 <1< T
k=1
0 t=nT; 0 t=nT;
N 0<1<T,
= Z oy / e =g for 0 <t < Ty
k=1 5
t=nT;

6.71)
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For 0 <1 < Ty, evaluate h(t =nTy) forn=0

LN
0)= / 3 e -9 dr
0 k=1

t = nTy
t<Ty=n =20
N
= (e —1 for 0<t<T
g —Pk )t:nTs R
n=20
N T
- Z“"e (e —1)| =0 for0<t<T, (6.72)
= n=0

Note that the DT response is only valid for n = 0 where it was stated that the upper
bound for the integral is #, which itself is bounded within the interval 0 <r < Tj.
Within these bounds, it is clear from Eqn (6.72) that h(0) =0, simply implying
that the first sample in the loop pulse response is zero. This indicates the existence
of a delay in the numerator of the pulse-invariant transfer function as clearly shown
in [27]. Using the Z-transform, the discrete-time loop filter becomes:

had i N pinTs
H(z) = Z h(n)z" = Z{ Z age (e_ka‘ _ 1) }Z—n (6.73)
n=—rc n=1 k=1 ~Pk
Further manipulation of the summation around » results in the simplified expression
N N T\ ,—1
[s7% ar (1 — ePx ")Z
_ —pAT ka —l — k (
H(Z) o Z{_pk Z ¢ } - Z_pk 1 —ePkT.\Z*]

k=1

8

(6.74)

Thus far, the expression in Eqn (6.74) does not directly deal with collocated poles
such as the ones encountered in second order lowpass AX modulators. For example,
consider the two collocated poles:
B Br

pk,dzscrete(z) = (71 _ ePkT»vZ*l)z (6.75)
In Eqn (6.75), B is the coefficient for collocated double poles equivalent to «y as
presented in Eqn (6.70). In the CT domain, the equivalent expression for the double
collocated poles is given as

(6.76)

(1 —e b —puTy) & +p}
Pk continuous (S) = ﬁk

(s —pr)*(1 — enTs)?

A close examination of Eqn (6.76) shows that there exist two collocated double
poles. The work in [28] offers a complete treatment of transfer functions involving
more than two collocated poles.
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Next we derive an expression equivalent to Eqn (6.74) for the RZ DAC. To do so,
replace the zero-order hold expression for the NRZ DAC with D, rz(s) for RZ DAC
as found in Table 6.2. Note that, in the case of an RZ DAC, the integration limits in
Eqn (6.69) is the interval [0, T/2] whereas for the half-delay RZ DAC the integration
limit is simply [7/2, T]. This in turn implies that H(z) can be expressed as

N [ T /2 1 — Pl /2\ —1
= )|l (1-e - )_Zl (6.77)
&l o Lotz
for the RZ case and
| Ui <) 6.78)
i Pk 1-— €p"T‘Z71 ’

for the half-delay RZ DAC.

Similar to Eqn (6.74), the two expressions for H(z) in Eqns (6.77) and (6.78) do
not address collocated poles that arise in second order AY modulators, for example,
for the RZ and half-delay RZ cases. In this chapter, we state that for the simple RZ
DAC [28], the pulse transformation can be expressed as

Pk continuous (S)

o (L= T (1= L) 4 (1 e )
= e $ S
" (1 et

(6.79)

In a similar vein, we state that for half-delay DAC [28], the pulse transformation can
be expressed as

1= 0.5pTy — e PT/2) 5 4+0.5p7
pk.continuoux(s) = 6kekax{( Pits ) L P (6.80)

(s = pi)* (1 = enT:/2)?
Obviously, similar expressions for pulse transformation can be found for higher

number of collocated poles. Hence, one can obtain similar CT loop filter expressions
for higher order loop analysis.

6.4 Performance analysis of AX modulators

In this section, the basic performance of the AX modulator is presented,
beginning by introducing the first order modulator and then discussing higher or-
der modulators. The section concludes by discussing MASH converter
architectures.
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FIGURE 6.40
Loop filter comprised of single-pole integrator function for first order modulator.

6.4.1 First order AX modulators

The first order AZ modulator, shown in Figure 6.42, uses a single integrator /(z) as a
loop, as shown in Figure 6.40, defined as

I(2)

The loop filter implemented as a switched capacitor (SC) integrator, in a slightly
modified form for I(z) = C;z~ /Co(1 — 27 "), is shown in Figure 6.41. In this analysis,
we will assume the quantization noise to be additive and signal independent, thus
making the loop simple to analyze and allowing us to derive key performance pa-
rameters. However, it is important to note that this straightforward linear model
could lead to serious flaws in the analysis.

Let U(z) and E(z) be the output of the loop filter and additive-quantization noise,
respectively, then the output of the loop Y(z) can be expressed as

Y(z) = U(2) + Eqy(2) (6.82)

-1

= 1_Z71

(6.81)

+

Vs (1)

-1
z

O I Vo (2)

=4
C,1-z"

&, —I—m Vit (2)
]

FIGURE 6.41

Noninverting SC integrator employed in DT-AX modulator. (For color version of this figure, the
reader is referred to the online version of this book.)
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First order AX-
modulator

FIGURE 6.42
First order DT-AZ modulator.

The output of the loop filter U(z) can be further expressed in terms of the input signal
X(z) and the loop’s output signal Y(z)

U) = Z_Zl_l XG) - Y() (6.83)

1 _
Substituting Eqn (6.83) into Eqn (6.82), we obtain

—1
V@) = 1 X Y@+ E()

=Y(z) =z 'X(2) + (1 — 2 ") Ey(2)
=S8TF(z) = z ' and NTF(z) = 1 — 7!

(6.84)

The relationship in Eqn (6.84) implies that the STF(.) is an all-pass filter in the form
of a simple delay that allows the input signal to pass through the loop basically un-
changed. On the other hand, the NTF(z) =1 —z ' is a highpass filter that impacts
the quantization noise only. The NTF’s magnitude and phase responses are depicted
in Figure 6.43. Analytically, according to Eqn (6.84), NTF(z) has a null at DC. That
is, for z = exp(j2nf), where f is the normalized frequency, the squared magnitude
response of 1 —z ' can be computed as

2

‘NTF(e’Q“f —|1- e—ﬂﬂf’z - ’e—jZNf/Z (eiznf/z _ e—j2ﬂ:f/2)‘2

) ’f:F/FA
2
(€/2th/2 — e—jZth/Z)
2j
=sin(7tf)

_ zje*jz’fff/z

. 2
= |oje2 12 sin(nf)‘ (6.85)

In this case, it is obvious according to Eqn (6.85) and Figure 6.43 that the quantiza-
tion noise that exists between DC and the sampling frequency is shaped by a
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Magnitude and phase response versus normalized frequency of NTF(z) =1 — z~*. (For color
version of this figure, the reader is referred to the online version of this book.)

highpass function that must be taken into account when computing the in-band
degradation due to quantization noise.

The linear model for the first order AX modulator predicts that the loop is uncon-
ditionally stable. This is true provided that the quantizer can be modeled via a linear
model. In reality, however, the quantizer may exhibit strong nonlinear behavior that
must be accounted for. Furthermore, a DC signal input to the loop such that |x(n)| =
constant > 1, or even a slowly varying signal, causes the output of the integrator to
theoretically grow without bound. In practice, however, both analog and digital
implementation of the integrator will cause the output to saturate. In contrast, if
the input signal is an irrational-bounded DC signal such that |x(n)| = constant < 1,
the output sequence of the loop becomes quasiperiodic.

In order to compute the SQNR for the first order AY modulator, we must
compute the quantization noise power P, ax, defined as the integral of the power
spectral density S.(f) shaped by the NTF(.), or

B/2
Peay, = / S.(F)|NTF(F)[*dF (6.86)
—B/2
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Realizing that S.(f) = P./F; where P, is the quantization error power assumed to be
white and NTF(z) =1 — 7! for the first order AS modulator, then the quantization
noise power becomes

B/2 B/2
P P F
Peas, = / INTF(F)PdF = 4= / sin2 (%)dF (6.87)
S N s
—-B/2 —B/2

The relationship in Eqn (6.87) can be further simplified if we assume that for a given
OSR such that

sin?(TcF /Fy) = (F | Fy)* (6.88)

or simply that the ratio F/Fy << 1 is true, then P, ax, in Eqn (6.87) becomes

B/2
P F\2 4P F=Bl2 | p,x2
Pz, =4— / ™) daF = ——§n2F3 = __e7T3 (6.89)
Fy y Fs 3F; F=—B/2 3OSR OSR=%s
-B)2

Next, define the SQNR as the ratio of signal power P, to quantization power

P 30SR*P
SONR = 1010 ( al ) =101lo (7’“) (6.90)
£10 Poas, 210 P2
The relationship in Eqn (6.90) can be further expanded as
3 Py
e
Recall from Chapter 5 that
Py 1202> 12 x 2% x g2
101o — ) =101lo —2*] =101o _—
210 (Pe) glO( 52 210 V)?,Fs
o2
= 10.8 + 6.0206b + 10 logyo | —5— (6.92)
Vx,FS

Then substituting Eqn (6.92) into Eqn (6.91), the SONR can be then be expressed as
3
SONR = 4.7712 4 6.0206b + 10 log <P) +301og,;,(OSR) — PAPR (6.93)

where again the PAPR (peak-to-average-power ratio) is defined according to
Chapter 5 as

P V2 1
PAPR = 1010g10( ”Pf“k> = 101log;q (4"—‘;5> = 1010g10<—2> (6.94)
ag K

s x
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According to Eqn (6.93), doubling the OSR results in an increase of 9.03 dB in
SONR. Recall that doubling the OSR in a Nyquist converter resulted roughly in
3-dB improvement in SONR. This dramatic impact on performance will be further
emphasized in the coming sections.

EXAMPLE 6.3 DC INPUT SIGNALS AND LIMIT CYCLES IN AX
MODULATORS

Consider the AX modulator depicted in Figure 6.44. Demonstrate that if the output of the
integrator is periodic with period T, that is u(n+ T) = u(n) and the input signal is DC, or
x(n) = c, then the DC input signal is a rational number.

From Figure 6.44, the input signal x(n) and output signal y(n) can be related to loop error

signal W(n) as
v(n) = x(n) = y(n) (6.95)
Furthermore, the output of the integrator can be expressed in terms of W(n) and u(n) as
u(n) = v(in—1)—u(n-1) (6.96)

Solving for n— 1) in Eqn (6.96) and equating it to U n— 1) in Eqn (6.95) we obtain the
simple relationship

x(n—1)—=y(n—=1) = u(n)—u(n-1) (6.97)

Note that since u(n) is periodic with period 7, then u(n+ T) — u(n) = 0. According to Eqn
(6.97), we can write

= x()=> v (6.98)

Due to the periodic nature of u(n), we can claim that

7-1 1=l
TC-Y y() =0=C= 7 >y (6.99)
=0 /=0
A v(n) z y(n)={ 1 u(n)z0
x(n) |+ /\ /\ Z_l u(n) R __F . -1 u(n)<0
NP
Loop filter

FIGURE 6.44
First order simplified AY modulator.

Continued
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EXAMPLE 6.3 DC INPUT SIGNALS AND LIMIT CYCLES IN AX
MODULATORS—cont’d

Recall that the output of the slicer is defined as:

y(n) = {fl o (6.100)

Then, the DC input x(n) = C can be expressed as the ratio

c— 1500 = P29 b gare integers (6.101)

Since both Pand Qare integers, so is their difference P — Q. Hence, the ratio (P— Q)/Tis a
rational number. The periodic sequence with period Tis known as a limit cycle. A limit cycle
manifests itself at the output of the modulator in the form of idle tones, which in turn depend
on the DC input signal. These tones do not cause instability in the loop and could be filtered
out provided they fall outside the desired signal bandwidth. The tones are present at Fg/Tand
any subsequent harmonics.

Next, assume that the ratio in Eqn (6.101) can be written as

P;TQ = &, ged (A4,p) = 1 and 2 < p=21 and p are relative primes (6.102)
p
The period T=2p if por Aisevenand T = p if both p and A are odd [29]. Furthermore, there
are in-band and out-of-band spectral components at the output of the modulator:

fibn = g—AFS,n = 1,2,...forin — band tones
b (6.103)
_nlp=2) _
fobn = 5 Fs,n = 1,2,...for out of band tones
p

For the special case where x= 0, the output will oscillate between +1 and —1. The output
spectrum in this case is a single tone situated atFs/2. For a complete treatment of limit
cycles, the reader should consult the work presented in [30-32]. For an irrational DC input
signal, the resulting quantization noise consists of discrete tones (see [30,32]).

6.4.2 Higher order AX modulators

The ideas presented thus far concerning the first A modulator can be extended to
high order modulators. In general, it will be shown that higher order modulators pro-
vide a performance improvement over the first order at the expense of circuit
complexity. To start with, consider the second order AY modulator depicted in
Figure 6.45. The modulator employs two integrators instead of one compared to
the first order modulator. Only one integrator has the delay element present in the
signal path, thus reducing the total input to output signal propagation delay.
The input to the quantizer can be implied from Figure 6.45 as

U(z) = i(2)h(z)(X(z) — Y(2)) — [1(2)Y(2)
-1 .
= <1 izl) (1 _1Z1> (X(z) = Y(2)) - (#) Y () (6.104)
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FIGURE 6.45

Second order linear model of AX modulator. (For color version of this figure, the reader is
referred to the online version of this book.)

where the output signal of the modulator Y(z) is related to the output of the integra-
tors U(z) as

Y(z) = U(z) + Ey(z) (6.105)

Substitute the value of U(z) in Eqn (6.104) into Eqn (6.105) and solving for ¥(z), we
obtain the simplified relationship

Y(z) = 2 'X(2) + (1 - z_l)zE(z) = STF(z)X(z) + NTF(z)E(z) (6.106)

The STF(.) in Eqn (6.106) is simply a delay as is the case for the first order loop. That
is, the desired signal x(.) will be unaffected by the loop. The NTF(.), on the other
hand, is a second order highpass function, as opposed to the NTF(.) of the first order
loop, which happens to be a first order highpass function. The magnitude and phase
response of the NTF(.) of the second order loop is depicted in Figure 6.46.
Comparing the NTF(.) of the first order loop depicted in Figure 6.43 to that of the
second order loop in Figure 6.46, it is obvious that the latter provides more suppres-
sion of the quantization noise in the desired band, which is near DC, and more ampli-
fication of the noise outside the signal band. Therefore, it can be deduced that the
second order loop performs more shaping of the quantization noise than the first or-
der loop. The magnitude response of the second order NTF(.) can be obtained after
certain trigonometric manipulations, that is

2 2
2 o E\2 v o (TF
= (1 —e ]2”&) = | — 4¢P sin? [ —
Fs

= 16 sin* <”F> (6.107)
F

s

INTF ()|,

Furthermore, for large OSR the sine of the argument approximates the argument,
that is sin(«) = « for very small « or

4

F F

sin’ <”—> ~ (”—> for large OSR (6.108)
F F,
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FIGURE 6.46

Magnitude and phase response of NTF(2) = (1 — z~1)2. (For color version of this figure, the
reader is referred to the online version of this book.)

The quantization noise power can then be computed according to the relationship

B/2
Pess. = [ S.INTF(F)ParF
—B/2
B/2 B/2 . .
P F P F 1P
= 16-= / sint [ ZL)aF=16=¢ / ™) aF = 2" (6.109)
Fy Fy Fy Fy 5 OSRS
—B/2 —B/2

Next, the relationship for the second order AX modulator loop is given in dB as

SONR

5 2
10.8 + 6.0206b + 10 log,q (F) +5010g,0(OSR) + 10 log,, (%)
x,FS

5
47712 + 6.0206b + 10 log, (F) + 50 log;(OSR) — PAPR
(6.110)
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According to Eqn (6.110), doubling the sampling rate improves the SONR roughly
by 15 dB or 2V2 bits. Second order loops, just like first order loops, also suffer from
limit cycles.

Cascading N integrators in the loop increase the order of the loop to an Nth order
and consequently the SONR becomes

2N +1
SONR = 10.8 + 6.0206b + 10 log,, (ﬁ)

) 6.111)
+10(2N + 1)log,(OSR) + 10 log,, (%)
Vx,FS

The relationship in Eqn (6.111) can be further simplified as

2N + 1
SONR = 4.7712 + 6.0206b + 10 logy, <7TT—;>

(6.112)
+ 10(2N + 1)log,o(OSR) — PAPR

According to Eqn (6.112), doubling the OSR increases the SONR by roughly
6 x (N+1/2) dBs or, in other words, increases the converter resolution by
N+ 1/2 bits. Furthermore, the SONR improves roughly by 6 dBs for each addi-
tional bit in the quantizer.

The improvements according to Eqn (6.112) come at a price. For instance,
increasing the order of the modulator leads to potential stability problems. The
need for loop-gain scaling leads to performance degradation of the loop. Likewise,
increasing the OSR implies an increase in the sampling clock and consequently an
increase in the power consumption of the converter. Finally, increasing the number
of bits in the quantizer implies that the multibit DAC use in the feedback must
exhibit higher linearity, which ultimately leads to higher current consumption and
design complexity.

6.4.3 MASH AX modulators

In this section, we discuss a popular AZ modulator known as a multistage noise-
shaping (MASH) modulator. MASH modulators serve to alleviate the stability is-
sues associated with high order single-loop AX modulators. A MASH modulator
is constructed simply by cascading two or more AX modulators in tandem as
depicted in Figure 6.47. The individual modulators are made up of either first, sec-
ond, or higher order modulators. The input to the first modulator stage is the input
signal typically processed by a single-stage AX modulator. The output of each
consecutive stage is the quantization error of the preceding stage as shown in
Figure 6.47 where Y1(z) and Y5(z), the z-transform of y;(n) and y,(n), can be
expressed simply as

Yi(z) = STF(2)X(z) + NTF(z)Eq1(2) (6.113)
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FIGURE 6.47
Two-stage MASH modulator.
and
Y2(z) = STF>(2)E41(z) + NTF1(2)Ep(2) (6.114)

Where E;1(z) and E(z), STF((.) and STF>(.), and NTF(.) and NTF5(.) are the quan-
tization errors, and signal and noise transfer functions due to the first and second
loops consecutively. According to Figure 6.47, the output of the modulator Y(z)
can be written as a linear combination of the outputs of the first and second
modulators

Y(z) = Li(2)Y1(2) — La(2)Y2(2) (6.115)

Furthermore, Y(z) can be written in terms of the signal and noise transfer functions of
the various stages by substituting Eqns (6.113) and (6.114) into Eqn (6.115) in order
to obtain the output of the MASH modulator

Y(z) = Li(2){STF1(2)X(z) + NTF(2)E;1(2) }
— Lo(2){STF2(2)Eq1 (2) + NTF2(2)E2(2) }
In this context, let L;(.) and Ly(.) satisfy the following two relationships:

L1(z)NTF1(z) = Ly(z)STF>(z) (6.117)

(6.116)
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and
L1<Z) = STFQ(Z) and L2(Z) = NTFI(Z) (6]18)

Then, substitute Eqns (6.117) and (6.118) into Eqn (6.116) in order to express Y(z) as
function of signal and noise transfer functions:

Y(z) = STF(z)STF»(2)X(z) — NTF1(z)NTF>(z)E(2) (6.119)

In order to understand the implication of Eqn (6.119), assume that both stages are
comprised of first order AY modulators with

STFi(z) = STFy(z) = 2

NTF|(z) = NTF(z) = 1 — 7! (6.120)

The output of the MASH AX modulator, known as a 1-1 MASH modulator, is simply

Y(z) = 72X(z) — (1 -2 Ep(2) (6.121)

The quantization error output of the second modulator e,(.) is white and uniformly
distributed. The cascaded response of the MASH modulator itself performs as if the
loop is second order AY modulator. As a matter of fact, it can be shown that if each
stage in the MASH modulator is a second order AT modulator with

STF(z) = STFa(z) = 72

B 6.122
NTFy(z) = NTFy(z) = (1-27") " (6.122)

Then the output of the MASH modulator, known as a 2-2 MASH, is theoretically
equivalent to the output of a fourth order AX modulator:

Y(z) = 24X(2) - (1—77) Ep(2) (6.123)

thus leading to the generalization that an M-N-P MASH modulator is comprised of
three AY modulators of M, N, and P loop order each. A distinguishing difference
between a MASH structure and an equivalent AY modulator of the same order is sta-
bility. For a fourth order MASH modulator, for example, the converter has to satisfy
the stability of a second order AY modulator and not that of a corresponding fourth
order modulator.

In practice, however, it is possible that the relationship in Eqn (6.117) is not satis-
fied and that

Li(z)NTF(z) — Lr(z)STF»(z) = F(z), F(z)#0 (6.124)

is true. The implication of Eqn (6.124) is the leakage of the first stage’s quantization
error e,41(.) onto the output of the MASH converter. This undesired effect adds to the
converter’s quantization noise and serves to degrade the overall SONR of the con-
verter. This leakage is typically caused by component mismatches that could have
more profound impact on a MASH converter’s performance compared to its single
loop counterpart.
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6.5 Nonidealities in AX modulator circuits

This section recaps the previous sections concerning circuit nonidealities and perfor-
mance degradation in CT and DT AZ modulators. There are a number of circuit non-
idealities in AX modulator circuits that force the converter to deviate from its ideal
behavior. The enormity of the error itself depends on its impact on the overall per-
formance of the loop, specifically its impact on the STF and NTF functions. In SC
implementations, for example, amplifiers, quantizers, capacitors, switches, and
DAC:s all exhibit a certain amount of nonideality that can impact the overall perfor-
mance of the modulator [33,34]. More specifically, the amplifiers are affected by
large output swing, finite linear and nonlinear DC gain, gain bandwidth, and slew
rate. Hysteresis, offset, and gain error impact the performance of the quantizer. Ca-
pacitors suffer from mismatches and nonlinearities. Offset, gain error, and nonline-
arity can severely impact the performance of the feedback multibit DAC. Switches
suffer from clock feedthrough, as discussed earlier, thermal noise, nonlinearity, and
charge injection [19]. The amplifier DC gain, as well as capacitor mismatch and
incomplete integrator settling error could directly impact and change the NTF. As
mentioned in the previous section, MASH converters are particularly sensitive to
finite DC gain and capacitor mismatch.

Similar to SC implementations in DT-AXY modulators, finite Op-Amp DC gain
for active RC implementations, integrator time constant error, circuit noise, and non-
linearities such as input voltage to current gm-C integrators affect the performance
of CT-AX modulators. In addition, architectural timing errors such as quantizer
metastability, excess loop delay, and clock jitter also contribute to the source of er-
rors in the modulator. Quantizer metastability can be prevented by including latches
between the quantizer and the feedback DAC [35]. The latches are clocked on oppo-
site clock phases thus allowing each latch stage to settle properly. Obviously, the
additional latches serve to introduce additional delay in the feedback loop [28].
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This chapter is divided into two main sections addressing key areas in transceiver
design. The first section deals with automatic gain control. Automatic gain control
adjusts the received signal strength in the receive chain, either via analog or digital
gain, to a certain desired power suitable for best performance. The gain lineup is
manipulated “up or down” while maintaining the best possible signal-to-noise ratio
(SNR). At high input power, either due to the desired signal or blocker, the gain con-
trol algorithm may lower the low-noise amplifier (LNA) gain, for example, in order
to minimize the degradation due to nonlinearity. In contrast, when the input signal
power is low, the gain control algorithm may choose to boost the overall gain in
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the receive chain in a manner that reduces noise figure. In Section 7.1, the purpose of
automatic gain control is discussed in some detail. The architecture of a closed-loop
algorithm is also discussed.

Section 7.2 is devoted to frequency synthesis-based phase-locked loop (PLL)
design. The linear PLL model is discussed and performance parameters pertaining
to error convergence, order and type, stability, and operating range are presented.
In particular, we discuss the performance of the second and third order loop in
some detail. The various blocks that constitute the PLL, such as the frequency
and phase detector, loop filter, and voltage-controlled oscillator (VCO) are dis-
cussed. Finally, we focus on synthesizer architecture relevant to integer-N and frac-
tional-N PLLs. Concerning the latter, we discuss various programmable digital
counters such as the dual modulus prescalar and counters based on AY modulators.
The performance of both architectures, due to spurs, bandwidth, and resolution, are
also evaluated.

7.1 Automatic gain control

In this section, we discuss automatic gain control in the context of a closed-loop sys-
tem. The algorithm is partitioned such that the gain stages are assumed to be imple-
mented in the analog domain, whereas the detector, loop filter, and calibration
algorithm are all implemented in the digital domain. Obviously, this architecture
is not unique, as will be discussed in Section 7.1.3, but rather representative of com-
mon implementations of closed-loop gain control algorithms.

7.1.1 The purpose of automatic gain control in the receiver

The purpose of automatic gain control (AGC) in the receiver is to condition the total
received signal, such that the desired signal can be received with acceptable SNR
yielding an acceptable bit error rate (BER). In this context, a total received signal
is comprised of the desired signal plus any possible interferers or blockers.
Assuming that the total received signal is within the dynamic range of the receiver,
then the AGC must perform any gain adjustments in order for this signal to be
received within the dynamic range of the analog-to-digital converter (ADC). This
process is illustrated in Figure 7.1.

The received signal strength (RSS) of the total received signal varies over time.
This variation could be broadly divided into three categories. The first category is
long-term RSS variation of the total received signal due to the receiver’s mobility
or change of radio frequency (RF) environment such as path loss. This variation
takes place over the duration of many symbols and typically over the duration of
many frames of symbols as shown in Figure 7.2. The first category is the only cate-
gory that is effectively dealt with AGC. The second category is short-term fading
such as Rayleigh fading, for example, as depicted in Figure 7.2. These changes occur
relatively quickly, within a frame, for example, and can be compensated for via
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channel equalization and forward error correction (FEC) [1]. In this case, the AGC
algorithm cannot be successfully employed to compensate for fast signal variations.
For example, fast variations due to Doppler effects impact both the amplitude and
phase of desired signal, which, for example, can be compensated for via an equal-
izer. Symbols affected by short-term deep fades can be recovered using an appro-
priate FEC algorithm. A third category deals with the sudden appearance or
disappearance of an interferer, blocker, or more dramatically an intentional jammer.
This category is presented on its own due to its profound and abrupt impact on the
receiver performance. Under certain circumstances, the use or misuse of AGC,
depending on its design strategy, can either positively or negatively impact the qual-
ity of the desired signal.

7.1.2 AGC architecture and strategy

The AGC architecture is comprised of analog gain and attenuator components, a digital
signal processing algorithm that optimally adjusts gain control, and a control element
in the form of a control bus or discrete control lines that command the analog compo-
nents. The analog components such as the LNA, post-mixer amplifier (PMA), variable
gain amplifiers (VGAs), and attenuator pads are placed strategically in the receiver
lineup. A simple example depicting controlled and fixed gain elements is shown in
Figure 7.3. Many AGC designs are accompanied by digital gain adjustments in the
DSP or ASIC depending on the fixed-point implementation of the modem.

The LNA is placed at the front end of the receiver as discussed in Chapter 3. The
intent is to place the LNA as close to the antenna as possible and hence drive down the
noise figure of the receiver, maximize the desired signal’s SNR, while at the same time
amplify the incoming weak signal. The LNA’s gain and noise figure are heavily influ-
enced by the fabrication process used. Other controlled gain stages, such as the PMA,
are placed farther down the receiver chain. In the presence of low signal power, the
gain stages are typically set to maximum gain. In this case, as previously mentioned
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v >
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FIGURE 7.3

Superheterodyne receiver with LNA and VGAs controlled by AGC algorithm. LNA, low-noise
amplifier; VGA, variable gain amplifier; AGC, automatic gain control; ADC, analog-to-digital
converter; BDF, band definition filter; BPF, bandpass filter; RFA, RF-amplifier; LPF, Lowpass
filter.




7.1 Automatic gain control 371

in Chapter 3, the noise figure of the system typically dominates the performance of the
receiver. On the other hand, at high input signal power, the gain stages of the receiver
are set to low. In this case, the LNA is operating at low gain or bypassed altogether.
Under these circumstances, the linearity of the receiver rather than its noise figure
plays a key role in influencing its performance. The designer, however, while thriving
to maximize the desired signal SNR, must be mindful of the receiver’s complexity and
current consumption. In the case of the LNA, for example, the IIP3 is directly tied to
current consumption that is a higher IIP3 point and usually implies higher current con-
sumption in the device. Other important design parameters that impact the LNA per-
formance, but not directly related to gain control, are reverse isolation, along with
input/output return loss and impedance.

Other programmable gain amplifiers following the LNA can be at intermediate
frequency (IF) or baseband. The linearity and gain of these devices depends on their
location in the receive chain and the required dynamic range of the receiver. One
common type of programmable amplifier is the VGA. Depending on the receiver ar-
chitecture, the VGA could be placed either at IF in a dual conversion receiver for
example' or at baseband as is always the case in a direct conversion receiver. The
gain of the VGA may be continuously adjusted or adjusted in steps as is more
commonly the case. In an architecture where the VGA is placed at IF, then only a
single amplifier is needed. On the other hand, if the VGA is placed after the quad-
rature mixers at baseband as shown in Figure 7.3, then two VGA devices are needed.
In this case, calibration may be necessary to ensure that the in-phase and quadrature
VGA gains are within margin of error.

EXAMPLE 7.1 GAIN CONTROL STRATEGY

Consider the receiver lineup described in Table 7.1. The order of the components in the
receiver lineup corresponds with lineup shown in Table 7.1. Assume for the sake of this
example that the noise figure and 11P3 of the individual components is not affected by the
state of their gains. Furthermore, assume that the input signal power varies between
sensitivity at —95 and —25 dBm. Assume that the VGA is programmable in 2-dB steps, and
that the LNA and PMA are programmable in high gain and low gain modes. The high gain of
the LNAis 16.5 dB, while its low gain is 4.5 dB. Similarly, the high gain of the PMA is 10 dB,
while its low gain is 2 dB. The VGA gain varies between 2 dB at low gain and 46 dB at high
gain. Assume that, with the lineup given below, the signal reaches the ADC at an optimum
level. Assume that the bandwidth of the desired signal is 5 MHz and the required SNR to
satisfactorily demodulate the desired signal is 3 dB. All computations are performed at room
temperature. Determine the gain strategy of the AGC. The intent of this example is not to
cover all the corner cases of AGC strategy, such as the exact placement of the gain stages and
attenuators, but to provide a simple illustrative example.

A good gain control strategy ensures that the cumulative gain of the receiver is linearly
increasing or decreasing as a function of the received signal power. This in turn ensures
that the received signal at the ADC has on average the same signal power level for any

Continued

'Note that in an architecture that employs an IF stage, the VGA may be placed either at IF or baseband
depending on the design.



Table 7.1 Receiver Lineup for Example 7.1
Parameter Band Band Duplexer LNA Tx Mixer PMA Attenuator LP Filter/ VGA ADC
Definition  Switch Notch Gain
Filter
NF (dB) 0.8 1.3 2.4 1.9 1.2 10.5 9 0.8 19 14.5 40
In-band IIP3 50 60 40 6 10.3 30 35 28.6 15 10 40
(dBm)
In-band gain -0.8 -1.3 -2.4 165 -02 -1.75 10 -0.25 9 46 0
(dB)
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EXAMPLE 7.1 GAIN CONTROL STRATEGY—cont'd

received signal power. Furthermore, the total SNR of the receiver as a function of cumulative
gain must be monotonically increasing as the cumulative gain decreases.

With the given lineup, at high gain, the noise figure and cumulative 1I1P3 of the receiver is
computed as shown in Table 7.2 using the methods developed in previous chapters.

The SNR due to thermal noise, the SDR due to [IP3, and the total SNR are shown in
Table 7.3.

As the input signal power varies between —95 and —51 dBm, let the VGA be the only gain
control that varies between 46 and 2 dB. This decision makes sense since lowering the VGA
gain at the low received signal power hardly impacts the total noise figure of the receiver as
depicted in Figure 7.4. In receiver design, total SNR is dominated by the receiver’s noise
figure at low signal level. Hence, lowering the VGA gain tends to impact the receiver’s noise
figure performance the least.

Note that if the signal power drops from —51 to —49 dBm, for example, the gain of the LNA
or PMA would have to drop since the VGA is now at its lowest gain setting of 2 dB. Obviously,
in order to maintain a monotonic increase in total SNR and not drastically increase the noise
figure, the PMA gain is set to low gain or 2 dB. However, since the cumulative is only
supposed to change by 2 dB, changing the gain setting in the PMA from high (10 dB) to low
(2 dB) changes the cumulative gain by 8 dB. Therefore, the VGA would have to compensate
by increasing its gain by 6 dB in order to maintain the linear decrease of the cumulative gain
by 2 dB and uphold a monotonic increase in total SNR as graphically depicted in Figure 7.5.
Note that the decrease in PMA gain from high to low is accompanied by simultaneous
increase in VGA gain. That is, the gain change of both VGA and PMA has to occur before
receiving any new data. Both noise figure and cumulative gain are monotonically increasing
and decreasing correspondingly.

Any decrease in signal power at this point, from —45 dBm to say —43 dBm, would have to
involve changing the LNA gain from high to low. Similar to the PMA case, the difference
between the LNA’s high gain and low gain setting is 12 dB, which is 10 dB higher than the
required 2 dB step. In an actual design lineup, the degradation due to receiver nonlinearity
may start to impact total SNR. In order to compensate for the 10 dB gain due to changing the
LNA gain from high to low, and hence keep the cumulative gain linear, both the PMA gain and
VGA gain are increased. The PMA gain is set to high or 10 dB and the VGA gain is increased
from 2 to 4 dB. A similar step takes place by changing the signal power from —41 to
—39 dBm. In this case, the PMA gain goes from high to low, the LNA gain stays at low, and
the VGA gain goes from 2 to 8 dB. Any further increase in signal power is compensated for by
decreasing the gain of the VGA until it hits its minimum gain value of 2 dB. This whole
process is depicted in Figure 7.6. Note that increasing the signal power beyond this point
directly impacts the performance of the ADC and may cause clipping along compression of
the analog front end. Figure 7.7 illustrates the gain lineup strategy for the whole receiver
chain.

7.1.3 Types of AGC algorithms

There are various flavors of AGC algorithms that could be classified into the various
categories varying in complexity and performance. For example, some design
categories are: open loop, closed loop, data aided, non-data-aided, zero-forcing,
minimum mean square error (MMSE) gain control, or a combination thereof [2].
Non-data-aided or noncoherent AGC refers to the fact that the algorithm has no
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Table 7.2 Receiver Lineup Analysis Showing Receiver Noise Figure and Cumulative 11P3

Parameter

NF (dB)

NF linear
In-band 1IP3
(dBm)
In-band 1IP3
linear
In-band gain
(dB)
In-band gain
linear
Aggregate
gain linear
Aggregate
gain (dB)
Aggregate
NF linear
Aggregate
NF (dB)
Agdg
Gain/IIP3
linear

Aggregate
1IP3 linear
Aggregate
1IP3 (dBm)
Aggregate
NF (dB)

Band
Definition
Filter

0.8
1.202264435
50

100,000
-0.8

0.831763771

1.202264435
0.8

0.00001

0.000322523

—34.91439539

8.199595096

Band
Switch

1.3
1.348962883
60

1,000,000
-1.3
0.741310241
0.831763771
-0.8
1.621810097
2.1

8.31764E-07

Duplexer

2.4
1.73780083
40

10,000
24
0.57543994
0.616595
—2.1
2.81838293
45

6.166E-05

LNA

1.9
1.548817
6

3.981072
16.5
4466836

0.354813

—45

4.385239
6.4

0.089125

Tx
Notch

1.2
1.318257
10.3

10.71519
-0.2
0.954993
15.84893
12
4.385239
6.419933

1.479108

Mixer

10.5
11.22018
30

1000
-1.75
0.668344
16.13561
1.8
5.06048
7.041917

0.015136

PMA

9
7.943282
35

3162.278
10
10
10.11579
10.05
5.748859678
7.594306

0.003199

Attenuator

0.8
1.202264435
28.6

724.4359601
-0.25
0.944060876
101.1579454
20.05
6.570152164
7.595817082

0.139636836

LP
Filter/
Gain

19
79.43282347
15

31.6227766

7.943282347
95.4992586
19.8

6.605987

8.175754279

3.01995172

VGA

14.5
28.18383
10

10
46
39,810.72
758.5776
28.8
6.605987
8.199377

75.85776

ADC

40
10,000
40

10,000

30,199,517
74.8
6.606319
8.199595

3019.952
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Table 7.3 SNR, SDR, and Total SNR Computed at
Sensitivity for Example 7.1

Signal power (dBm) -95

Noise floor (dBm) —098.73786909
Signal power linear 3.16228E-10
SDR due to IIP3 60.08560461
1/SDR lin 9.80482E-07
SNR due to noise 3.737869089
1/SNR lin 0.422876052
Total SNR 3.73785902

knowledge of the received data symbols. Figure 7.8 depicts an example of a non-
data-aided open-loop AGC algorithm often used entirely in the digital domain to
compensate for signal power after filtering and scaling. In this case, the output of
the power detector is lowpass filtered in order to obtain the average of the received
envelope signal power or

P.(n) = E{I*(n)+ Q*(n)}; P.(n)#0 (7.1)

where E{.} is the expectation operator. The lowpass filtering is assumed to average
out the received instantaneous signal power, and hence the output of the lowpass fil-
ter is the expected value of the received signal power. The received signal is then
scaled by factor g(n) = \/P,/P,(n), where P, represents the desired signal power.
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FIGURE 7.4

VGA gain versus received signal power varying between —95 and —51 dBm. VGA, variable
gain amplifier, SNR, signal-to-noise ratio. (For color version of this figure, the reader is
referred to the online version of this book.)
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VGA gain and PMA gain for an input signal power varying between —59 and —45 dBm. (For
color version of this figure, the reader is referred to the online version of this book.)

Once the received signal is adjusted by the scaling factor, its average power will
approach P. In this type of AGC algorithm, the computation of g(n) tends to be
highly inaccurate if the input signal power varies widely. This problem is alleviated
by employing a closed-loop AGC. For this reason, a non-data-aided open-loop AGC
algorithm is not widely relied upon to perform automatic gain control on the
received signal, especially if the algorithm is used to control the analog gain stages.
Moreover, all noncoherent AGC algorithms amplify the desired signal along with

35
30<—Q~\ -
25
20 \\ —&—Cumulative gain
3 \\ —@—VGA gain
15 \ Noise figure
10 ~ —>=PMA
==LNA
0
-51 -49 -47 -45 -43 -41 -39 -37 -35 -33
dBm
FIGURE 7.6

VGA, PMA, and LNA gain for an input signal varying between —51 and —33 dBm. VGA,
variable gain amplifier; PMA, post-mixer amplifier; LNA, low-noise amplifier. (For color
version of this figure, the reader is referred to the online version of this book.)
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Gain lineup settings for the VGA, PMA, and LNA as a function of cumulative gain, SNR, SDR,

and total SNR. VGA, variable gain amplifier; PMA, post-mixer amplifier; LNA, low-noise

amplifier; SNR, signal-to-noise ratio. (For color version of this figure, the reader is referred to

the online version of this book.)

the thermal noise present in the receiver as well as any in-band blocker or interferer.
The latter problem could be mitigated by using a data-aided or coherent AGC such
as a zero-forcing algorithm or a minimum mean square error gain control algorithm.

The MMSE AGC is for all intents and purposes an equalizer designed to mini-
mize the mean square error power of e(n), namely e = E{e?(n)}. A simplified version
of this algorithm is depicted in Figure 7.9. The error signal is obtained as the

Power detector
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FIGURE 7.8

P

Non-data-aided automatic gain control with open loop. ADC, analog-to-digital converter. (For
color version of this figure, the reader is referred to the online version of this book.)
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FIGURE 7.9
Automatic gain control based on data-aided minimum mean square error algorithm.

difference between the actual symbol obtained from the demodulator a(n) and the
approximate symbol @ (n) presented to the demodulator or

e(n) = a(n) — E(”) (7.2)
a(n) — g(n)x(n)

Note that the data x(n) as well as the symbol a(n) are independent of the gain func-
tion g(n). The mean square error power € forms a quadratic function of g(n) with a
unique minimum g=min{g(n)}. In this case, we can express

de de(n)
—— = 2E<e(n = —2FE{e(n)x(n (7.3)
ag(”) { ( )ag(n) e(n):a(n)—g(n)x(n)} { ( ) ( )}
where de(n)/dg(n) = —x(n) is true due to the independence of x(n) and a(n) from

g(n). In steady state, the loop attempts to remove any correlation between the error
e(n) and the received signal x(#n), in essence removing the DC at the input of lowpass
filter, that is

E{e(n)x(n)}

E{fa(n) — g(n)x(n)}x(n)}

= E{a(n)x(n)} — g(n)E{x*(n)} = 0 74
The relationship in Eqn (7.4) simply implies that
__ Ela(x(n} _ E{a(n)x(n)} 23

E{x*(n)} Pr lp—E(m)

The utility of the MMSE AGC algorithm in wireless communications is limited to
digital compensation of gain due to filtering and scaling within the modem and is
rarely used to control analog gain stages of the receiver. In the next section, we
will discuss a non-data-aided AGC loop frequently used in wireless receivers. We
will analyze in detail the various components of the loop.
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FIGURE 7.10

The conceptual AGC loop comprised of a loop detector, an error generator, a loop filter, and
gain control interface. AGC, automatic gain control; ADC, analog-to-digital converter. (For
color version of this figure, the reader is referred to the online version of this book.)

7.1.4 The closed-loop AGC algorithm

The AGC loop discussed in this section is commonly used in most modern wireless
receivers. The loop, depicted conceptually in Figure 7.10, consists of a digital algo-
rithm and analog gain and attenuator blocks. In this section we will concentrate on
the digital signal processing portion of the loop. As stated earlier, the purpose of the
AGC loop in most modern wireless communication receivers is to compensate for
long-term fading and path loss effects that impact the received signal. It is not
intended to correct for short-term fast fades, especially frequency selective fades
that can be appropriately corrected for using certain types of equalization and
FEC. The AGC loop is slow and may be updated once every slot or frame depending
on the modulation, channel, error correction, and the makeup of the signaling
scheme or waveform itself. The digital signal processing algorithm portion of the
loop is comprised of a loop detector, error generator, loop filter, and gain control
interface. In the following subsections, we will analyze the interworkings of these
blocks.

7.1.4.1 AGC loop dynamics
The purpose of the AGC detector is to detect the instantaneous power of the received
signal and average it over a certain period of time to obtain the average of the
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The automatic gain control detector. ADC, analog-to-digital converter. (For color version of
this figure, the reader is referred to the online version of this book.)

received signal power. Consider the AGC detector depicted in Figure 7.11. The
analog in-phase I(n) and quadrature Q(n) signals are the sampled versions of the
in-phase or quadrature analog signals. Let the instantaneous signal power be given
at the output of the summer in Figure 7.11 as:

P(n) = P(n)+Q*(n) = P(1) + Q* ()|, _p. (7.6)

where n implies the sample taken at nT;. A typical implementation of the detector is
of an approximation of Eqn (7.6) or simply of the envelope r(n). The most common
approximation involves the minimum and maximum values of /(n) and Q(n) or

r(n)=amax{|/(n)|,|Q(n)[} + Smin{|/(n)],|Q(n)|} (7.7

where « and 8 are constants. This algorithm is easily implemented in ASIC. Table
7.4 lists various constant values that are typically used for « and 8. The performance
of the detector for various parameters is shown in Figure 7.12.

In order to ensure that the AGC does not react to instantaneous power surges and
recesses, the power signal is averaged further via an integrate and dump filter, for

Table 7.4 AGC Detector According to Eqn (7.7) for Various Values of « and 8
«a B r(n)

a=1 g=1/2 r(n)=max{[i(n)],|Q()I} +Fmin{|/(n)], |Q(n)[}
a=1 g=1/4 r(n)y=max{[(n)],1Q()} +Fmin{|/(n)], |Q(n)[}
a=1 g=3/8 r(n)=max{ll(n)|,|Qn)[} +§min{[/(n)[,|Qn)|}
a=15/16 B=15/32 r(n) =3 [max{|i(n)|,1Q(M)[} + Fmin{|/(n)|, |Q(n)|}]
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Performance of various automatic gain control detectors as specified in Table 7.4. (For color
version of this figure, the reader is referred to the online version of this book.)

example, as shown in Figure 7.13, in order to obtain the average signal power
defined as the expected value of rz(n):

1 N—1
E{r(n} =< > [P+ 0 (n)] (7.8)

N n=0

where E{.} is the expectation operator. The output of the integrate-and-dump filter is
fed into an optional logarithmic lookup table or function. The purpose of the loga-
rithm is to speed up the reaction of the loop due to a small received signal power. In
the presence of an in-band strong blocker, the received signal power is high and a
rapid reaction of the AGC is required. The logarithmic function compresses the
input signal and helps speed up the reaction of the loop to a strong signal. However,
introducing the logarithm into the loop causes asymmetry in attack and decay time
of the loop. Furthermore, note that any integration of error between the desired
signal power and the average power of the signal is happening in dB scale and
not in the linear scale, hence introducing nonlinearity into the loop. Thirdly, the
quantization error at the output of the loop filter is no longer uniformly distributed.
In order to ensure that the loop will converge, we introduce an exponential function
of the form 10“”?” into the gain-control lookup table (the divide by 20 is due to
voltage gain rather than power gain, which implies divide by 10). In most receiver
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FIGURE 7.13

The automatic gain control loop. ADC, analog-to-digital converter; LNA, low-noise amplifier;
PMA, post-mixer amplifier; VGA, variable gain amplifier. (For color version of this figure, the
reader is referred to the online version of this book.)

designs, the AGC lookup table contains gain values calibrated across temperature
and frequency. Furthermore, we assume that the gain stages are operating in a linear
fashion without compression and that the all gain stages including the VGA and all
gain attenuators can be increased and decreased according to some monotonically
varying function.

Next, consider the output of the single-pole loop filter taken at the output of the
delay

y(n+1) = v(n) + ,u[Pd - lOloglO(lOV<">/]0?2(n))]
(7.9)

vin+1) = v(n) + ,LL{Pd —v(n) — 10log;, (?z(n))}

. N
where v(n) is the state at the output of the loop filter and r ™ (n) is the mean squared
input power estimated over M samples and obtained via integration and dump as

M—1
) = E{rz(n)}z% > {P(n—m)+Q*(n—m)} (7.10)
m=0

The mean squared input power is then input to a logarithmic table, and its output is
then compared to the desired set power P,. In this particular implementation, the
average mean square input power is obtained via an integrate-and-dump operation,
say h(.), which in turn mimics a lowpass filter or

HiZ) = 1+z " +72 4 4 M

7.11
1—zM 710

1—z7!
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Magnitude and phase response of: (a) integrate-and-dump function taken over 30 samples,
and (b) of mean function taken over an infinite number of samples. (For color version of this
figure, the reader is referred to the online version of this book.)

The magnitude and phase response for H(z) for M =30 compared to the response
of the actual mean 1/1 — z~ ' is depicted in Figure 7.14. The integrate-and-dump fil-
ter can be replaced with a single-pole filter that resets it memory (output of delay
element) on the integration boundary.

Note that the choice of a single-pole loop filter is not necessary but sufficient for
the convergence of the loop. The parameter P, is the desired set power of the AGC
loop chosen in such a way that accommodates the dynamic range of the ADCs, the
dynamic range of the signal and its peak power-to-average power ratio, and the dy-
namic range of the blocking signal. Its value is certainly dictated by the desired SNR
of the received signal as well as parameters above as detailed in Chapter 5.

7.1.4.2 Steady state analysis of AGC loop
Assume that during steady state the error signal e(n) = Py — 101log

(10v)/ 10?2(}1)) tends to zero. In this case, the output of the loop filter becomes

vin+1) = v(n) + u e(n) =v(n) (7.12)
—

-0

According to Eqn (7.9)
v(n+1) = v(n) + H{Pd — v — 10log (?z(n))}
= (I =wr(n) + N[Pd — 10logy (7’\2(”))]
In steady state, v(n + 1) = v(n) =v then Eqn (7.13) becomes

v=(1-ur+ ,u{Pd —101og, (?2@))} (7.14)

(7.13)
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or simply
v = Py — 10 log;q (?z(n)) (7.15)

The power differential v is simply the equilibrium point, which plays a key role in
determining the instantaneous dynamic range of the receiver. To fully analyze the
loop, introduce a perturbation () to the loop around the equilibrium point » during
steady state that is according to Eqn (7.14)

~2
v x(n+1) = (1= @+ x(m)] +u[Pa— 1010g,0 (7 ()] @.16)
The relationship in Eqn (7.16) can be further manipulated to obtain a simplified
expression:
~2
X(n+1) = (1= x(n) = v+ [Py = 10 Togyy (77 () )| (7.17)

Substituting Eqn (7.15) into Eqn (7.17), we obtain

X(n+1) = (1= w)x(n) = [ Pa = 1010gy (77(n))| + [P = 101081 (7* ()]
= (1 —w)x(n)
(7.18)

Note that the relationship Eqn (7.18) implies that
x(n+1) = (1 - wx(n)=x(n+1) = (1-u)'%(0) (7.19)

The stability condition imposed on the loop can be inferred from Eqn (7.19) as n
approaches infinity and is

uw>0
w<?2

(7.20)

where the loop filter gain u dictates both attack and decay times. The AGC loop is
stable if and only if Eqn (7.20) satisfied.

To illustrate the theoretical performance of the loop, let the input to AGC consist
of a single sinusoid with the AGC set point taking into account the 3-dB backoff from
full scale. In this case, there is no blocker or other imperfections introduced to the
simulation. Comparing the average input signal power of the sinusoid to the AGC
set point requires the AGC to make a power adjustment of 65 dB. The output of
the loop filter versus time or number of samples slowly and continuously adjusts
the signal power as shown in Figure 7.15. The in-phase signal of the AGC as it is
being continuously gain adjusted as a function of time is also shown in Figure 7.16.

n— o

i [x(n-+ D] = lim [(1 = 0Oy 000 = 0=11 = < 1=

7.1.4.3 Observations
In this section, we attend to a series of common issues with the AGC algorithm. A
conceptual IF-receiver lineup is depicted in Figure 7.17. The purpose of this



385

7.1 Automatic gain control

5

4

3

/

T

T

T

o
~

(=]
©

(=] o
Te] <

o
[3p)

(gp) spnyubepy

(=]
N

o
-—

o

x 10°

Number of samples

FIGURE 7.15

Output of automatic gain control loop filter as a function of time or samples. (For color version

of this figure, the reader is referred to the online version of this book.)
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In-phase component of a sinusoidal signal as it is being continuously gain adjusted by

automatic gain control loop. (For color version of this figure, the reader is referred to the

online version of this book.)
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FIGURE 7.17

Conceptual lineup of an intermediate frequency-sampling receiver. LNA, low-noise amplifier;
ADC, analog-to-digital converter; IF, intermediate frequency. (For color version of this figure,
the reader is referred to the online version of this book.)

simulation is not to discuss the merits of the design and the lineup of the components
of the receiver shown in Figure 7.17 but rather to uncover certain common problems
with automatic gain control algorithms. The behavior of the AGC in Rayleigh fading
channels and in the presence of a narrowband blocker is discussed.

The IF receiver presented in Figure 7.17 relies on gain stages and attenuators
rather than a VGA. This gives the designer greater flexibility in managing the noise
figure and the linearity in the lineup. This topic will be discussed in more detail in
Chapter 8. In Figure 7.17, the light-colored blocks are attenuators and switches that
can be controlled digitally for the purposes of gain control. Furthermore, in the
following simulations, the AGC is run in continuous mode and without any hyster-
esis to illustrate the algorithm’s performance under the circumstances in question. In
most cases, depending on the modulation and error correction scheme, the AGC will
update on the slot boundary or possibly only at the beginning of a frame.

Next, assume that the desired signal is undergoing Rayleigh two-path fading and
that the average received signal strength is at —90 dBm or 25 dB lower than the
AGC set point. Once the AGC is turned on, the loop starts to compensate for the dif-
ference in signal power by decreasing the attenuation in the signal path. The rate at
which the gain correction is made is partially controlled by the loop-filter gain. At
this point, the AGC is trying to reach steady state; that is, the error signal is trying
to reach O dB as shown in Figure 7.18. The loop reaches steady state at roughly 2000
samples as can be clearly seen from Figure 7.19. Consequently, all the variations in
the signal amplitude are due to Rayleigh fading and not the asymmetry in which the
loop reacts to positive and negative errors in the loop. Note that a positive error im-
plies that the received signal strength, including blocking signals, is less than the
AGC set point whereas a negative error implies that the received signal strength
is larger than the AGC set point. In steady state, the loop reacts to the changes in
the signal strength due to channel variations. Note that although the AGC seems
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FIGURE 7.18

Error signal of automatic gain control in the presence of two-path Rayleigh fading. (For color
version of this figure, the reader is referred to the online version of this book.)

to track signal variations in fading, updating the AGC in the middle of a FEC slot
will only serve to degrade the performance. This is true, since most FEC schemes
rely on the signal amplitude and phase within an FEC slot in order to perform error
correction.

Next, the AGC performance is analyzed in the presence of a blocker whose po-
wer throughout the simulation is —70 dBm or 20 dB higher than the signal power.
Furthermore, the blocker is assumed to be received along with the desired signal
within the IF bandwidth of the receiver. The blocker obviously does not overlap
with the desired signal’s instantaneous bandwidth. In some other cases, depending
on the receiver’s overall filtering strategy and/or the blocking signal’s frequency
location relative to that of the desired signal, the blocker may be either slightly or
severely attenuated by the various filters. Again, the intent is to show how the
AGC loop behaves in the presence of a blocker. In order to simplify the analysis,
we restrict the duty cycle of the desired signal to 100%. In the first case, we assume
the duty cycle of the blocker to be 1/3 or 33.33%. The error signal as well as the
blocker duty cycle are both depicted in Figure 7.20. Given the loop-filter gain chosen
for this simulation, the error signal barely reaches an average of 0 dB indicating that
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Cumulative gain of automatic gain control in the presence of two-path Rayleigh fading. (For
color version of this figure, the reader is referred to the online version of this book.)
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Error signal of automatic gain control in the presence of two-path Rayleigh fading and blocker
signal with duty cycle = 1/3 (above) error signal and (below) strobe indicating presence of
blocker. (For color version of this figure, the reader is referred to the online version of this
book.)
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Gain control of automatic gain control in the presence of two-path Rayleigh fading and
blocker signal with duty cycle = 1/3 (above) error signal and (below) strobe indicating
presence of blocker. (For color version of this figure, the reader is referred to the online
version of this book.)

the loop has reached a steady state recovering from the absence of a blocker when
the blocking signal impinges back in the antenna causing the AGC error to become
negative. The AGC loop reacts, slowly this time, to adjust the gain in the receiver
lineup, hardly reaching steady state before the blocker disappears again causing
the loop to react to the error by increasing the gain. This process can be well under-
stood by further examining the output of the loop filter as shown in the upper portion
of Figure 7.21. The top figure indicates the output of the loop filter block whereas the
bottom portion of Figure 7.21 depicts the duty cycle of the blocker. In order to
improve on the performance of the AGC, a faster loop response may be required
at the expense of steady state performance. Next, we examine the performance of
the loop for the same set of parameters with the exception of the duty cycle, which
is now set at 10%. The outputs of the error signal, the loop filter, and the blocking
signal duty cycle are shown in Figures 7.22 and 7.23, respectively. In this case, when
the blocking signal is present, the AGC loop has barely any time to react to react
before the signal blocker disappears. Again, the designer may choose a larger
loop filter gain, thus speeding up the loop at the expense of steady state performance,
or “tighten” the IF or baseband filters’ response and allow for the FEC to deal with
the bursty nature of the errors caused by the blocker. These are some examples of
how to deal with gain control in the presence of the blocker. In general, the AGC
algorithm seems to be simple enough, however, in practice the designer must
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Error signal of automatic gain control in the presence of two-path Rayleigh fading and blocker
signal with duty cycle = 1/10 (above) error signal and (below) strobe indicating presence of
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Gain control of automatic gain control in the presence of two-path Rayleigh fading and
blocker signal with duty cycle = 1/10 (above) error signal and (below) strobe indicating
presence of blocker. (For color version of this figure, the reader is referred to the online
version of this book.)
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understand the signaling waveform in full detail, the channel or environment where
the radio will operate along with the possible blocking signals and interferers, and
design the receiver lineup and the AGC loop with this information in mind.

7.2 Frequency synthesizers

Frequency synthesizers are an essential part of any wireless transceiver. Their role is
to translate the desired signal from one frequency band, for example, RF, to another
frequency band, for example IF, with minimal degradation. In this chapter, we will
focus on frequency synthesis using PLLs. As was discussed in Chapter 3, and will be
discussed in more detail herein, a PLL uses a single reference frequency to generate
multiple output frequencies at the LO with accuracy and precision.

There are various types of PLL-based frequency synthesizers. An integer-N syn-
thesizer, for example, uses a reference frequency Fj,r to generate the output fre-
quency Fp, such that Fj,,=NF,; That is, the output frequencies of the
synthesizer are generated as integer multiples of the reference frequency. An
integer-N synthesizer’s beauty lies in its simplicity, as compared to a fractional-N
synthesizer, for example, and its low power consumption and die area. On the other
hand, its shortcoming is evident in its flexibility of choosing the reference frequency
F . This limitation is overcome by the use of a fractional-N synthesizer. The output
frequency of a fractional-N synthesizer is related to the reference frequency as
Fout= (P + €)F, e =A/B, where 0 < e < 1 and P, A, and B are integers.2 This flex-
ibility, however, comes at a price manifested in design complexity, increased power
consumption and die area, and certain performance degradation. This degradation
manifests itself in spurs occurring at the output spectrum of the synthesizer at regular
intervals, as will be discussed following. These fractional spurs can be minimized by
breaking up the periodicity of the division using a AY modulator for example. A AZ
modulator can be used to randomize the switching mechanism in the divider block
and hence the instantaneous divider ratio. In this section, PLL-based frequency syn-
thesizers will be studied. We first study the basics of PLL theory and its building
blocks in the context of frequency synthesis and then proceed to discuss various syn-
thesizer architectures.

7.2.1 Phase-locked loops

In Chapter 3 we discussed the role of the PLL in the context of frequency synthesis
and its impact on phase noise. The emphasis was on the impact of phase noise degra-
dation on the desired signal. In this chapter, the study of PLLs is mainly focused on
the design of the loop. We first discuss the loop dynamics in general and then

%In order to be consistent with the notation below, we exchanged the letter N with P to denote the
integer portion of the fractional-N divider.
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Reference
@ % VCO
- Phase > > >
detector o /\—/ - @ outout
> Loop filter P
FIGURE 7.24

The basic blocks in a phase-locked loop. VCO, voltage-controlled oscillator.

proceed to the specifics. The loop order, its type, and general design parameters are
studied in some detail.

A PLL, depicted in Figure 7.24, is comprised of a phase detector, a loop filter,
and a VCO. The input to the PLL, say a frequency reference, is compared to the
output of the VCO in the phase detector block. The output signal of the phase detec-
tor signifies the error or phase difference between the phase of the reference signal
and the output signal of the VCO, possibly divided down to the level of the reference
frequency. The error signal is then integrated via the loop filter whose output is pre-
sented to the VCO block. In the coming discussion, we will analyze and discuss the
various aspects of PLL design. The linear PLL model is presented first followed by
an analytical discussion concerning error convergence in the loop. The stability of
the loop is then discussed in some detail with particular attention to first, second,
and third order loops. The role of the phase detector is then discussed as well.

7.2.1.1 The linear-PLL model revisited
Consider the linear-PLL model depicted in Figure 7.25. In this model, the reference
signal 6,(s) is compared to the output phase of the VCO 6,(s) in the phase detector

Reference Loop filter

0,(s) e(s)
- )

FIGURE 7.25
The linear-PLL model.
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block. The phase detector is comprised of a summer block followed by a gain block
K, representing the gain of the phase detector. The analysis will be conducted in the
Laplace domain. The output of the phase detector is the error signal given as

e(s) = Ka{0i(s) — 0o(s)} (7.21)
The VCO is comprised of an integrator with gain K, plus additive phase noise 7,(s).
The frequency of the VCO is dictated by the output voltage of the loop filter. Ac-
cording to Figure 7.25, the output of the VCO 6,(s) can be expressed in terms of
the error signal e(s):

Oo(s) = %F(s)e(s) +n,(s) (7.22)

Solving for the error signal e(s) in terms of 6,(s), we obtain

N

) = gy ol = m(9) (7.23)
Substituting the value of the error function e(s) found in Eqn (7.23) into Eqn (7.21),
we obtain:
s
KVT(S){Q(:(S) —my(s)} = Ka{bi(s) — 0,(s)} (7.24)
Solving for 6,(s) in Eqn (7.24) results in the expression
K K, F(s) s
0 =——"_4f; - 7.25
ARy 7 T R 7 T R (7.25)
Define the transfer function H(s) as
K K, F(s)
H(s) = ——— 7.26
() = TR K (7.:26)
Then we can express
K4K,F
s s
7 (7.27)
s
s+ K4K,F(s)
Define the open-loop gain function G(s) as
K K, F
G(s) = KaKoF(s) (7.28)
s

Then the closed-loop transfer function can be expressed in terms of G(s) by
substituting Eqn (7.28) into Eqn (7.26), and we obtain:

__GB) gy o]
= T560) and 1—H(s) = (7.29)

H(s) 11G0)



394 CHAPTER 7 Frequency Synthesis and Gain Control

Furthermore, the relationship in Eqn (7.25) can be expressed in a simplified notation
in terms of H(s):

0o(s) = H(s)0,(s) + {1 — H(s)}n,(s) (7.30)

The transfer function H(s) is known as the closed-loop transfer function and plays a
pivotal role in shaping the reference and VCO phase noise (topic is addressed later).

7.2.1.2 Error convergence, order, and type of PLL

The investigation herein is pertinent to steady state analysis rather than transient
analysis, that is, all transients are assumed to have subsided. Let us rewrite the error
signal in Eqn (7.22) in terms of the reference signal 6;(s) in order to obtain the error
transfer function; that is, substitute Eqn (7.22) into Eqn (7.21) and solve for e(s)/
01'(5')2

e(s) = Kq{0i(s) — 0o(s)}
= Kd{ﬁi(s) - %F(s)e(s) + m<S>} =

Kys (7.31)

e(s) = m{ﬁi@ +m,(s)}

= Kyl — H(s)HOi(s) + my(s)} = Kel0©) +mls)}

1 +G(s)
Define the error transfer function as
K,
e(s) = e(s) _ 4
0i(s) s+ K4K,F(s) (7.32)
K, '
= K {1 — H(s = —
A1 =HE} = 7765

In steady state, we desire the error signal e(r) = 2 '{e(s)} to approach zero at
steady state. That is, provided a steady state value exists, then using the final value
theorem we claim

lim e(¢) = lim se(s)

t— ®© s—0

K2 (7.33)

lim ——2"___p.(s) = 0
50 5+ KaK,F(s) i(s)

The relationship in Eqn (7.33) can be satisfied depending on the choice of the loop

o}
filter as well as the input signal 6(¢r) 26(s). To further elaborate, consider the
elementary phase inputs:

Af Phase step
0:(t) = ¢ Awt Frequency step (7.34)

Awr? Frequency ramp
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The input phase functions presented in Eqn (7.34) are representative of most com-
mon inputs [3].
Consider first §;(f) to be a phase step Af whose s-domain equivalent is

-}
0;(t) = AG=26;(s) = Af/s, then the condition that the loop filter must satisfy in
order for the error to converge is

. . A6 kds
lim e(r) = lim<s— —————
1= s—0 s s+ KyK F(s)

k
limd Ag——4 (7.35)
s—0 s+ KdeF(S)

kd x 0

— AT it F(0)
oKk Foy T FO)70

The relationship in Eqn (7.35) implies that if the input is simply a constant phase
shift, then the PLL’s error will converge provided that F(s = 0)#0, that is, for
example, the loop filter F(s) cannot be a highpass filter but it can be a constant,
that is, F(s) = xeR, x#0. Next, consider the input signal to be simply a frequency

o}
step Awt whose equivalent Laplace transform is 6;(f) = Awt20;(s) = Aw/s?,
then the error function of the PLL will converge provided that

. . Aw kds
lim e(t) = lim¢s— ——————
t— s—0 §2 s+ Ka’KVF(S)

. kg
= limq Aw———F——
s—0 s+ KK, F(s)

k
= Aw——%— =0 iff F(0)#0 and F(s)
KK, F(0)
has at least one pole at the origin (7.36)

If only the condition F(s = 0)#0 applies and the loop filter is a constant over all
frequencies, that is, F(s) = x€ R, x#0, then the error e(r) will not converge since

. . Aw kas
lim e(t) = limqs— —————
1= s—>0 | 82 s+ KyK,F(s)

— timlaw K (7.37)
s—0 s+ KK, x

k
= Aw—2 — constant and x#0
KdeX

Therefore, the relationships in Eqns (7.36) and (7.37) imply that the loop filter must
have at least one pole at the origin. Finally, consider the case where the input signal
is a frequency ramp, that is 0,(f) = Awr* and whose Laplace transform pair is given
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of-}
simply as 0;(t) = Awt> 20;(s) = Aw/s>, then the error signal of the PLL will

converge provided that the loop filter satisfies the conditions:

A k
lim e(r) = lim{sw ds}

t— o s—0| 83 s+ KK, F(s)
. Aw kd
= limq{—————
s=0| s s+ KgK F(s)
k,
= Aw——2 _ =0 iff F(0)#0 and F(s)
KK, F(0)
has at least two poles at the origin (7.38)

If the conditions on the loop filter expressed in Eqn (7.38) are not met, then the error
will not converge to zero at steady state. For example, for F(s) = xe R, x #0, the
error signal at steady state for 6;(f) = Aw* becomes undefined:

. . Aw kds
lim e(t) = limqs— —————
t— © s—0 3 s+ KdKVF(S)

A k
— im=2 M (7.39)
s=>0 | s s+ KK F(s)

kd . Aw
= lim<{—}— o
K K, x s—0 N
In a similar vein, if the loop filter contains only one pole DC, for example, for
F(s) = ¢/s, ¢ = constant#0, then

A k
lim e(r) = lim{s—w $}
S

1> 5—0 3 5+ K4K F(s)
_ fim A9 _ska (7.40)
s—0 | s s+ KyK,
Awk,
— 2%y
KK,

According to Eqn (7.40), the error does not converge to zero.

The order of a loop is determined by the number of poles in the open-loop
gain function G(s). For example, if the loop transfer function H(s) =
Y/(s+Y), Y isa constant, then

Y Y/s G(s)

H(s) = - - —Gs) =~ 7.41
s s R T B G (7.41)

The relationship in Eqn (7.41) implies that the loop is a first order loop. Note that the
order of the loop can also be determined from the largest power of s in the denom-
inator of the closed-loop transfer function H(s). The type of a PLL is given as the
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number of perfect integrators in G(s). A perfect integrator has its pole s at DC. So the
loop described in Eqn (7.41) is a first order type 1 PLL. In theory, every PLL has at
least one perfect integrator due to the VCO’s transfer function. The type of the loop
is important to applications where the steady state error performance is of paramount
importance.

EXAMPLE 7.2 EQUIVALENT LOOP BANDWIDTH

Consider the first order loop H(s) = ¥/s + ¢}, compute the loop noise equivalent bandwidth
defined as:

1,
B, — Z/ IH(Q)2dQ (7.42)
0

Compute the noise equivalent bandwidth of the second order loop:

28Qps + Q2

HS) = —— 1 (7.43)
®) $2 + 2£Qps + Q2
In Eqn (7.43), Qn is known as the natural frequency and £ is the damping factor.
According to Eqn (7.42), we need to compute:
1 1 [ 0 PP
B = Z/\H(/Q)\ dQ = ﬂ/ ‘j9+0 do
0 0
2 7 2 ©
_ 07/ 1 40 — Ll Etan’l Q (7.44)
2 ) Q2 + 92 2w ¥ 9/ 1o
0
P2l 0
T 2r 9 2 4

The noise equivalent bandwidth of the first order loop is then dictated solely by the
constant ¥ = Ky Ky, which is the product of the loop detector constant and the constant
due to the integrator of the VCO as shown in Figure 7.26.

Loop filter
e(s)
0(s) F(s)=1
A
6,(s)
VCO
KV d
s

FIGURE 7.26
The first order phase-locked loop.

Continued

397
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EXAMPLE 7.2 EQUIVALENT LOOP BANDWIDTH—cont'd

Similarly, the loop noise equivalent bandwidth of the second order loop whose transfer
function is expressed in Eqn (7.43) is:

1,
B = 5 [ IHG)Fdn
0

(7.45)

:%/ _— : g do
5 (Q—n) +2(2§ 71)(97) +1

The integral in Eqn (7.45) can be divided into two subintegrals, namely

© © 2
g, — / 1 / 4(8) o
S (3)4+2(25271)(9 )42 (282 - 1)(9%)2+1

o \q, QT 0 Qn
(7.46)
According to Ref. [4], each integral in Eqn (7.46) is of the form
< 78121 _ yr/2-1 r
/ TR +ﬁ) dx = 5 cse() (7.47)
0
where |arg(e)| < 7, |arg(8)| < m, and O < Re{r} < 4.
Let
2
o= (sﬂ/sz—l)
2 (7.48)
a = (57\/5271>

Then after a certain amount of labor, the loop equivalent bandwidth can be obtained as

_nf 1) 1
BL_7<’+T§> = <1+452 (7.49)

According to Eqn (7.49), the loop noise equivalent bandwidth of a second order loop is
dependent on two parameters, namely the natural frequency as well as the damping factor.
We will examine the effects of the parameters on loop performance in the next section.

7.2.1.3 Second order PLL
Consider the loop filter made up of a simple RC circuit depicted in Figure 7.27(a)
with transfer function F(s) given as

1 1

F(s) = = 7.50
() 1+ RCs 1+7s ( )
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R
- 1
—C —
( ) 1+ RCs
(a)
Ri
R» (s)= 1+ R,Cs
1+C(R +R,)s
C -
(b)
FIGURE 7.27
Second order phase-locked loop loop filters: (a) simple passive RCfilter, and (b) active-phase
lag-lead filter.

where 7 = RC is the filter’s time constant. According to Eqn (7.28), the open-loop
gain function G(s) can be expressed in conjunction with the loop filter’s transfer
function given in Eqn (7.50) as

 KKF() _ KiKorks K

s s —s(1 4 15) (7.51)

G(s)

where for simplicity we chose K = K;K,. The PLL’s transfer function can then be
expressed by substituting Eqn (7.51) into Eqn (7.29) in order to obtain

_ G(s) K/t
His) = 14+G(s)  s2+s/t+K/t 7.5
|~ H(s) = 1 _ s(ts+1)

1+ G(s) s2+s/t+ K/t

Borrowing from the theory of vibrations, define the natural frequency €, and damp-

ing factors & as
K Q
Q, = \/; and & = i
K
T

(7.53)
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Then from a simple substitution of the value of Q, and £ supplied in Eqn (7.53) into
Eqgn (7.51) we obtain the open-loop gain function G(s) expressed as

QZ
G(s) = 5—2— 7.54
©) = 22z (759
Accordingly, the loop’s transfer function takes on the form
QZ
H(s) = 50— —3
s2+28Qus + Q;
5 (7.55)
26Q
I—H(S)_ 5%+ 28Qys

24 2EQus 4 Q2

The open loop gain and transfer functions of the PLL according to Eqns (7.54) and
(7.55) are depicted in Figures 7.28—7.30, respectively.

Next consider the loop filter made up of two resistors and one capacitor as shown
in Figure 7.27(b). The phase lag-lead loop filter has a transfer function

1+ R>Cs T8 + 1

F = = 7.56
(5) 1+ CRi+R)s 1is+1 (7.56)
80 T
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.E i
S 40
G}
ks
[0
2
3 —
2]
o
[0} \
3 0
=
IS
<
20
—40

0 10 20 30 40 50 60 70 80 90 100
Frequency in KHz

FIGURE 7.28
Amplitude response of G(s) according to Eqn (7.55) for 5-KHz loop bandwidth and various

damping factors &. (For color version of this figure, the reader is referred to the online version
of this book.)
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FIGURE 7.29

Amplitude response of H(s) according to Eqn (7.55) for 5-KHz loop bandwidth and various

damping factors £. (For color version of this figure, the reader is referred to the online version
of this book.)
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FIGURE 7.30
Amplitude response of 1—H(s) according to Eqgn (7.55) for 5-KHz loop bandwidth and

various damping factors &. (For color version of this figure, the reader is referred to the online
version of this book.)
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Note that F(s) in (Eqn 7.56) has two time constants 7| and 1 resulting more in the
open-loop gain function
1+R2CS

KK, F KiKvizersrys K 1
G(S) — d (S) _ V1+C(R1+R2)S — (T2S + ) (7'57)
s s s(tis+ 1)
And consequently, the loop transfer function is found in a similar manner to Eqn
(7.52):
K(t2s +1)
G
H(s) = (s) __s(us+1)
1+ G(s) K(tas+ 1)
l+——
s(tis + 1)
B K(t2s + 1) B K(tas+1)/7
Ts2 +s+Kps+K s+ (Ko + 1)s/t1 + K/1 (7.58)
1 1
1 - H == =
©) = 1560 K(tas + 1)
1+ ——
s(tis + 1)
s(tys+1) B s(tis+1)/7y

112 +s+Ks+K 524+ (Kt + 1)s/1 +K/1

The definition of the natural frequency and damping factors are given in a similar

manner to (Eqn 7.53) as
K Q, 1
> d — il
o and & 5 <T2 + K)

e (7.59)

I 1
: T(”*E)

The relationship in (Eqn 7.59) simply implies

Q,

T = and 17, = ——— (7.60)

o
Qn

Substituting Eqn (7.60) into Eqns (7.57) and (7.58), we obtain the open-loop gain
and loop transfer functions to be expressed as

2% 1
Gy K+ D KK@‘E)S“}
s) = s(tis+1) LS 1
s\ z2* (7.61)

n

(26Q, — Q3 /K)s + Q;
s(s + Qﬁ/K)
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and
(26Q, — Q2)s + Q2
Hs) = G(s) s(s + Q%/K) (25Q, — Q2/K)s + Q2
L+Gls) | (250, -5+ 9 s2 + 2EQs + Q2
s(s + Qﬁ/K)
1 1 s(s + Q2/K)
1—H(s) = = 5 5= -
1+ G(s) (26Q, — Q)s + Q2 52 +26Qs + Q2
s(s + Q2/K)
(7.62)

The relationships in Eqns (7.61) and (7.62) imply that the PLL has three degrees of
freedom that could manipulate its performance as opposed to the PLL described in
Eqns (7.54) and (7.55). The open-loop gain and transfer functions of the PLL
according to Eqns (7.61) and (7.62) are shown in Figures 7.31—7.33, respectively.
With the current choice of detector and VCO gains K = K4K,, a comparison
between open-loop gain and amplitude response of the PLL’s transfer function

70 I
—¢=02
60 £=057]
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g 50 £=13]
£
c 40
6’ \
5 30
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2 20
<
()
'g 10
~~
< 0 -
\\\\
-10
-20
10 20 30 40 50 60 70 80 90 100
Frequency in KHz
FIGURE 7.31

Amplitude response of G(s) according to Eqn (7.61) for 5-KHz loop bandwidth and various
damping factors . (For color version of this figure, the reader is referred to the online version
of this book.)
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FIGURE 7.32

Amplitude response of H(s) according to Eqn (7.62) for 5-KHz loop bandwidth and various
damping factors &. (For color version of this figure, the reader is referred to the online version
of this book.)

of Eqns (7.54) and (7.55) on the one hand and Eqns (7.61) and (7.62) on the other
reveals that the former has higher attenuation at higher frequency and hence better
rejection of noise. The impact of reducing the gain K say by 1.5 dB from its orig-
inal value serves to boost the gain of the PLL’s transfer function without changing
the overall shape of the PLL response as shown in Figures 7.34 and 7.35. Note,
however, that there is a small upward shift in Q, associated with the lower gain
response.

Next we examine a second order type 2 PLL with active loop filter as shown in
Figure 7.36. The loop filter transfer function is given as:

1+ R,Cs

F(s) = 7.63
) C(Ry +Bdf)s + 1 (769

where A>>1 is the op-amp gain. Define the time constants 7; and 1; as
R +R
1+ 2) ~R,C
A Jasa (7.64)

T1 C(R1—|—

T = RZC
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Amplitude response of 1 — H(s) according to Eqn (7.62) for 5-KHz loop bandwidth and
various damping factors &. (For color version of this figure, the reader is referred to the online
version of this book.)

Substituting the time constants given in Eqn (7.64) into Eqn (7.63), we obtain the
loop filter transfer function as

Tos+ 1

F(s) =
(> T]SqL%x

(7.65)

According to Eqn (7.57), the open-loop gain for using an active loop filter such as
Eqgn (7.65) can be found as

1
Kde%

KyK,F(s) us+o
Gls) = ~——= = —A

(7.66)
KiK,(t2s +1) K(mas+1)

1 1
s(rls +K> s(‘cls +Z)
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FIGURE 7.34

Amplitude response of H(s) according to Eqn (7.62) for 1.5-KHz loop bandwidth £ = 0.2 and
various values of K. (For color version of this figure, the reader is referred to the online version
of this book.)

The magnitude squared response of G(s) implies that at high frequencies the gain of
the loop diminishes to a gain similar to that of a first order loop Kt,/7;, as can be
shown

K?(13Q% + 1
Jim IG(Q)]* = lim K@+

— 00

1
Q*(3Q% + A2> A1
(7.67)
_ K302 KT
B )
Q-w| 12Q Q|30

This may imply that the loop exhibits the same lock-in characteristics as the first or-
der loop at high frequencies. According to Eqn (7.67), the effective gain of the loop
has been reduced to Kt,/t|. The PLL transfer function for the loop filter given in Eqn
(7.65) is given according to Eqn (7.52) as
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FIGURE 7.35

Amplitude response of 1 — H(s) according to Eqn (7.62) for 1.5-KHz loop bandwidth £ =0.2
and various values of K. (For color version of this figure, the reader is referred to the online
version of this book.)

F(s)= 1+ R,Cs
C[R, & +R2)s+l
A y|
R4

FIGURE 7.36

Active loop filter for second order type 2 phase-locked loop.
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K(ts+1)
( 1
s(t1s +Z) _ K(tas +1)

K(tas+1)

S(T1S+Z)

1
1+ 7182 4+ (K‘Cz +Z)S+K

(Tzer 1)/t
s2 + (Kt + )s/rl + K/

(7.68)
7182 + ! s
1 1 A
1—-H(s) = =
K 1 1
1 +7(12S+ ) 1152 + (K12 +X)s+K

1
24
+A‘E1s

(K‘rz + )s/rl +K/7

Define the natural frequency and damping factor for the active filter case as

I K Q
Q, = /= and £ = <T2+)”” (7.69)
T1 2\/7 2

The simplified forms of Eqns (7.66) and (7.68) can be obtained by substituting Eqn
(7.69) to obtain

26Qs + Q2

G = 7.70
(5) = = (1.70)
and
26Q,s + Q2

H(s) = %

5% 4 28Qus + QF
(7.71)

)
1—H(s) =

2 4 26Q,s + Q2

At this juncture, the reader may be wondering about the stability of the loop. This
topic will be addressed in the coming section. For now, we will turn our attention
to the third order loop.

7.2.1.4 Third order PLL

Our interest in studying third order loops is twofold: (1) a second order loop,
although the most common loop employed in synthesizer design, may not deliver
the required spur attenuation desired, and (2) the presence of parasitic poles in a
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second order loop may unintentionally lead to a third order transfer function. It is
important to reiterate, however, that most synthesizers rely on second order type 2
PLL in their designs. A third order PLL naturally adds a third pole to the loop filter.
In frequency synthesis, the need for a third order PLL is the need for increased
spurious suppression for the sake of spectral purity. Furthermore, third order
PLLs suffer from shorter pull-in range as well as stability realization. A passive
loop filter intended for a third order loop is comprised of two RC sections in cascade
as shown in Figure 7.37(a) with loop filter transfer function given as
1

F(s) = where 11 = R1C1,720 = R1Ca, 713 = RC
(s) 11382 + (11 + 12+ 13)s + 1 : 1=t I 22

(7.72)

RO RS

——Ci —C

1
" RR,CC,s* +(RC,+RC, +R,C,)s+1

(a)

F(s)

. VT

- C1 e C2

1 F() RX+R}, 1
— §)=
R (RIC1s+1)(R2C2s+1)

(b)

FIGURE 7.37

Loop filter for a third order loop: (a) passive filter comprised of two RC sections, and (b) active
filter comprised of two RC sections.
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According to Eqn (7.28), the open loop gain G(s) can be expressed as

G(s) =

1

K, K
KK, F(s) A as? + (1 +1+713)s+1

s s
Kde
111380 + (11 + 12 + 13)82 + 5

(7.73)

Substituting Eqn (7.73) into Eqn (7.29), we obtain the loop transfer functions

H(s)

1 —H(s)

Kde
_ G(s) tus+(unt+nt3)s+s
14+ G(s) 1 KqKy
13 + (11 + 12+ 13)82 + 5

- KK,
T3S 4 (11 + 1+ 13)82 + 5+ KK,
- 1

Kde

+
‘C]‘C3S3 + (‘E] —+ 12 + ‘C3)S2 + s

1171380 + (11 + 12 + 13)8% + 5
111383 + (11 + 12 + 13)8% + 5 + K4K,

(7.74)

Similarly, Figure 7.37(b) displays an active amplifier supplemented with two RC
sections. The resulting transfer function constitutes a loop filter for a third order
PLL given as (Figures 7.38—7.40)

_ Rt R

1

F(s)

Ry

(T]S + 1)(T3S+ 1)

The open loop gain G(s) can be expressed as

G(s) =

KK Ry +R, 1
KK F(s) "Ry (us+1)(r3s+1)
S N
_ KiK,(Rc+Ry) 1
B R, s(tis+ 1) (t3s+ 1)

1
w.
T1138° + (11 + 13)82 + 5 v KK, (Rx + Ry)
R —

where T = R1C1, and T3 = R2C2

(7.75)

(7.76)
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FIGURE 7.38

Open-loop gain G(s) for third order PLL employing passive RC sections. (For color version of
this figure, the reader is referred to the online version of this book.)
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FIGURE 7.39
Magnitude response of loop transfer function H(s) for third order PLL employing passive RC

sections.(For color version of this figure, the reader is referred to the online version of this
book.)
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FIGURE 7.40
Magnitude response of loop transfer function 1 — H(s) for third order PLL employing passive

RC sections. (For color version of this figure, the reader is referred to the online version of this
book.)

Figure 7.39 displays the Magnitude response of loop transfer function H(s) for third
order PLL whereas Figure 7.40 displays the magnitude response for the function

1-H(s)
The relationship in Eqn (7.76) can be used to derive the loop transfer functions:
1
p
H(s) = G(s) 111380 + (11 + 13)82 + 5
1+ G(s) 1
JEE 3 >
11738% 4 (11 + 13)82 + 5
B p
S nnsS ()P ts+ W (1.77)
1 1
1—H(s) = =
1
1+ G(s) 14w

711383 + (11 +13)52 + 5
B 11738° + (11 + 13)8% + 5
s 4 (1 )2 s+ W

Next we highlight the steady state capabilities of type 2 versus type 3 third order
loops via an example.
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EXAMPLE 7.3 STEADY STATE PERFORMANCE OF TYPE 2 AND TYPE 3
THIRD-ORDER PLLS

The generic error transfer functions of type 2 and type 3 third order PLLs are given,
respectively, in simplified form as

3 2

etypez(s) Iy(‘fl‘fgs + 118 )
s) = = 7.78
Etype 2( ) 0,‘(5) ‘51‘5353 + ‘5152 +WKtos + WK ( )

and
Etype 3(S) wsd
S) — _ (7.79)
etype 3(S) 0;(s) 1%53 + IIJK‘L'%SZ + 2WK1ps + WK

Determine the steady state error for the phase input signals and state your observations:

Al Phase step Af/s Phase step
0i(t) = Awt  Frequency step  6;(s) = Aw/s?>  Frequency step (7.80)

Aw't?  Frequency ramp 2Aw' /s3> Frequency ramp
Recall that the final value theorem, as presented in Eqn (7.33), predicts the performance of
the error transfer function in steady state, that is, tlim e(t) = IimO se(s) = IimO s0;(s)e(s).
- s— s—

For both the phase step and the frequency step inputs, it can be easily shown that the steady
state error response of both loop types reaches zero, that is, for phase step

. . . Af W(11T3S3+‘L’1$2)
lim e t) = lim s6;(s s) = lim[s—
Pl type2() S0 i( )StypeZ() SHO[ S 111383 + 1182 + WK1ys + WK
Af ws
lim e t) = lim s6,(5)¢ s) = lim[s— =0
Rallls type3(> Bl /( > type3( ) sHO[ S 1%53 +IIJKT%52+21IJKTZS+IIJK
(7.81)
and similarly for a frequency step
. . ) Aw ‘l’(rlt353+1152)
lim e t) = lim s6;(s s) = lim|s— =0
AT, @ype 2(1) = Jim, sBi{S)etype 2(5) s—>0|: $2 111353 + 1152 + WK1ps + WK
lim ¢ (t) = lim s6,(s)e (s) = lim s& s =
troo WPEIV T T TS e 3130 T T |7 52 1253 + WK13s2 + 2WK1ps + WK|
(7.82)
Next we consider the case for which the input is a frequency ramp
. . ) 2A0/ ‘I’(r113s3 + ‘5152)
lim e t) = lim s6;(s s) = lim (s
t type 2(1) 50 i(S)etype 2(5) s—0| 3 111383 + 1152 + WK1os + WK
. w 5 2A0
= lim [2Aw’ (1735 + 1) - 8vn
5—0 T1173$3+1152+IPKT25+1FK K
) . ) 2A0) wss
lim e t) = lim s6,(s)e s) =lim|[s—— =
1M Ctype 3(f) S i(S)etype 3(5) s—0|  s3 T§53+1I-‘KT§52+21FK1'25+1I’K
(7.83)

Continued
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EXAMPLE 7.3 STEADY STATE PERFORMANCE OF TYPE 2 AND TYPE 3
THIRD-ORDER PLLS—cont'd

According to Eqn (7.83), the steady state error of a type 2 third order loop is not zero.
Furthermore, it is a function of the frequency ramp Acw’. For large errors, the loop will not
be able to retain phase coherence, thus making it very difficult to employ coherent
modulation in the receiver.

7.2.1.5 PLL stability and operating range parameters
In general, a system is said to be stable if for a given bounded input signal, the
system produces a bounded output signal. The transient effects of first and second
order loops show that these feedback systems are theoretically unconditionally
stable. This is true, however, provided in the second order case there are no addi-
tional poles introduced inadvertently due to certain phase detectors or possibly
the use of leaky integrators. Higher order loops, on the other hand, must be designed
with stability in mind since they are not inherently stable systems.

A PLL is a feedback system with open-loop transfer function G(s) also known as
the feedback transfer function. As a feedback system, a PLL will oscillate if

1+G(s) = 0=|G(jQ.)|e ~1 (7.84)

‘|¢=LG(/’Q) =
where Q. is the crossover frequency. The result in Eqn (7.84) implies simply that
the magnitude |G(jQ;) = 1| and the phase ¢, = 2n+ 1)w, n = - — 2, —1,
+1,42,---. In this case, that is when |G(jQ.)| = 1, the relationship in Eqn
(7.84) can be expressed further as

log[|G(jQ)I] = jl(2n+ 1) — ¢] (7.85)

According to Nyquist, a system is said to be stable if the phase margin is positive at
crossover frequency. The phase margin Y is obtained according to the relation

Y = £G(jQ.)+ 7 (7.86)
Similarly, the gain margin can be defined as
I = —20 log(|G(j)|) (7.87)

Asymptotic stability can then be obtained when the phase margin is greater than
0° and the gain margin is greater than O dB. The gain margin is a measure of how
much the loop gain can increase before the system becomes unstable. Similarly,
the phase margin is a measure of the phase lag function of the loop. Time delay
in the loop reduces the phase margin and brings the loop closer to instability. In
most cases, time delay is attributed to the digital circuits in the loop. The loop be-
comes unstable if the time delay increases by
Y (in degrees) =

A = — 7.
Tmax Q, 180 (7.88)
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Next, we present the Hurwitz criterion [5], which is a simple method that determines
whether the loop, or any feedback system, is stable or not. Assume that G(s) is rep-
resented by the ratio

N(s)

G(s) = 7.89
(s) s™ D(s) (7.89)

Then according to Eqn (7.84) 1 4 G(s) can be expressed as

N(s) s"™D(s) + N(s)
1+G(s) =1 = 7.90
+Gls) * smD(s) s™D(s) (7.90)
Define the polynomial P(s) as

P(s) = s"D(s) + N(s) = aps" 4+ @, 15" 4 - + aps® (7.91)

+as+oap, a, >0 and weR

Stability of the loop can be implied from the roots of the polynomial P(s). The loop
is stable if real parts of the roots of P(s) are negative. The polynomial is known as a
Hurwitzian polynomial. To determine whether the roots are negative, we rely on
computing a series of determinants. Consider the determinant

Al = a,1>0
Ay = Oy oy ~0
ap-3 0Op3
Oy Oy 0
A3z -3 Q- Q1| >0
Op—5 Op—4 O3 (7.92)
Cp—1 Oy 0 0 0 0 0
Qp-3 Op-2 Op—] ap 0 0 0
0 0 Ap-3 Op-2 Op—] Ay 0
Bn 0 0 0 0 a3 ano 0|”°
aQ

The polynomial is said to have all of its real parts of its roots negative if the minor
determinants are positive, that is

A >0,A,>0,---A, >0

(7.93)

If the condition on the determinants as stated in Eqn (7.93) is met, the loop is said to

be stable.
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EXAMPLE 7.4 STABILITY OF FIRST AND SECOND ORDER PLLs

Consider the open loop gain functions of a first, second, and third order loop. Determine the
stability of each and draw conclusions.

Y )
G(s) = Y First order loop

2
Q7

Gs) = ST+ ooy

Second order loop (7.94)

_ KKy
111383 4 (17 + 10+ 13)82 + 8
In order to determine the stability of the various loops, we compute the determinants of
P(s) according to Eqn (7.92). Recall that for the various loops, we can write:

Third order loop

14 G(s) = 1+§ = 5T First order loop
Q2 $2 4 2EQus + Q2
1+G(s) =1 L = > n. s d order |
+ G(s) + 2 oS 71 2005 econd order loop oo
7.95
1+ G(s) KaKy

+
111383 + (11 + 10 +13)$2 + S

3 2
_ nms + grl +72 +73)S +Z+ KdKV; Third order loop
71135 + (11 + 12 +13)5° + S
According to Eqn (7.91), the polynomial P(s) is none other than the numerator of 1 + G(s)
in Eqn (7.95), that is

P(s) = s+Y; Firstorder loop
P(s) = s +2£Q,s+Q2;  Second order loop (7.96)
P(s) = 111383 + (11 + 15 + 13)s2 + S+ KgK,;  Third order loop '

P(s) = aps" + ap 18"+ 4+ aps® + ayS+ag;  Arbitrary order loop
Next, consider the first order loop. This is the most obvious case where the condition for
stability is obvious, that is, the root of the denominator has to be in the left half plane. The
loop is said to be stable if and only if A; =a,_1 >0
Al =a,1 =Y>0 (7.97)
Next, compute the determinants of the second order loop:
Al = ap_1 = 26Q, > 0 since bothéand Q, >0

O o
Ay = n—1 n
®p-3 Qp-2

= Qp_10p 2 — 0p_30n = 259% >0 (7.98)

According to Eqn (7.98), the second order loop is also stable. As a matter of fact, both first
and second order loops are unconditionally stable.
Next, we examine the third order loop. The determinants are given as:

A =ap 1 =11+10+13>0
Ay = apqap 2 —ap zap = (11 + 12 +13) — KgKytyt3;
ap_1  ap 0
Az = |ap3 ap2 op (7.99)
®p-5 Op4 Op.3
= (@p_10p-2 — @p_3ap)ap_3 — ap_1(ap_10n_4 — dp_5an)
= (‘[1 + 1o +13 — KdKV‘C1T3)KdKV = A Ky Ky; KgK, >0




7.2 Frequency synthesizers 417

EXAMPLE 7.4 STABILITY OF FIRST AND SECOND ORDER PLLs—cont’d

The relationship in Eqn (7.99) does not indicate that a third order loop is unconditionally
stable. As a matter of fact, stability is predicated on the fact that A, > 0. As a matter of fact,
loops higher than second order are not unconditionally stable and the designer must make a
conscious effort when designing such loops to ensure their stability.

Finally, we very briefly discuss other important design parameters of the PLL,
namely the hold-in range, the pull-in range, and the lock-in range. The hold-in range
of the loop is an indicator of loop performance [6]. By definition, it is the maximum
frequency difference between the input frequency ; and the VCO frequency Q,,
given as AQy = |Q; — Q,| before the PLL loses lock. In case the input frequency
is close to that of the VCO, the PLL locks up simply with a phase transient [7]
without cycle slipping prior to locking. Define the frequency range for which the
loop acquires phase to lock without cycle slips as the lock-in range AQ; of the
loop. For a first order loop, the lock-in range is equal to the hold-in range
AQy = AQL|f0r first order PLL only- For a second order loop or higher, however,
the lock-in range is always less than the hold-in range AQy < AQp
for second and higher order PLL- INEXt, define the pull-in range of the PLL AQp as the fre-
quency interval within which the loop will acquire lock after slipping a certain num-
ber of cycles. The pull-in range for second and higher order loops is bounded as

AQp < AQp < AQy (7.100)

It is important to note that the hold-in range depends on the nature of the loop
detector. That is, the value of AQp varies depending on whether the output of the
phase detector is sinusoidal or triangular, for example. Computation of the pull-in
range AQp is even more complicated. Nonetheless, these parameters provide neces-
sary insights into the overall performance of the loop dictated by output frequency
and the modulation scheme itself.

7.2.1.6 The phase detector

The role of the phase detector is to detect the phase difference between the reference
signal and the output of the VCO, which in the case of a frequency synthesizer is
divided down by a frequency divider. Phase detectors can be classified as analog,
sampled, or digital. Analog detectors are typically driven by sinusoidal input signals.
In a simple switch, both reference and VCO output signals are multiplied and filtered
in the detector and the resulting output signal is fed to the loop filter. The sampled
phase detector relies on a switch connected to a capacitor. At every sampling instant,
the switch connects the analog phase difference signal to a memory capacitor. The
resulting error signal is then fed to the loop filter. The digital phase detector on the
other hand can also be implemented in a variety of ways, with the charge pump
implementation being the standard for frequency synthesizers. A block diagram
of a PLL employing a charge pump (CP) is depicted in Figure 7.41. A tri-state
phase/frequency detector (PFD), shown in Figure 7.42, is used along with a CP in
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FIGURE 7.41
Charge-pump phase-locked loop used in frequency synthesis.
High — D SET Q o Up
Reference ——
CLR 6
Delay {
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Divided signal —
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VCO ar Q
FIGURE 7.42
Tri-state phase/frequency detector used in conjunction with charge pump-phase/frequency

detector.

a frequency synthesizer. The PFD as the name implies is also capable of detecting
frequency errors [8,9]. An edge-triggered PFD has a linear phase detection range
of £27 and is insensitive to duty cycle. The PFD is constructed with memory ele-
ments such as flip-flops. The delay element shown in the reset path is needed in order
to avoid any undetectable phase difference range. The charge pump PLL is a type 2
PLL, that is, it has two poles at the origin in its open loop transfer function. A
CP-PLL has a capture range that is only restricted by the VCO’s tuning range.
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VCO 1

Reset =0

D=1 | Don’t
Reset =1 Care

FIGURE 7.43

State diagram of a tri-state phase/frequency detector. VCO, voltage-controlled oscillator. (For
color version of this figure, the reader is referred to the online version of this book.)

The functionality of the PFD can be illustrated via a state machine as shown in
Figure 7.43 [10]. For example, the PFD output “Up” is high when the rising edge of
the reference leads that of the divided VCO output. At the output of the CP, this
phase difference between the reference and the divided VCO is translated into cur-
rent. The CP delivers charges to capacitors in the loop filter as shown in Figure 7.44.
In general, the “Up” and “Down” pulses translate into current pulses Icp in the
charge pump, which, in turn, change the voltage drop V. on the loop filter imped-
ance. Hence, as the loop filter voltage increases or decreases, the VCO frequency
and phase increase or decrease accordingly.

At this juncture, given a PLL synthesizer using a CP-based PFD, the perfor-
mance degradation due to reference spurs must be discussed. Reference spurs occur
at the output of the synthesizer at multiples of the reference frequency, that is at
Four = mFy;r,me N. The main culprit is periodic disturbances in the loop filter
voltage caused by the CP. This is due to mismatches between the positive and nega-
tive current sources in the CP. Typically, during each reference period, the PFD turns
on the positive or negative current source whenever the reference edge or divider
edges occur for a given minimum duration Tp. Both current sources are turned off
simultaneously Tp seconds after the latter of the two edges has occurred. The CP’s
output current pulse is simply the difference between the positive and negative cur-
rent pulses. A significant source of nonlinear degradation can be avoided by allow-
ing both current sources enough time to settle [11]. Having said that, however,
transient and amplitude mismatches between the two current sources are expected,
thus causing a certain error component in each CP pulse that is constant from period
to period. After filtering the DC component of constant error pulse in the PLL, the
remaining error is zero-mean periodic disturbance of the VCO’s control voltage.



420 CHAPTER 7 Frequency Synthesis and Gain Control

FIGURE 7.44
Charge pump feeding a loop filter.

This periodic disturbance is responsible for the occurrence of the reference spur.
This periodic disturbance, however, could be removed via a sample-and-hold oper-
ation conducted between the output of the loop filter and the input of the VCO as
stated in [12].

In the absence of any technique used to the remove the reference spur, the choice
of both the reference frequency F,s and the noise equivalent bandwidth of the
loop affect the power levels of the reference spurs. In order to minimize the spur
levels, the PLL’s noise equivalent bandwidth must be narrowed with respect to the
reference frequency such that the spurs are attenuated by the loop transfer function.
Conversely, the spur levels may also be minimized by increasing the reference fre-
quency well beyond the loop’s noise equivalent bandwidth.

EXAMPLE 7.5 FREQUENCY PLANNING AND SYNTHESIS FOR MULTIBAND
OFDM UWB

This example is based on the work presented in [13]. Consider a multiband (MB)
ultrawideband (UWB) device that operates in the frequency bands between 3.1 and

10.6 GHz, including the UNII band for the sake of this example, as shown in Figure 7.45.
According to Ref. [14], the signal is modulated over OFDM with instantaneous channel
bandwidth of 528 MHz. Furthermore, assume that the signal is divided into five band groups.
Furthermore, assume that the first band group centered at 3690 MHz will be used
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Band group 1 Band group 2 Band group 3 Band group 4 Band group 5
‘ group ‘ group ‘ group ‘ group 4————sq——Band group 5—
528 528
| Rl Rl | | | |
I/ Y | | | |
| |
3960 MHz 5544 MHz 7128 MHz 8712 MHz 9768 MHz

Frequency band groups for multiband—ultrawideband concerning Example 7.5.

EXAMPLE 7.5 FREQUENCY PLANNING AND SYNTHESIS FOR MULTIBAND
OFDM UWB—cont'd

exclusively by UWB whereas all other band groups are optional. In this example, the
transceiver architecture is based on direct conversion with synthesizer based on an integer-N
PLL. The switching time between bands within a band group is 9.47 ns. The bands are
spaced 528 MHz apart with center frequencies governed by the relationship:
Fe=(2904 +528n) MHz.

In order to facilitate hopping between bands, a 528 MHz tone must be made available by
the synthesizer. In the design of this synthesizer, you are constrained to use divide-by-2 and
divide-by-3 circuits only in addition to MUXs and mixers.

1. What are some of the possible VCOs that can be used by the PLL? Construct a frequency
tree. Restrict the VCO to be less than 15 GHz.

2. Choose 6.336 GHz as the VCO frequency, using the constraints above, derive the center
frequencies of the various band groups, namely: BG1-3960 MHz, BG2-5544 MHz, BG3-
7128 MHz, BG4-8712 MHz, and BG5-10296 MHz.

3. Based on the work done on the previous section, generate the rest of the center frequencies
for the remaining frequency bands.

4. Show a block diagram detailing the synthesizer architecture.

x2 528 X3
056 <. 1534 3

e 1 a
o 22 Sawd Sam_,
o Sexwd  SemZs  wuxm
s Spend”  Rygowd  Samsr Sa7es

FIGURE 7.46

Frequency tree of possible voltage-controlled oscillator frequencies up to 15 GHz. The
shaded frequencies are above 15 GHz and will not be considered. (For color version of
this figure, the reader is referred to the online version of this book.)

1. Since the 528-MHz tone must be made available from all VCO frequencies and that only
divide-by-2 and divide-by-3 circuits may be used, then the choice of the VCO frequency
Fyco must be divisible by products of 2 and 3 s. To do so, constitute all the products of 2
and 3 s of 528 MHz up to 15 GHz as shown in Figure 7.46. The shaded frequencies are
products of 528 MHz that are above 15 GHz. For example, the frequency 19.008 GHz is
the product of 528 MHz according to the relation

19,008 MHz = 3 x 6336 MHz = 3 x 3 x 2112 MHz
2x3x3x1056MHz = 2 x 2 x 3 x3 x 528 MHz

(7.101)

By the same process, an acceptable VCO frequency of 6.336 GHz is generated according to
Eqn (7.101) as 6336 MHz=2 x 2 x 3 x 528 MHz.

Continued
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EXAMPLE 7.5 FREQUENCY PLANNING AND SYNTHESIS FOR MULTIBAND
OFDM UWB—cont'd

2. First express the ratio of center frequency to VCO frequency as

F. 3960 MHz 5
Foeo  6336MHz - 005 =3 (7.102)

The center frequency of band group 1 is 3960 MHz generated using sums, differences, and
multiply-by-2 and multiply-by-3 of 528 MHz. That is, express 5/8 as the sum

Fc 3960 MHz 5 1 4 1 1

Froo  6336MHz ~ 0%2° ~ g~ 8t " 2x2x2 12
_ 1 1 _ Fveo | Fuco
Fc_<2><2><2+§>FVCO_ 8 2
oF = (1 1) 6336 MHz = 792 MHz + 3168 MHz — 3960 MHz
2x2x2 2

(7.103)

In a similar manner, in order to produce the center frequency 5544 MHz at the UNII band,
consider the ratio

F. 5544 MHz 7 1 1 1
LN 7S T
Fico 6336 MHz g8 4"2 7 100
! 11
“o2x2x22x272
Or simply
F. 5544 MHz 7 1 1 1
Fro _6336MHz ~ 0%° =g~ 87 1"3
1,1
T 2x2x2 ' 2x2'2 (7.105)
- FVCO F\/CO FVCO - 6336 MHz 6336 MHz 6336 MHz
femgnox2 2x2t 2 “2x2x2 ' 2x2 T 2
— 5544 MHz

Following the thought process presented above, we can produce the center frequency of all
the band-groups as shown in Table 7.5.

Table 7.5 Multiband-Ultrawideband Band Group Center
Frequencies and Synthesis Equations
Band Group Center Frequency Synthesis
1 3960 MHz FV% + FV%

Fvco | Fuoco | Fuco
2 5544 MHz 5 7 8
3 7128 MHz Fyco + FV%

F F

4 8712 MHz Fuco +—522 + =0
5 10296 MHz Fuco + F_V2CO + F_Vgo
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EXAMPLE 7.5 FREQUENCY PLANNING AND SYNTHESIS FOR MULTIBAND
OFDM UWB—cont'd

3. Generating the remaining frequency bands is now relatively simple. Based on the center
frequencies presented in Table 7.5, the center frequency of each may be generated by
adding or subtracting Fyco/12 =528 MHz. For example, in order to generate the fre-
quencies 3432 and 4488 MHz in band group 1, we use the synthesis equation for
3960 MHz and add or subtract 512 MHz, that is

@+% — 3960 MHz

2
=%+%—% — 3960 MHz — 528 MHz = 3432 MHz (7.106)
and %+%+% = 3960 MHz + 528 MHz = 4488 MHz

4. The block diagram detailing the synthesizer architecture is shown in Figure 7.47.

@—> . Phase/ o 6336 MHz
requency | | Charge pump Loop filter <: :

Frer detector (CP)
(PFD) VCO
528 1584 3168
AN e M2 T MHz 2 " 2 |

A

A ?
A0 é@J '
i Filter bank i 888
L o

7920 9504 3168 6336

F-528 F+528 MHz MHz MHz MHz
MHz MHz
° MUX % MUX
Control Control

#Output center
frequency

FIGURE 7.47
Ultrawideband synthesizer architecture as shown in Ref. [13].
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7.2.2 Fractional-N frequency synthesis

Unlike integer-N synthesizers, the resolution of fractional-N synthesizers is not
directly tied to the frequency reference of the loop. Their advantage over their
integer-N counterparts is in their added design flexibility. Fractional-N synthesizers
are divided into two categories: classical, which employ simple divider circuits such
as the dual modulus prescalar with possible dithering and phase interpolation to
minimize performance degradation, and AZ-based fractional-N synthesizers. We
will discuss the pros and cons of each implementation following.

7.2.2.1 Programmable digital counter

In Chapter 3, we made a passing mention of the programmable digital counter as a
divide-by-N block in order to analyze phase noise. In this section, we will address a
popular divider that can achieve a fractional division ratio. In particular, the dividing
circuit under discussion is comprised of a dual modulus prescalar with divide ratio of
P or P + 1 and programmable pulse swallowing divider where A and B are both in-
tegers as shown in Figure 7.41.” In this case, the total number of VCO cycles before
the counters return to their preset state, as explained in Example 7.6, is simply
Ntotat = (P + 1)A 4+ (B —A)P =BP +A VCO cycles resulting in an average fre-
quency divide ratio of Ny= P +A/B. Consequently, the output frequency of the syn-
thesizer is [8]

A
Four = NfFref = (P+§>Fref (7.107)

The workings of the dual modulus prescalar will be illustrated via Example 7.6 as
presented following. By way of illustration, a typical dual modulus prescalar for a
divide by 64/65 is depicted in Figure 7.48. The phase noise impact of the digital
prescalar is best understood in the time domain [14]. Noise present at the input
of the digital flip-flops or in the flip-flop circuits themselves tend to alter the trig-
gering instant of the flip-flops, thus causing time jitter. In an asynchronous divider
chain, the time jitter tends to accumulate through the chain, thus implying that the
phase noise itself accumulates. In contrast, in a synchronous divider, the last flip-
flop is mostly responsible for the output phase noise. In theory, we can relate the
jitter in the time domain to the changes in phase in the circuits according to the
relation

dr
Af = 277Fsignalvnoise_ (7.108)

dv t=trigering instant
where Fjignq is the signal frequency, vyis is the voltage noise. The derivative
in Eqn (7.108) is taken at the triggering instant. In a fractional-N synthesizer,
the power spectral density of the prescalar’s phase noise is amplified as a

SWe will expound on the “pulse swallowing” capability of the dual modulus prescalar in Example 7.6.
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FIGURE 7.48

Dual modulus prescalar with divide by 64/65 circuit [14].

function of the square of the divider ratio due to the feedback structure of the PLL,
and consequently it could have a significant impact on the synthesizer’s perfor-
mance [14].

EXAMPLE 7.6 DUAL MODULUS PRESCALAR

This is a rhetorical straightforward example that demonstrates the need for and working of the
dual modulus prescalar in a frequency synthesizer. Consider the integer-N frequency
synthesizer implemented for a system-on-a-chip (SOC) design as presented in Figure 7.49.
Assume that the reference frequency used is Fer=5 MHz. The desired frequency output of
the synthesizer is at the ISM band or 2.4 GH to be in a ZigBee application.

Ferp

- Fout
. Phase/frequency Charge pump )
( :) 1 =R detector (PFD) [ ™| (CP) »| Loopfilter >

Fret VCO

Programmable + N
Nel

FIGURE 7.49
Basic integer-N frequency synthesizer.

Continued
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EXAMPLE 7.6 DUAL MODULUS PRESCALAR—cont’d

1. Determine the reference divider ratio R and the programmable counter value N in order to
obtain a channel spacing of 5 MHz. Determine R and N. The chip is designed in 1.8 V
0.18 um epi-digital CMOS. The programmable counter is designed in both CMOS and
power-consuming current mode logic (CML).

2. Next, assume that for some unknown reason the requirement for the frequency resolution is
10 KHz instead of 1 MHz and the reference frequency used is Frer= 33.33 MHz instead of
5 MHz. Determine R, N, and b the required number of bits to represent N. Given the high
input VCO frequency to the counter implies the need for a fixed first divider <+ P in the
feedback path as shown in Figure 7.50. What is the implication of using a fixed divider on
the minimum resolution or channel spacing of the synthesizer?

3. A dual modulus prescalar, shown in Figure 7.51, is a counter with two division ratios that
can be switched spontaneously via a control signal during the operation of the synthesizer
[15]. The intent of the dual modulus prescalar is to preserve the desired channel spacing
while preserving the benefit of using a prescalar. In Figure 7.51, assume that B > A and
that both A and B are down counters. The output of each counter is high, except when it
reaches O and then it is low. No underflow below O is allowed. When the + B counter
reaches O, both counters are reloaded to their preset values. Starting from fully loaded

Ferp

i Fout
. Phase/frequency Charge pump ]
@—’ +R detector (PFD) [ " (CP) —{ Loop filter

Fror =)

+N Programmable | =P
counter Prescalar

A
A

FIGURE 7.50

Frequency synthesizer with prescalar in the feedback path.

@‘. Phase/

frequency Charge pump )

Fref detector | | (CP) > Loop filter )
(PFD) Neg Fout

- +B Programmable
counter

+4 Programmable

counter If low then use P
if high use P+1

=P/P+1
Dual modulus | 4
prescalar

FIGURE 7.51

Frequency synthesizer with dual-modulus prescalar in the feedback path.
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EXAMPLE 7.6 DUAL MODULUS PRESCALAR—cont’d

counters, determine the number of VCO cycles until the same logic state is reached.
Express the output frequency in terms Frr. Note that in part of the example, we have
removed reference frequency divider =+ R. Explain why the dual modulus prescalar
overcomes the limitation on the frequency resolution seen with the fixed prescalar
architecture.

In order to obtain the desired frequency resolution of Fprp of 5 MHz, the reference
signal must be divided down by R in order to obtain the input signal to the frequency
detector. This signal is compared against the output signal of the synthesizer with
frequency F,,t divided down by N and then compared with the input signal to the PLL. That

is, it is desired that steady state frequency of the divided VCO output I?pFD = Fout/Nis
equal to Fpgp or

_r Frer _ Fout _
Ferp = Fprp= PN - 5 MHz
or
_ Frer _ 5 MHz _ (7.109)
FPFD 5 MHz
 Fut  24GHz
N = /? ~ B5MHz 480
PFD

In this implementation there is no need for a reference divider. On the other hand, the
number of bits required to implement the programmable counter is simply [15]

b = [logs(N)] = [log,(480)] = [8.9] = 9 bits (7.110)

where [x] = ceiling(x).

The input to the frequency divider is the output of the VCO that is 2.4 GHz. At such a
high input frequency, the programmable counter is typically split into two sections. The
first section of the programmable counter may be implemented in CML to bring the
frequency down to a level manageable by CMOS for low frequency division. Note that the
power consumption of CML is higher than that of CMOS, however, it has a higher operating
frequency [16]. The programmable counter can be designed using two divide by 2/3 cells
implemented in CML and six divide by 2/3 cells implemented in CMOS [17]. A divide by
2/3 topology using L cells implies that the output signal time period Y 4j,_o,+ Can be
expressed in the input signal time period Y 4;,_;, according to the relation

Yaiv—out = (ZL +2 + 20, +l’1>Ydiv—m (7.111)

where p, le {1,---L} is a control bit. When p;is “high” or 1, the fth divide by 2/3 cell divides the
input frequency by 3. In contrast, when p; is “low” or O the fth divide by 2/3 cell divides the
input frequency by 2.

Next, we address the second part of the question and compute Rand N in the same manner
shown previously. In this case,

FPFD = ,IL:PFD:E = @ = 10 KHz

R N (7.112)

Continued

427
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EXAMPLE 7.6 DUAL MODULUS PRESCALAR—cont’d

This implies that the reference divider ratio and the value of the divided by N counter are:

p_ Frr _ 33333 MHz
FPFD 10 KHz
Fout 2.4 GHz
Forp  LOKHz

=3334

(7.113)
N =

— 240,000

The number of bits required to implement the counter in the feedback loop is simply
b = [logo(N)] = [log>(240,000)] = [17.8726] = 18 bits (7.114)

Again, the divide by N block cannot be fully programmable at 2.4 GHz for an 18-bit counter
due to the limited speed of CMOS devices. In this case, a prescalar in the form of a fixed
counter is used to precede the programmable counter. However, using a fixed counter im-
pacts the resolution or channel spacing achieved by the synthesizer. In other words, ac-
cording to Figure 7.50, the modified relationship analogous to Eqn (7.112) is

Fref Fout N(PFref)
R = ﬁzﬁm =—7% (7.115)
~~ ~~

programmable  fixed

The fixed prescalar factor in Eqn (7.115) implies that the frequency resolution is no longer
10 KHz but rather P x 10 KHz. That is, it is no longer possible to generate frequencies at the
output of the VCO at multiples of 10 KHz. In order to overcome this limitation, a dual-
modulus prescalar is typically used.

Next, we turn our attention to the third and final part of this problem. According to
Figure 7.51, both A and =+ B counters start to count down, but since A < B, the
-+ A counter will reach O first and its output will go low. That is, for A-instances, the prescalar
=+ P/P+ 1 will be in = P+ 1 mode for a total of (P+ 1)AVCO cycle before the output of the +-A
counter goes low. At this point, there remain a total of (B — A)PVCO cycles before both the +~A
and = B counters reset to their maximum count values. During the transition between ~P+ 1
and =+ P operation of the dual modulus prescalar, one pulse is removed and is said to be
swallowed, hence the terminology of a swallowing divider. So the total number of VCO cycles
before the + A and =+ B counters return to the same logic state is

Nrota = (P+ 1)A+ (B— AP = BP+ A (7.116)

According to Eqn (7.116), the output frequency of the VCO is no longer a simple multiple
of Frerand P as was the case with the fixed prescalar but rather a multiple of Fyeras it will
become more obvious in the ensuing discussion. The fractional divide ration is then
somewhere between Pand P+ 1. More precisely, the average divide ratio, taken over B
reference periods, can be expressed as
Nrotal A

A
5 = P+E, Ogggl, A, BeN (7.117)

The integer Bis generally referred to as the fractional modulus and the ratio 1/B is referred
to as the fractionality of the synthesizer. The fractional modulus is chosen such that the
channel spacing is simply the ratio

Nf =

Channel spacing2 Fprp = % (7.118)
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EXAMPLE 7.6 DUAL MODULUS PRESCALAR—cont’d

The frequency Fr.#B is also known as the beat-note. The frequency at the output of the
VCO can then be expressed in terms of the input frequency simply as

A
Fout = NeFrer = <P+§>Fref (7.119)

Now recall that the limitation on <A and =+ Bis such that Ac {0, 1, ---Amax}, that is, Acan
be any number between O and Amax, and B > A implies that the minimum value for Egn
(7.116) is simply

NTota/‘min = BP (7.120)
and
B > Amax Of Bmin = Amax (7.121)

Furthermore, the relationship in Eqn (7.116) implies that the values that the <+ A counter
can take are bounded by P or

Ae{0,1,-P—-1}=Anax = P—1=Bn, = P-1 (7.122)
By way of an example, assume that the prescalar is one of the ratios 9/10 or 16/17. In this
case, the smallest realizable division ratios are
P = 9: Nrstaimin = BminP = (P—1)P = 8x9 = 992
P = 16: Nrotamin = BminP = (P—1)P = 15 x 16 = 240
In certain scenarios where the application requires an extended frequency range of the
synthesizer, the designer may resort to a quad-modulus prescalar, for example.

(7.123)

“In order to best illustrate the workings of the dual modulus prescalar, we have allowed the relationship between the
integers A and B to be such that BAA. In practice, however, a fractional-/N synthesizer invariably implies that B > A.

7.2.2.2 Spurs in dual modulus fractional-N frequency synthesizers

As mentioned in the introduction of this section, and according to Figure 7.51, frac-
tional spurs in the PLL occur at multiples of the beat-note frequency, resulting in
sidebands around the output frequency of the PLL. Theoretically, the spurs that
are most troublesome are the ones that are closest to the channel spacing F,./B.
Typically, the power of a fractional spur is large if it is located within the loop noise
equivalent bandwidth. Fractional spurs with frequencies higher than the loop band-
width are attenuated by the loop filter. Hence, the power of a fractional spur can be
reduced simply by reducing the loop bandwidth. On the other hand, a fractional spur
may be reduced by choosing a high enough frequency reference F.r such that the
spurs occur outside of the loop bandwidth. Therefore, the choice of the loop band-
width, the reference frequency, and the synthesizer resolution somewhat dictate the
level of suppression of the fractional spurs.

By way of illustration, consider a fractional-N PLL operating in the range
2.11—2.155 GHz. The channel spacing is 1.4 MHz. Assume that the reference fre-
quency is 40 MHz and the loop bandwidth is 20 KHz. The first five fractional spurs
shown in Figure 7.52 are enumerated versus their respective amplitudes as shown in
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Loop bandwidth = 20 KHz, Reference = 40 MHz
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FIGURE 7.52

Spurs of a fractional-N synthesizer with 40-MHz reference frequency and 20-KHz loop
bandwidth. (For color version of this figure, the reader is referred to the online version of this
book.)

Table 7.6. Keeping the reference frequency at 40 MHz but increasing the loop band-
width from 20 to 50 KHz, as depicted in Figure 7.53, increases the amplitude of the
spurs across the board as can be deduced from Table 7.6. Naturally, the spur loca-
tions remained the same since the reference frequency and the divide ratio stayed
the same. Next, we compare the spurs due to two reference frequencies, namely
18 and 40 MHz using the same PLL. The first apparent observation is that the loca-
tions of the fractional spurs have changed due to the change in the reference fre-
quency as noted in Figure 7.54 and enumerated in Table 7.7. Furthermore, note
that decreasing the frequency reference from 40 to 18 MHz while maintaining the
same loop bandwidth of 20 KHz shows that the level of the various fractional spurs
is higher due to decreased attenuation by the PLL’s lowpass transfer function.
Next we focus our attention on the generation mechanism of the fractional spurs
and on the various ways by which they could be minimized. In this analysis, we will
follow the approach taken in Ref. [18]. According to Eqn (7.117), the dual modulus

Table 7.6 Spurs of a Fractional-N PLL Using Loop Bandwidths of 20
and 50 KHz, Respectively, and Employing a 40-MHz Reference

Frequency Loop Bandwidth = 20 KHz, Loop Bandwidth = 50 KHz,
Frequency Reference = Frequency Reference =
40 MHz Spur Level (dBc) 40 MHz Spur Level (dBc)
100 KHz -65.3 —49.6
200 KHz -79.2 —-61.2
300 KHz —88.3 —68.8
400 KHz —95.1 —-74.5

500 KHz —101 —-79.2
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Loop bandwidth = 50 KHz, Reference = 40 MHz
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FIGURE 7.53

Spurs of a fractional-N synthesizer with 40-MHz reference frequency and 50-KHz loop
bandwidth. Note that the amplitudes of the spurs are higher than those shown in Figure 7.52.
(For color version of this figure, the reader is referred to the online version of this book.)

prescalar sets the divide ratio to P for A reference periods and to P+ 1 for B—A
reference periods, thus resulting in Ny as the fractional divide ratio. Although Ny is
the correct fractional divide ratio on the average, the instantaneous divide ratio is
typically in error. The resulting phase error sequence is periodic and repeats itself
every B-cycles. The spurs contained in the output signal of the phase detector are
all harmonics of the beat-note with the dominant spurs being F,./B and (A/B)F .
The spurs manifest themselves as discrete tones in the PLL’s output spectrum. Dur-
ing steady state, the phase difference between the reference signal and the divided
VCO signal implies that in theory

1 Ny

Frejf Four

=0 (7.124)

Loop bandwidth = 20 KHz, Reference = 18 MHz
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FIGURE 7.54

Spurs of a fractional-N synthesizer with 18-MHz reference frequency and 20-KHz loop
bandwidth. (For color version of this figure, the reader is referred to the online version of this
book.)
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Table 7.7 Spurs of a Fractional-N PLL Using a Loop Bandwidth of 20 KHz

and Frequency References of 40 and 18 MHz, Respectively

Frequency Loop Bandwidth = 20 KHz, Frequency Loop Bandwidth = 20 KHz,
Frequency Reference = 40 MHz Frequency Reference = 18 MHz
Spur Level (dBc) Spur Level (dBc)

100 KHz —65.3 33.3KHz —47.2

200 KHz —79.2 66.7 KHz —-58

300 KHz —88.3 100 KHz —65.3

400 KHz —95.1 133 KHz —70.9

500 KHz —101 167 KHz —75.4

Consequently, the instantaneous phase error accumulating each cycle can be
expressed in the form

AB(n) = AG(n —1) +277me( 1 P+gq(n)

, qn)e{0,1}Vn =1,---B
e ) 40,1}

(7.125)

where g(n) is a sequence of 0’s and 1’s comprised of A 1’s and B — A 0’s. Substitut-
ing the value of F,,,; according to Eqn (7.119), the relationship in Eqn (7.125) can be
further expressed as

Py
B (7.126)

AO(n) = AO(n— 1) +zw<f%f(:)>

A0() = A0(n — 1) m(l m)

At this point, it is instructive to examine the sequence ¢g(n) for the dual
modulus prescalar over B instances. By the very nature of the dual modulus presca-
lar, all the 0’s and 1’s are grouped together as shown in Figure 7.55. For
simplicity’s sake, let A@(0) =0, then the resulting phase error over the next
B instances is a discrete sawtooth as shown in Figure 7.56. The maximum ampli-
tude and frequency of said waveform depend on the allocation of 0’s and 1’s in
g(n). When the 0’s and 1’s are grouped together as is the case of dual modulus
prescalar, the maximum amplitude of the sawtooth is large with dominant beat
spectra of Fy.4/B and (A/B)F,.s. In Ref. [10], Egan presents an accumulator tech-
nique wherein the 0’s and 1’s of g(n) are distributed evenly as shown in Figure 7.55.
Consequently, the resulting phase error sequence is comprised of a sawtooth wave-
form whose maximum amplitude is smaller than that produced by the dual
modulus prescalar.

Finally, in order to determine the spectral content of the signal at the output of the
CP, we examine the continuous-time current pulse Icp(#). According to Ref. [ 18], CP
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FIGURE 7.55

The sequence g(n) for B =20 for the dual modulus prescalar and accumulator method
discussed in Ref. [10].

output current is a pulse width modulated signal whose duty cycle is in accordance
with the relative phase error:

B
Icp(t) = 27Ky Z [u (I — an> — M(l‘ — (an + ZA:IE‘n;>>:| (7.127)

n=1
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FIGURE 7.56

Phase error sequences due to dual modulus prescalar and accumulator method discussed in
Ref. [10].
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where K is the CP gain in amperes/27 radians and u(?) is the step function defined
simply as

0 t<0
u(t) = {1 otherwise (7.128)

The spectrum of Eqn (7.127) is made up of spurs comprised of harmonics of the
beat-tone F,./B. The amplitude of the kth harmonic can be obtained as the magni-
tude of the complex Fourier series coefficient:

Af(n)

n/Frp+ 27

F B o Frf
Icpx = 27Ky lr;f Z eI Ek gy (7.129)

n=1

n/Fyy

The integral in Eqn (7.129) can be evaluated, thus resulting in a more simplified
expression of Icpy

n
F B k|1
PR S Y P L
n=1

Frey 2 I\ om M —e 2M
= 27Ky —e -
B nz::l n 2j
R " Af(n)
= 27K, ﬁ 2" B M sin Aﬁ(n)k
B 4~ |n 2M

(7.130)

The relationship in Eqn (7.130) can be used to obtain the various levels of the frac-
tional spurs seen at the output of the CP block.

7.2.2.3 AX fractional-N frequency synthesizer

Embedding a AS modulator in the divider circuit of the feedback of a fractional-N
PLL is a technique that randomizes the division ratio, which, in turn, suppresses the
fractional spurs and increases both the resolution and bandwidth of the synthesizer at
the expense of increased phase noise [19]. In this implementation, the frequency di-
vision modulus changes once every reference cycle by an integer sequence y(n)
where n in this case is the index of the number of reference cycles [20]. In most com-
mon implementations, y(n) is generated by quantizing a certain digital constant oc.
Recall from Chapter 6 that for a second order AS modulator, for example, as shown
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in Figure 7.57, the error signal e,(n) is related to the input x(n) =« and the output
y(n) according to the relation

y(n) = a+e4(n) —2e4(n—1)+e4(n —2)

- - 7.131
(@) = at (1-27" +22)E,(2) (7.131)
where the error sequence e,(.) has been shaped by the highpass function
NTF(z) = 1 =27 4772 (7.132)

For a “white-quantization distributed” error sequence e,(n), the resulting error is
shaped by the highpass transfer function NTF(z). In steady state, the VCO frequency
is a multiple of the average division ratio P + y(n), namely

Fout = (P+y(n))Fref (7.133)

This implies that the divided output frequency of the VCO F,,,/(P + y(n)) is equal to
the input reference frequency Fi.ronly on average. The instantaneous error can be
expressed according to Eqn (7.133) as

Instantaneous frequency error = F.f [y(n) — « (7.134)

n designates the instant nT]

As in the case of the dual modulus fractional-N PLL discussed previously, the
highpass-shaped frequency error is lowpass filtered by the loop filter, which sup-
presses the high frequency content of the input signal as it presents its output to
the VCO. Therefore, lowering the bandwidth of the loop filter will automatically
imply lowering the phase noise of the AZ-PLL synthesizer. It turns out that the res-
olution of this type of fractional-N synthesizer is limited only by the resolution of the

Frer detector (PFD) (CP)

Fout
i : Phase/frequency L, Charge pump Loop filter @_‘
VCO

Frequency divider
P+y(n)

4

y(n):a+eq(n)72eq(n71)+eq(1172)

Second order
TA

FIGURE 7.57

Fractional-N phase-locked loop employing second order A modulator.
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A modulator. Although it is beyond the scope of this text, AZ fractional-N synthe-
sizers have been used effectively in the implementation of polar transmitters by
replacing the digital constant-input to the PLL« by a slowly varying digital-phase
sequence m(n) representing the transmitted data sequence, thus improving the effi-
ciency of the power amplifiers and lowering the power consumption of the overall
wireless transmitter. This is true provided that the data sequence m(n) has signifi-
cantly lower bandwidth than the PLL itself.

There are some challenges that limit the utility of the AZ-PLL synthesizer,
namely the impact of quantization noise on phase noise performance as well as
the spurs present due to the output of the oversampled modulator itself. For a small
o, the spurs occur within the passband of the loop filter and hence experience very
little, if any, suppression by it. The quantization noise itself may fold in and cause a
significant increase in close-in phase noise at the output of the synthesizer. A further
source of errors is due to modulus-dependent divider delays [20]. The delay itself
depends on the value of y(n) and occurs during the (n 4 1)th reference cycle where
the rising edge generated by the divider circuit happens a certain delay after
(N 4+ y(n)) VCO cycles [21].

The quantization noise due to the AY modulator can be mapped to PLL’s output
phase noise. The phase noise due to the divider is given according to Chapter 6 and
Ref. [22] as’:

F, ref

—_— 2
P x F/F rad”/Hz (7.135)

F; is the sampling frequency

Suviar(F) = mwm)z

where root mean square spectral density of the modulator’s quantization noise is
given as

Saz(F) =

NTF (d’z”%) ( (7.136)

F, is the sampling frequency

1
V12F o

In a similar manner, according to Chapter 7, for an Lth-order MASH modulator, the
quantization noise due to the divider is

Fro wF Lo
Suivider(F) = ——2 (2 sin| ———— d’/H 7.137
lelder( ) (P X F/Fs)< s1n<}7r9f X Fs>> ra / Z ( )

At the output of the synthesizer, the phase noise due to the divider circuit is shaped
by the loop’s transfer function or

Soutput(F) = Saivider(F)|H(F)|*rad’ /Hz (7.138)

The notation for the AS modulator has slightly changed from that of Chapter 4 in order to stay consis-
tent with the notation of this chapter.
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Within the passband of the loop’s transfer function, the close-in phase noise due to
the divider can be approximated according to the relationship in Eqn (7.138) as
Ref. [19]

Soutput(F) = P*Saiviger(F)rad® /Hz (7.139)

Again, the major advantage of using a AZ modulator in the feedback of a fractional-
N frequency synthesizer versus a dual modulus prescalar is suppression of the frac-
tional spurs. Various AX modulator topologies may be used to design the divider
circuits as long as the design is appropriate for high frequency operation and exhibits
stable DC-input ranges that meet the performance requirements of the intended
application.
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The choice of receiver architecture is dictated mainly by six high-level parameters:
performance, implementation complexity, size, number of external components, po-
wer consumption, and cost [1]. The relative importance of each of these parameters,
albeit some go hand and hand, has varied over the years depending on IC technology
and the underlying wireless application. From a signal processing perspective,
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the receiver can be thought of as a system divided into the following subsystems:
antenna, analog front-end, analog intermediate frequency (IF) and baseband, data
conversion, frequency generation, and digital baseband. In the receiver, the antenna
is a transducer system that transfers electromagnetic energy into electrical or mag-
netic energy (see Chapter 1.) The antenna’s gain, directivity, frequency bands of
operation, and the antenna’s form factor are some of the key parameters defining
its performance. The analog front-end is comprised of filters, amplifiers, switches,
and mixers. It plays a key role in setting the receiver’s sensitivity and linearity.
The analog baseband is also comprised of filters and gain stages. The channel selec-
tivity and interference mitigation are predominantly set by the analog low-pass or IF
filters. The impact of phase noise on the receiver performance becomes apparent at
this stage. The analog baseband is followed by the data conversion subsystem. In
Chapter 6, two types of analog-to-digital conversion schemes were discussed:
Nyquist converters and oversampling converters. The parameters of interest, at
this stage, range from converter resolution and sampling rate to converter nonline-
arity, and jitter performance. The frequency conversion block is designed with a
certain frequency plan in mind to facilitate the down-conversion (or up-
conversion) of signals from radio frequency (RF) to baseband or RF to IF. In Chapter
7, frequency generation was discussed in some detail. Finally, the last block is the
digital portion of the receiver where the signal after analog-to-digital conversion
is demodulated and synchronization is performed. At this stage, the signal may un-
dergo further equalization and decoding before the data packets are sent to MAC and
higher link layers.

This chapter is divided into five sections. Sections 8.1—8.3 discuss the three most
common wireless receiver architectures: direct-conversion, superheterodyne, and
low IF. Section 8.4 addresses the typical driving requirements of a wireless receiver
and how they impact a certain architecture. Section 5 contains some appendices.

8.1 Direct-conversion receiver

The intent of this section is to present an overview of the direct-conversion or zero-
IF receiver' architecture depicted in Figure 8.1. This receiver architecture is by far
the most common architecture used in low-power applications due to its simplicity
and scalability. In the coming sections, we will review the signal flow through the
various stages of the receiver and discuss the architecture’s pros and cons.

8.1.1 The direct conversion architecture

Zero IF implies that the image frequency matches the frequency of the desired
received signal. Direct-conversion receivers, unlike superheterodyne receivers,

"In this chapter, zero-IF and direct-conversion will be used interchangeably.
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FIGURE 8.1

The conceptual direct-conversion receiver.

for example, do not require image rejection, thus avoiding the use of high-Q
external image-reject filters. The architecture itself is simple, with very low
component count and good performance. It is particularly suitable for broadband
signals with moderate performance specifications, high integration, and multi-
band multistandard operation. Nonetheless, the architecture has certain con-
straints and disadvantages with varying impact on design and performance
that the system and circuit designers must be aware of. Until recently, these lim-
itations kept the direct-conversion architecture lagging behind the superhetero-
dyne architecture [2].

In Figure 8.1, the signal impinging on the antenna is filtered by a bandpass fil-
ter, typically known as the band-definition filter (BDF). The intent of this filter is to
band limit the signal and noise received to within the desired frequency band of
operation. Furthermore, the BDF will protect the receiver front end from signals
and spurs occurring outside of its band and prevent the circuits from saturation
in the presence of a strong out-of-band signal. The incoming signal is then ampli-
fied by the low noise amplifier (LNA), which in turn ensures a low system noise
figure required for proper demodulation of the desired signal, especially near sensi-
tivity. The signal at this point is at RF and can be expressed simply as”

S(t) +N(t) = I(t)cos(2mF .t + 0(1)) + Q(¢)sin(2wFt + 6(¢)) + N(r)  (8.1)

S(1)

This is one of two alternate representations where the quadrature component is added to the in-phase
component. However, the most common representation is the one where the quadrature component is
subtracted from the in-phase component, thus representing the real component of the transmit signal.
We chose the former for simplicity.
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where F, is the carrier frequency, 0(¢) is the general phase difference between the
transmitter and the receiver modulators.” The signals I(f) and Q(¢) are the in-
phase and quadrature (IQ) terms, and N(?) is an all-encompassing noise or nonde-
sired signal term. The signal is then down-converted to baseband by the mixer.
That is, if we consider the signal-only portion of Eqn (8.1) S(#) and mix it down
to baseband, we obtain the in-phase component

1(t) = S(t)cos(2mF.t)
cos(2wF.t)[I(t)cos(2mF .t + 6(t)) + Q(1)sin(2wF .t + 6(1))]
I(t)cos(2mF t)cos(2mFt + 6(1)) + Q(t)cos(2mF t)sin(2nF .t + 6(t))

S1(0)[cos(0(0)) + cos(dnE et + 0(1)]

+=0()[sin(0(z)) + sin(4wF.t + 0(1))]

N =

(8.2)
The quadrature component can be obtained in a likewise manner as
0(t) = S(t)sin(2Ft)
sin(2wF.t)[I(t)cos(2nFct + 0(t)) + Q(¢)sin(2wF 1 + 6(t)))
(t)sin(2wF t)cos(2mF .t + 0(t)) + O(¢)sin(2wFt)sin(2wF .t + 6(t))

|
~

1(1)[sin(8(¢)) + sin(4nF.t + 6(¢))]

| —

O(1)[cos(6(t)) — cos(4mF.t + 6(1))]

_|_

1
2

(8.3)
The 1Q signals undergo further filtering via two lowpass filters. The purpose of
these filters is twofold: first, to filter any undesired signals or interferers within
the band that originate outside the receiver or from within the receiver itself;
and second, to filter out the high frequency components of Eqn (8.8). That is,
after filtering, the ideal IQ components, ignoring the effects of the amplifiers,
become

i(1) = 3 1(1)cos(0(1)) + 5 Q(1)sin(6(1)
8.4)
01) = S 1(1)sin(#(s)) + 5 Q(1)eos(6(1)

3In order to simply illustrate the workings of the direct-conversion receiver, the received signal as well
as the receiver itself are assumed to be ideal.
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In the event where 6(¢) is negligible, then cos(6(f)) = 1 and sin(6(r)) = 0 and the
relationship in Eqn (8.5) can be further simplified as

i(r) = = 1(r)cos(6(r))

N —

) | (8.5)
0(r) = 5 Q(1)cos(01(1)

Of course, throughout this discussion we ignored the effect of nonidealities for the
sake of simplifying the analysis and illustration of the working of the receiver.

8.1.2 Receiver performance

In this section, the pros and cons of the direct-conversion receiver architecture and
its overall performance will be discussed.

8.1.2.1 Advantages of direct-conversion receiver

As mentioned earlier, the main attraction of the direct-conversion architecture for
wireless devices is its low cost, small size, and low power consumption. In terms
of component counts, it uses the smallest number of external components as
compared to superheterodyne or low IF. The signal is mixed directly from RF to
baseband. In most cases, this architecture requires very high-Q voltage-controlled
oscillators (VCOs). The use of a single LO to perform the signal down-
conversion limits the degradation due to phase noise compared to architectures
that employ dual or triple down-conversion. The local oscillator (LO) itself has
quadrature outputs for proper modulation (transmit) and demodulation (receive).
Compared to the superheterodyne architecture that requires a mixer to down-
convert the signal from RF to IF followed by other mixers that mix the signal to
baseband, direct conversion requires only a quadrature mixer with very high line-
arity that mixes the signal from RF to baseband. The high linearity requirement is
put in place in order to minimize the distortion impacting the signal due to the mixer
and the LNA. Both mixer and LNA are exposed to the wide RF spectrum of the band
definition filter whose bandwidth is as wide as the signaling band. The linearity
requirement for the mixer could be alleviated by providing additional filtering before
the mixer. Unlike the superheterodyne and low-IF architectures, the direct-
conversion architecture does not suffer from image rejection since the desired signal
is down-converted directly from RF to baseband. Consequently, no image reject fil-
ter is needed and the LNA does not need to drive a 50 Q load as is the case, for
example, with the superheterodyne architecture.

Following the mixer, and in the event where the architecture requires the use of a
premixer filter, the signal is further amplified by a postmixer amplifier (not shown in
Figure 8.1). In practice, this filter is needed to lessen the impact of out-of-band
blockers and interferers in order to prevent the desensitization of the received signal.
The quadrature mixers are followed by integrated monolithic lowpass filters with
varying complexity depending on the desired performance of the receiver. The filters
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are followed by amplifiers, most likely voltage gain amplifiers (VGAs), and two
analog-to-digital converters (ADCs) for the IQ components. Although direct-
conversion receivers require two ADCs, both converters require slower clocks and
lower resolution and number of bits than say a single ADC performing bandpass
sampling operating at IF as is the case of the superheterodyne IF-sampling receiver.
The power consumption for both converters, in most cases, is also lower than a sin-
gle ADC performing bandpass sampling at IF.

8.1.2.2 Disadvantages of direct conversion receiver

Direct-conversion receivers suffer from various sources of degradations chief
amongst them are DC signals due to self-mixing, IQ imbalance, second-order
nonlinearity, and flicker noise. We will address each of these sources of degradation
individually.

8.1.2.2.1 LO leakage, large blockers, and DC-offset signals

The LO signal may be radiated or conducted inadvertently through any number of
paths to the mixer’s RF input port as shown in Figure 8.2. The LO signal mixes
with itself to produce an unwanted DC signal (or DC offset) at baseband. In certain
designs, the signal may even reach the input of the LNA, get amplified and then self-
mix down to baseband. This may particularly be true in a design where the LNA,
mixer, and LO are all integrated on the same substrate. In this case, substrate
coupling, bond-wire radiation, ground bounce, and capacitive and magnetic
coupling are all mechanisms that lead to poor isolation.

LO self-mixing can be explained mathematically as follows. Assume that the LO
signal is expressed as LOj(t) = ycos(Q,t) for the in-phase component and LOg(?) =
ysin(€Q.t) for the quadrature component where v is the amplitude. After the LO
leakage signal gets amplified by the LNA, its amplitude and phase characteristics
undergo a certain variation resulting in the signal LOjeqkaq¢(f) = gc0s(Q.t + 0) where

ADC [—
1@
X c
. _EI_
BandpassC - o®
filter
LO leakage ADC  |—
FIGURE 8.2

Effect of LO leakage on direct-conversion receiver performance.



8.1 Direct-conversion receiver 445

g is the amplitude and o is the phase of the LO leakage signal. Basically, after mixing
the LO signal with a phase and amplitude modified version of itself, we obtain the IQ
components at the output of the quadrature mixer as

LOjeakage(t)LO; (1) = g cos(Qct + 0)y cos(Qct) = ==[cos(2Q.1 + 6) + cos(0)]

8Y
2
LOjeakage () LOg(1) = g cos(Qct + 0)y cos(Qct) = % [sin(2Q.t + &) + sin(d)]
(8.6)

Once the signals pass through the baseband filters, the high frequency components
are removed and the resulting DC signals ensue:

8Y
LOleakage (t)LOI(t)| filtered by = hQ? COS(&)
hy(t)
gy . (8.7)
LOneakage (NLOQ(1)| fiyereq vy = 1510 (0)

ho(t)

where #; and hp are the respective DC gains of the IQ baseband filters /y(.)
and hg(.). With the exception of 6 = 7/4, the DC offset values on the IQ component
ADC:s are different.

Similarly, a strong blocker or interferer, compared to the desired signal,
impinging on the antenna undergoes amplification by the LNA, and then due to
poor forward isolation couples onto the LO and mixes itself to baseband as illus-
trated in Figure 8.3. Another possible degradation, of lesser impact, occurs when
a certain amount of LO power due to poor reverse isolation propagates through

] ADC (——
Poor isolatio\;{\\-f__ i([)
~_ [~
— Rx PLL
— | X > —
Bandpass } Q)
filter
Strong ADC (—»
interferer
©
FIGURE 8.3

Impact of strong interferer or blocker on direct-conversion receiver performance.



446 CHAPTER 8 Receiver Architectures

the antenna. The signal travels through the mixer, LNA, unattenuated by the band-
pass filters, and finally radiates through the antenna causing interference to close-by
receivers operating in the same band.

8.1.2.2.2 Even order nonlinearity and DC-offset signals

Even order nonlinearity was discussed in some detail in Chapter 4. It was shown that
a signal that undergoes any second order nonlinearity distortion will generate a
signal at DC. For example, if the signal the input signal is x(f) = A(f)cos(Q.f), where
A(?) is the information bearing signal, undergoes a second order nonlinearity such
that y(¢) = B1x(¢) + Box*(1), then the output signal has a signal component at DC
according to the relation

y(t) = B1x(t) +62x2(t)|x(t):A(Z)c0S(QLJ) = B1A(t)cos(Qc1) +62A2(t)cosz(§2ct)

linear term non—linear term
1 1
= B1A(t)cos(Qct) + 5 B,A%(1) + 3 B8,A%(t)cos(2Q 1)
—— —
linear term DC term Modulated second harmonic term
(8.8)

The modulated signal at DC or baseband Az(t) has twice the bandwidth as the
signal A(¢). The DC component may be caused by even order linearity occurring
primarily at the mixer output or in any of the analog blocks at baseband. As
mentioned in Chapter 4, the second order nonlinearity in the mixer is characterized
by the input-referred second order intercept point (IIP2) and its corresponding sec-
ond order intermodulation product (IM2) where the power of the former is related
to the power of the latter as Py, 4 = 2P; apm — Piip2,apm- Degradation due to sec-
ond order nonlinearity can be significantly reduced by employing a balanced
mixer. Recall that there are three classifications of mixers: unbalanced, single-
balanced, and double-balanced. The difference between balanced and unbalanced
is the latter’s superior port-to-port isolation. Thus far, these offsets are known time-
varying DC offsets. There are also static DC offsets caused by process mismatch
and drift of analog circuitry that simply vary with temperature and current gain
setting. A suite of DC-offset compensation algorithms is presented in
Section 8.5.1.

8.1.2.2.3 1Q imbalance

According to Figure 8.1, quadrature down-conversion is used to mix the signal down
from RF to baseband. As discussed earlier, the signal is split into an in-phase compo-
nent and a quadrature component. The “splitting” is achieved by phase shifting the
LO output or RF signal by 90° in the quadrature arm. In practice, the phase-shifting
process may not exactly be 90° thus causing a phase imbalance between the IQ com-
ponents. Variations in amplitudes between the IQ signal result in amplitude imbal-
ance, further corrupting the incoming signal.
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To further understand IQ imbalance, consider the received signal

S(t) = I(t)cos(Qct) + O(#)sin(Qct) (8.9)

The IQ components are added instead of subtracted to simplify the mathematics.
Furthermore, consider the LO outputs mixing the signal at the IQ paths

LO;(t) = 2(1 — a)cos <Qct - g)
(8.10)

LOg(t) = 2(1+ a)sin(Qct—Fg)

In Eqn (8.10), « is the amplitude imbalance and 6 is the phase imbalance, and the
factor of 2 is used to simplify the math. The input of the in-phase component to
the ADCs can then be expressed as

0
S(t)LOy (1) = 2(1 — a)cos <Qct - E) {I(t)cos(Qct) + O(¢)sin(Qcr)}  (8.11)
Expanding the relationship in Eqn (8.11), we obtain

S(HLOs (1) = 2(1 — a){]([)cos(ch)Cos <Qct - g) + Q(1)sin(Qc1)cos <Qct — g) }

_ M {I(t)cos (ZQCt - g) + I(t)cos (g)
+ O(t)sin (ZQct - g) + Q(t)sin (g) }

After filtering, the terms that occur at twice the carrier frequency are considerably
attenuated, and hence their impact on the demodulated baseband signal is negligible.
Hence, the relationship in Eqn (8.12) becomes

(8.12)

() = SOLONE) = (1 — a){l(t)cos @ + O(t)sin @} (8.13)

In a similar manner, the product due to mixing the received signal with the LO quad-
rature component is

S(t)LOg(t) = 2(1 + «)sin <Qct + g) {I(t)cos(Qct) + Q(#)sin(Qc)}  (8.14)
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Further expansion of the relationship in Eqn (8.14) implies

S(LOg(1) = 2(1 + a){l (1)cos(Qct)sin <Q 1+ 0> + Q(1)sin(Qcr)sin (Q"t * g) }

= w{ (¢ )sm(ZQ t+§> +1(t)sin(g>
+ O(t)cos (29 1+ 6) + Q(t)cos (g) }
(8.15)

Similar to the in-phase component case after filtering of the second harmonic as pro-
vided in Eqn (8.13), we obtain

00 = s0L00() = 2= isin(5) + 0weos(5) | 616
Rewrite Eqn (8.13) and Eqn (8.16) in matrix form as
{ () ] _ (1= ajoos (9 (1= osin <§) [ 100) }

200 | vapin(?) 1 van(2)] 12

¥

(8.17)

In order to restore the amplitude and phase imbalance, provided they are the same
across the band of interest, we must compute the inverse of the matrix W, that is

(1 4+ a)cos (g) —(1— a)sin(%)

— Wi —(l—i—oz)sin(g) (1 —a)cos(%)
det(W) (1 — a?)cos(0)
————
(I—a)(14a) P
a#F=+1
_ [2 g] (8.18)

where K, K, K3, and K, are constants. A correction technique for IQ imbalance is
depicted in Figure 8.4. The compensation can be done in the digital domain provided
there is sufficient resolution for the algorithm to be realized with high fidelity. An IQ
imbalance compensation algorithm is presented in the appendix. Finally, to gain a
“visual” understanding of the impact of 1Q imbalance on the signal constellation,
consider a QPSK signal as depicted in Figure 8.5. The noisy signal is presented
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FIGURE 8.4
In-phase and quadrature imbalance compensation technique.
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FIGURE 8.5

QPSK signal depicted with amplitude imbalance of 1 dB and no phase imbalance. The
samples due to the signal with no amplitude imbalance are within the circles, whereas the
samples due to the signal with amplitude imbalance are within the squares. (For color version
of this figure, the reader is referred to the online version of this book.)
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along with the same signal exhibiting 1 dB of amplitude imbalance. The simulation
is repeated for 2-dB amplitude imbalance and presented in Figure 8.6. Note that the
imbalanced signal’s constellation departs from the square constellation familiar to
the reader for QPSK to a rectangular constellation as shown in Figure 8.5 and
even more pronounced in Figure 8.6 for higher amplitude imbalance. The signal
constellations for QPSK signals with phase imbalance of 30° and 45°, respectively,
are depicted in Figure 8.7 and Figure 8.8, respectively. The constellation of the
phase-imbalanced signals is a parallelogram rather than the square constellation
associated with a normal QPSK signal. Finally, a QPSK signal exhibiting both
amplitude and phase IQ imbalance is shown in Figure 8.9. Figure 8.10 depicts an
8-PSK signal with and without IQ imbalance. The imbalanced signal’s samples
are placed on an ellipsoidal constellation, whereas the balanced signal’s samples
are placed on a circular constellation. Finally, the impact of IQ imbalance is shown
for a 16-QAM signal where the normal square constellation for a perfectly balanced
signal has been replaced with a parallelogram signal constellation for the
IQ-imbalanced signal as shown in Figure 8.11. In all cases, IQ imbalance bears
degradation on the signal’s signal-to-noise ratio (SNR), and hence it is desired
that its effects be minimized or calibrated out.

0.8

0.6

0.4

O Noisy signa
< Noisy signal with 1Q imbalance

-1 -08 -06 -04 -02 0 0.2 0.4
FIGURE 8.6

QPSK signal depicted with amplitude imbalance of 2 dB and no phase imbalance. The
samples due to the signal with no amplitude imbalance are within the circles, whereas the
samples due to the signal with amplitude imbalance are within the squares. (For color version
of this figure, the reader is referred to the online version of this book.)
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FIGURE 8.7

QPSK signal depicted with phase imbalance of 30° and no amplitude imbalance. The
samples due to the signal with no amplitude imbalance are within the circles, whereas the
samples due to the signal with amplitude imbalance are within the squares. (For color version
of this figure, the reader is referred to the online version of this book.)

8.1.2.2.4 Low frequency noise

In direct-conversion receivers, the signal is converted directly from RF to baseband.
Hence, the impact of low frequency flicker or 1/f noise, especially on narrowband
signals with less 1 MHz of bandwidth, can be significant. This is true since flicker
noise occurs directly in band of the desired signal. The impact of this noise degra-
dation is particularly severe for MOS devices. Flicker noise is generated due to addi-
tional electron-energy states that exist on the boundaries of Si and SiO;, which
catches and releases electrons from the channel. This electron trapping and releasing
phenomenon is slow, thus resulting in noise that is mostly concentrated at low fre-
quencies. In a MOSFET transistor, it is fair to assume that the device transfer func-
tion can be modeled as

H(F) = (8.19)

VF

where v is a constant that embodies the device characteristics. The flicker noise po-
wer can then be approximated over a certain frequency range as
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FIGURE 8.8

QPSK signal depicted with phase imbalance of 45° and no amplitude imbalance. The
samples due to the signal with no amplitude imbalance are within the circles, whereas the
samples due to the signal with amplitude imbalance are within the squares. (For color version
of this figure, the reader is referred to the online version of this book.)

2
Y 2
/ FdF = ln(F)| Frequency (820)
range
Frequency
range

where the constant in Eqn (8.20) can be approximated as 72 = K/(WLC,,) where K is
a constant that depends on the process, W is the width of the gate, L is the length of
the gate, and C,, is the oxide capacitance. Thus far, the discussion has centered on
flicker noise within one device. However, each transistor in the analog baseband
receiver contributes to 1/f noise. That is, circuitry in the mixer, amplifiers, and low-
pass analog filters all contribute to the total noise.

8.2 Superheterodyne receiver

The superheterodyne architecture is widely used in devices where high performance
and receiver (and transmitter) flexibility is desired. In this section, we will discuss
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QPSK signal depicted with phase imbalance of 30° and amplitude imbalance of 3 dB. The
samples due to the signal with no amplitude imbalance are within the circles, whereas the
samples due to the signal with amplitude imbalance are within the squares. (For color version
of this figure, the reader is referred to the online version of this book.)
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8-PSK signal depicted with and without 1Q imbalance. (For color version of this figure, the
reader is referred to the online version of this book.)
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16-QAM signal depicted with and without 1Q imbalance. (For color version of this figure, the
reader is referred to the online version of this book.)

the traditional superheterodyne architecture along with the IF-sampling receiver
used mostly in software defined radios. The pros and cons of this architecture will
be discussed.

8.2.1 The superheterodyne architecture

A conceptual view of the superheterodyne receiver is depicted in Figure 8.12.
Similar to direct conversion, the signal impinging on the antenna is typically filtered
by a band definition filter to limit the frequency band received by the device. The
signal then undergoes amplification via an LNA. As previously discussed, the
LNA is the most essential block in determining the sensitivity of the receiver by

f\l/\‘w r\A/\V -
RF F Poor isolation
> =< »

% w % % W D Baseband

BDF
PG}
LPF

U
FIGURE 8.12

The superheterodyne receiver. (For color version of this figure, the reader is referred to the
online version of this book.)
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possessing high gain and low noise figure. The bandpass filter following the LNA
plays a major role in image rejection. Any signal centered at the image frequency
will be attenuated by this filter. Recall from Chapter 4 that the image frequency is
centered at F, & 2Fr. Ideally, we desire this filter to have minimal insertion loss
in the signal path while significantly attenuating the image noise or image signal.
Both objectives can be accomplished simultaneously provided that the desired sig-
nal’s center frequency is situated far enough from the image frequency, which conse-
quently implies a significantly large IE.* A large IF, however, has consequences on
the design of the IF filter.

The received signal is then down-converted to IF after the first mixer. The result-
ing signal is centered at IF, which happens to be located at either the sum of the RF
and the LO frequencies or at the difference between the RF and LO frequencies. The
signal at IF is then filtered in order to minimize the degradation impact of interferers
and signals due to nonlinear artifacts within the band. This filter, often times referred
to as the channel selection filter, is neither intended to minimize the impact of close-
in blockers situated very close to the center frequency nor interference due to adja-
cent channels. The latter is achieved by filtering at baseband by the analog lowpass
IQ filters. The channel selection filter, however, is intended to reject certain inter-
ferers and blockers as well as certain degradations due to the receiver itself. In order
to simplify the design of this filter, while at the same time achieve the specified per-
formance, it is desired to have a low IF with the aim of lowering the filter’s Q. This is
in direct contrast to the requirement of the image reject filter, which we prefer to
have a high Q. Lowering the IF to alleviate the design of the IF channel selection
filter would imply greater loss in the image reject filter. Again, recall from Chapter
4 that image reject mixers may also be used to perform certain image rejection.

After the channel filter, the desired signal is then amplified by a postmixer ampli-
fier (PMA) before it undergoes another frequency conversion from IF to baseband.
The quadrature mixer is followed by amplifier stages intermingled with filtering
stages in order to preserve the linearity and selectivity of the system or simply by
amplifiers such as a VGAs and analog lowpass filters. In addition to performing
channel selection, the lowpass filters on the IQ paths act as antialiasing filters that
limit the amount of out-of-band energy that folds over onto the desired signal band.

The superheterodyne architecture is also popular in modern software-defined ra-
dios in the form of an IF-sampling receiver architecture as shown in Figure 8.13. In
this case, the signal is sampled at IF and the final IF-to-baseband down-conversion
takes place in the digital domain. Depending on the chosen IF frequency, the desired
signal may fall into any one of the Nyquist zones as shown via example in
Figure 8.14. According to Figure 8.13, unlike the traditional superheterodyne archi-
tecture shown in Figure 8.12, the IF-sampling architecture performs bandpass sam-
pling at IF with a single ADC. The requirements imposed on this single ADC are

“In certain cases, for a sufficiently large IF, the band definition filter may partially attenuate the signal
at the image frequency thus performing limited image rejection.
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IF-sampling dual-conversion receiver. (For color version of this figure, the reader is referred to
the online version of this book.)
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Desired signal (in third Nyquist zone) and spectral images. (For color version of this figure,
the reader is referred to the online version of this book.)

extremely stringent. The antialiasing filter is a bandpass filter implemented in to-
day’s technology as a surface acoustic wave (SAW) filter or similar technology.
SAW filters are attractive since they can provide less than 1-dB ripple in the pass-
band and over 60 dB of rejection in the stopband depending on the bandwidth.
The need to minimize triple transient effects, however, has led to higher insertion
losses.

8.2.2 Receiver performance

Similar to the direct-conversion receiver architecture, in this section we will
discuss the advantages and disadvantages of the superheterodyne architecture.
The architecture of the traditional superheterodyne receiver is presented, followed
by a very brief presentation of the IF-sampling receiver, which also falls into the
superheterodyne receiver category. The pros and cons of this architecture will
also be discussed.
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8.2.2.1 Advantages of superheterodyne receiver

The superheterodyne receiver distinguishes itself from other receiver architectures
by its overall high performance characteristics. The architecture is suitable for all
modulation schemes with narrow or broad bandwidths. Excellent selectivity” and
sensitivity are traits of the superheterodyne architecture, with perhaps, selectivity
being its most distinguishing feature. Unlike direct conversion, where bandpass
filtering takes place only at RF, in the superheterodyne receiver bandpass filtering
could take place progressively at lower center frequencies at first and second IF.
This trait of the architecture affords it higher selectivity and consequently better
performance, especially in RF congested bands. These performance figures are
attained by properly choosing the IF and the filters throughout the receive chain.
The dominant culprit in degrading adjacent channel selectivity in this case, espe-
cially for narrowband channels, is phase noise. Phase noise is typically more domi-
nant at the first LO due to the fact that its frequency is higher than that of the second
LO. However, as mentioned earlier, choosing an IF filter with sufficiently high
rejection can significantly mitigate the problem. For this reason, the first LO is
designed with low phase-noise performance in mind, which may entail an external
tank circuit. As a consequence, designing the receiver with high channel selectivity
simply implies better signal sensitivity. In most common superheterodyne re-
ceivers, the majority of the gain stages are placed at IF. The filtering at RF effec-
tively degrades the out-of-band interferers and allows the IF gain stages to be
designed with lower dynamic range requirements, which in essence permits the
design of the amplifiers to be more stable with higher gain and lower current
than comparable gain stages at RF.

Unlike direct conversion, DC offset is not a major concern in superheterodyne
receivers. This is especially true in the IF-sampling receiver depicted in
Figure 8.13. Another significant advantage of IF-sampling receivers is its resilience
to 1/f-noise and analog IQ mismatch degradations. In general, superheterodyne re-
ceivers are suitable for multimode multiband signaling schemes. The receivers, as
well as the transmitters, tend to be highly versatile in supporting a wide variety of
wireless standards and modulation schemes. Due to the fixed IF, the backend
analog components deliver outstanding performance with comparatively mild
constraints.

8.2.2.2 Disadvantages of superheterodyne receiver

The superheterodyne receiver suffers from certain drawbacks. Most of these pa-
rameters have been previously discussed and analyzed in detail in previous
chapters. The intent of this section is to briefly restate the problems associated
with this architecture and consequently state the impact on the performance.

SRecall that selectivity is defined as the ability of the receiver to reject unwanted blockers and inter-
ferers situated in adjacent channels.
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8.2.2.2.1 Integration, complexity, and power consumption

In today’s technology, the superheterodyne architecture necessitates the use of
external or off-chip components, making it less favorable for integration. The choice
of high IF makes it very difficult to integrate the IF filter monolithically. The image
reject filter, a passive bulky device, is also placed off chip and driven as a 50 Q load
at the output of the LNA [1]. The superheterodyne receiver is more complex than the
direct-conversion receiver. Unlike direct conversion, dual conversion requires care-
ful frequency planning, which in turn dictates the specification of the backend
analog components of the receiver. Key receiver parameters such as the noise figure
and the IIP3 require the gain blocks to be placed strategically in the receive path, and
hence a significant number of design iterations are needed to arrive at an acceptable
performance suitable for consistency in manufacturing. In terms of component
count, and due to its superb and versatile capabilities, the superheterodyne receiver
tends to have many more components than the direct-conversion receiver. Further-
more, the superheterodyne receiver is less conservative in terms of power consump-
tion than the direct-conversion or low-IF receivers. These parameters all indicate
that the superheterodyne receiver architecture is less amenable for low-cost wireless
solutions. For this reason, the superheterodyne today remains a favorite in low-
volume high-performance devices such as base stations, radars, and software defined
radio.

8.2.2.2.2 Half-IF and image rejection

The V2 IF problem was discussed in detail in Chapter 4. Recall that the degradation is
due to fourth order nonlinearity manifesting itself as second order nonlinearity. More
precisely, any interference occurring at F. + %F jr will overlap with the desired
signal after mixing. In this case, the design trade centered on the filtering strategy,
the choice of the IF, and linearity. This is an interesting trade; it entails the classical
balancing act between design complexity and performance degradation. Certain
knowledge of the level of interference at 2 IF will dictate the design parameters.
Recall that the Y2 IF problem is nonexistent for direct-conversion receivers since
the IF for this architecture is zero.

The image frequency centered at F, £ 2Fr will mix on top of the desired fre-
quency after down-conversion. Any blocker or interferer situated at the image fre-
quency will cause significant degradation to the desired signal unless it is
sufficiently attenuated. In the absence of any offending signal at the image frequency,
image noise is then the sole cause of degradation. Several mitigation schemes
including filtering and image reject mixers were also discussed in Chapter 4.

8.3 Low-IF receiver

The low-IF architecture is a compromise architecture that features some of the ad-
vantages, and inadvertently some of the disadvantages, of the superheterodyne and
direct-conversion architectures.
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8.3.1 The low-IF architecture

Similar to direct-conversion architecture, the received signal band is filtered by the
band definition filter and then amplified by the LNA as shown in Figure 8.15. The
signal is then down-converted from RF to a low IF via a quadrature converter.
The IF can be as low as half the channel spacing or several multiples of it. After
down-conversion, the image frequency is filtered via complex analog polyphase fil-
ters at both the IQ channels.

To gain a theoretical understanding of the complex polyphase filter, consider the
filter’s transfer function

H(s) = Hi(s) +jHa(s) (8.21)

where H/(s) and H,(s) are the real and imaginary part of H(s). The transfer function
H(s) is complex since its frequency response is not symmetrical around DC [3,4].
Assume that the complex signal input to the complex polyphase filter is
I1npui(S) + jOunpui(s), then the 1Q signals at the output of the polyphase filter are given
as the complex signal

{Ilnput +]anput )}H(S) = {Ilnput(s) +len/7W(s)} X {Hl (S) +jH2(S)}
= {Ilnput(s)Hl (s) — QI"I’W(S)HZ(S)}

+j{[1npu,(s)H2(S) + Q[nput(s)Hl (S)}
(8.22)

According to Eqn (8.22), the output 1Q signals of the polyphase filter are
IOutput(S) = Ilnput( )Hl( ) anpur( )HZ( ) (8.23)

QOutput(S) = Ilnput( ) ( )+ anput( )Hl( )
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FIGURE 8.15

Low-IF receiver with complex polyphase filter. (For color version of this figure, the reader is
referred to the online version of this book.)
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The realization of the complex filter is shown in Figure 8.16. Given a single-stage
RC network to design the polyphase filter, the filter’s complex transfer function
given in Eqn (8.21) becomes

. YQ o Ys
H(s) = Hi(s) + jH2(s) = SH’; o (8.24)
P P

where Y is the gain and Q, is the pole frequency, which in this case determines the
rejected frequency of the image. According to Eqn (8.24), H (s) is a lowpass func-
tion whereas Hj(s) is a highpass filter. It turns out that the desired signal at negative
frequency falls within the passband of H(—jQ) whereas the image signal at positive
frequency is attenuated by the null of H(jQ2) as shown in Figure 8.17. Note that,
depending on the frequency plan, the filter can be synthesized to have its passband
at positive frequency and its rejected frequency at negative frequency. The image
reject ratio (IRR) based on a single-stage RC network complex polyphase filter is
given as the ratio

H(s = jQ)|

IRR = A
[H(s = —jQ)|

(8.25)

Q,-Q
Q,+Q

In theory, the poles of H;(s) and Hj(s) are perfectly matched and the IRR is zero for
Q = Q,,. If, on the other hand, the poles of H;(s) and Hy(s) are mismatched in ampli-
tude and frequency, then H(s) can be expressed as

e, (-39 (1 -5)

Y(1+58)s

2!
H(s) = +J (8.26)
ca(-%) e
1/,,,;,4, (S) I(Julpn/ (Y)
> Hy(9)
> H ()
> Hy(9)
anpu/ (S ) Q()mpm ( S)
> H(s)

FIGURE 8.16

Block diagram of complex single-stage polyphase filter. (For color version of this figure, the
reader is referred to the online version of this book.)
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Magnitude response of single-stage complex polyphase filter: H(jQ) and H(—jQ). (For color
version of this figure, the reader is referred to the online version of this book.)

The parameters AY and AQ, denote the mismatch in amplitude and frequency
from the theoretical amplitude Y and frequency €, values [3]. In this case, the
null due to |H(s = jQ)| and the slight peak due to |H(s = —jQ)| will shift in
different directions and no longer “line up”. In this case, the image rejection
due to the complex polyphase filter is degraded from theory in proportion to AY
and 4Q,. Therefore, we conclude that the amount of image rejection of a poly-
phase filter is limited by the imbalance created by component imperfections in
the circuit.

A polyphase filter could be comprised of several stages in order to achieve suf-
ficient image rejection. The resulting broadband polyphase filter possesses an image
rejection theoretically obtained as the product of the image rejection due to the
various stages. In practice, however, the overall image rejection is limited by the cir-
cuit imperfections amongst the various stages.

8.3.2 Receiver performance

As mentioned earlier, the low-IF receiver architecture combines some of the benefits
of direct-conversion and superheterodyne architectures and inevitably some of their
disadvantages. This makes it a unique architecture advantageous to use with certain
modulation schemes given today’s technology. These advantages and disadvantages
will be discussed in the following sections.
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8.3.2.1 Advantages of low-IF receivers

The sampling rate of the data converters could be as low as half the channel
spacing,’ thus allowing the ADCs to run at a low-sampling clock compared to the
[F-sampling superheterodyne architecture, for example. Sampling at IF implies
that the low-IF architecture, unlike the direct-conversion architecture, does not suf-
fer from DC offsets due to nonlinearity as well as 1/f noise degradation. The latter is
attractive for CMOS implementation since the process is inundated by flicker noise.
The architecture requires lower IP2 and is less susceptible to noise generated by self-
mixing due to LO leakage. Separating the desired signal from interference due to
second order nonlinearity has proven to be an advantage of low-IF versus direct-
conversion architecture under certain hostile interference conditions. Similar to
direct conversion, the low-IF architecture lends itself to high integration since the
complex polyphase filter is implemented on-chip. In practice, the polyphase filter
uses multiple stages, typically two, which in turn improves the IQ matching.

8.3.2.2 Disadvantages of low-IF receivers

Image rejection is the principal technical challenge in low-IF receivers. The choice
of the IF, at low frequency, prevents any image rejection filtering from taking place
at RF. In most cases, the polyphase filter is designed to minimize adjacent and alter-
nate channel interference, thus making the filter design more complex and inadver-
tently more power consuming. Proper choice of the IF frequency, however, can place
the image in the adjacent channel. Moreover, in order to discriminate between the 1Q
signals, the I and Q outputs have to be processed as a complex pair. Having said that,
the utility of the polyphase filter is limited by the balance accuracy between the 1Q
signals. Unlike direct conversion, the ADCs in low-IF architecture have to operate at
IF, thus implying stricter requirements on the converters. Finally, second order
distortion can result in serious in-band channel interference. In most practical imple-
mentations, the low-IF architecture has been limited to somewhat narrowband appli-
cations for the reasons cited above.

8.4 Typical driving requirements

The intent of this section is to briefly review the typical requirements that drive the
design and architecture of a wireless receiver. For more details on any of these pa-
rameters, the reader is encouraged to revisit the earlier chapters where each topic is
discussed in greater detail.

8.4.1 Sensitivity

The receiver’s sensitivity is the lowest received signal power at the antenna at which
the signal can be decoded satisfactorily. The sensitivity of the receiver is dictated by

SIn GSM, for example, the channel bandwidth is 200 KHz, and hence the IF frequency could be as low
as 100 KHz.
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its noise figure, the bandwidth of the signal, and the carrier-to-noise ratio (CNR) at
which the desired signal can be decoded with acceptable error rate. The noise figure
of the receiver is influenced mostly by the analog front end, namely the band-
definition filter, the LNA, and the first mixer. Incidentally, the LNA and the first
mixer also bear the burden of setting a certain linearity performance of the receiver.
In superheterodyne receivers, the sensitivity takes into account the analog front
end, the IF stage, and the analog baseband stage. The latter stages have lesser impact
on sensitivity compared with the analog front end. Despite the higher component
count, when compared to the direct-conversion or low-IF architectures, a well-
designed superheterodyne receiver could reliably meet the sensitivity of the
signaling waveform. The use of high-end passive front-end components coupled
with a high gain low-noise LNA yields very consistent performance in the lab as
well as products in the field. On the other hand, the sensitivity of direct-
conversion receivers is mostly similar to that of low-IF receivers. Compared with
the superheterodyne receiver, both the direct-conversion receiver and the low-IF
receiver have lower component count in the path. Both architectures are mostly
dependent on the noise figure and the gain of the LNA to set the sensitivity level
of the receiver. In most cases, however, the superheterodyne receiver boasts better
sensitivity performance than both the direct-conversion and the low-IF receivers.

8.4.2 Selectivity

Receiver selectivity, thoroughly addressed in Chapter 4, is the ability of a receiver to
isolate the desired signal at a given frequency from other blockers and interferers
situated at all other frequencies. The selectivity of a receiver is determined at all
stages of the receiver, namely RF, IF, and baseband. Phase noise, spurs, linearity
in general, and filtering all contribute to the final selectivity of the receiver. Ideally,
the filters must be designed to pass the desired signal with minimal degradation
while effectively filtering out all unwanted signals.

In superheterodyne receivers, adjacent channel selectivity is mostly impacted by
phase noise. Any blocker or interferer within the passband of the band-definition fil-
ter or image reject filter is down-converted by the first LO. The first LO has the
higher impact in terms of phase noise than the second LO, for example, since it oper-
ates at higher frequency. The mixing of the first LO signal with the interferer will
transfer the LO phase noise unto the interferer, and the resulting signal is the convo-
lution of the interfering signal with the LO. The danger then is the spillover of phase
noise from the down-converted signal into the desired signal’s band, thus degrading
the received signal’s SNR. The problem is exacerbated for narrowband signals with
smaller channel spacing. The filtering at IF tends to be much narrower than the
filtering at RF, and it occurs after the first mixer. Hence the impact of the in-band
phase noise due to the first LO may not be removed simply by filtering.

In direct-conversion receivers, on the other hand, adjacent channel rejection is
levied entirely on the baseband IQ filters. A well-designed baseband filter, however,
can sufficiently attenuate the adjacent and alternate channels. Another limiting
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selectivity factor in direct conversion is the in-band phase noise whose performance
almost entirely depends on the VCO.

Despite the architectural similarities between low-IF and direct-conversion re-
ceivers, the selectivity of the former is greatly affected by the performance of the
complex polyphase filter. The limited rejection of the polyphase filter has grave im-
plications on adjacent and alternate channel rejection and consequently the selec-
tivity of the receiver. As mentioned earlier, a practical polyphase filter is limited
to two stages. In this case, the implication of adjacent channel phase noise on the
receiver performance is much more critical than that of direct conversion. There-
fore, it may be necessary to employ a VCO with better phase noise characteristics
than would be normally employed by direct-conversion receivers. This in turn im-
plies higher complexity and form factor of the VCO with added device and integra-
tion cost. Like the two previous architectures, as would be the case with any
architecture, in-band phase noise is also a limiting factor to the selectivity of
low-IF receivers.

8.4.3 Image rejection

Recall from the discussion in Section 8.1.1 that the IF of a direct-conversion receiver
is zero, and hence the receiver performance is not affected by image signal. In
contrast, both the superheterodyne and low-IF architectures suffer from image rejec-
tion. In superheterodyne, the image reject filter is at RF. The filter can deal effec-
tively with image rejection since twice the IF is set at a medium or high
frequency offset from the filter’s center frequency. That is, image rejection depends
on the filter rejection at F. 4+ 2Fr. The trade-off then in choosing the IF is between
effective image rejection filtering or interference suppression. High IF implies that
the image reject filter will better suppress the image but allow more interference into
the signal path. Lowering the IF, on the other hand, narrows the image reject filter’s
response and thus allows it to suppress more potential blockers and interferes at the
cost of allowing higher degradation due to image noise. The impact of image noise,
however, can be alleviated by using image-reject mixers using a Hartley or Weaver
architecture as discussed in earlier chapters.

In low-IF receivers, however, the image rejection is executed solely by the com-
plex polyphase filter that is situated at IF and not at RF. In this case, the IF could be
as low as half the channel spacing and the filter may not provide sufficient image
rejection to minimize degradation to the desired signal. In this case, an image-
reject mixer may be used to lessen the degradation to the signal.

8.4.4 Frequency planning and generation

Frequency planning is dictated solely by the RF for direct-conversion and low-IF re-
ceivers where using a single mixing step, the signal is down-converted to baseband
or low IF. The difficulty resides in frequency generation (i.e., fractional phase-
locked loop (PLL), frequency dividers, and multipliers, etc.) and the number of
VCOs. The same issues and challenges are also present in superheterodyne receivers
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albeit to varying degrees of difficulty. On the other hand, frequency planning is an art
form for superheterodyne receivers. Mixers at RF and IF tend to generate many
spurious and intermodulation products related in frequency to the RF and IF signals
and thus could fall in the desired signal band degrading its SNR. Therefore, careful
frequency planning that takes into account the RF environment, the desired signal
performance, and the receiver’s lineup, including the performance of the various
blocks, is fundamental to the overall performance of the receiver. A further chal-
lenge in receiver design is the RF synthesizer. Its design continues to be a demanding
and time-consuming task. The classical trade-off between phase noise and tuning
range is relevant to all architectures. Power dissipation also plays a key role in fre-
quency generation, especially in prescalers.

8.4.5 Linearity

Linearity encompasses many topics in the receiver as discussed in previous chapters.
Third order and to some extent second order nonlinearity are dominant concerns in
receiver design. However, compared to direct-conversion and low-IF, the superhet-
erodyne architecture typically operates at higher IIP2 and IIP3 values. This, coupled
with lower sensitivity values, provides the superheterodyne receiver with wider
spur-free dynamic range of operations. On the other hand, the effects of second order
nonlinearity on the direct-conversion architecture are more dramatic than they are
the other two architectures. Notably, direct conversion is vulnerable to DC offsets
and even order distortions. Therefore, ensuring that the receiver has higher system
IIP2 helps alleviate both problems.

8.5 Appendices
8.5.1 Appendix A: DC offset compensation algorithms

DC offset or DC bias is a common source of degradation in direct-conversion re-
ceivers. Under certain circumstances, due to poor port-to-port isolation, DC offset
is the result of self-mixing of the LO signal with itself or with a strong blocker signal
impinging on the antenna. Furthermore, certain design nonidealities in the data con-
verters can cause considerable DC bias at their respective outputs and thus signifi-
cantly degrade the desired signal’s SNR. DC bias can also occur in the digital
signal processing (DSP) due to truncation of the digital words. In this chapter, we
are only concerned with DC offsets that are external to the DSP and due to imper-
fection in the analog circuits or ADCs.

The impact of DC offset on the demodulation of the signal is multifold. For
example, having different DC bias on the 1Q paths causes IQ imbalance in the
received signal. DC offset signals can also impact certain synchronization algo-
rithms and digital or hybrid (analog/digital) loops as well as algorithms that rely
on zero-crossing techniques for detection and demodulation. For instance, DC off-
sets may impact the performance of an automatic frequency control (AFC) loop if
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the bias is not removed prior to frequency estimation. Even in a DC-free modulation
scheme, such as frequency shift-keying (FSK) and orthogonal frequency division
multiplexing (OFDM), a significant external DC bias to the ADCs can minimize
the resolution of the converters without directly impacting the modulated signal.
DC offset compensation algorithms can be divided into two main categories: real-
time algorithms operating while demodulating the received signal and non-real-
time algorithms where the DC offset is removed at the factory or at power-up prior
to demodulation. DC offsets that originate in the analog domain can be dealt with via
DC-offset compensation algorithms that operate either in the analog domain, digital
domain, or both.

Figure 8.18 presents an example of typical DSP blocks that follow the ADC con-
verters in direct-conversion architecture. After digitization, the IQ signals undergo
DC-bias estimation and removal via the DC-offset compensation (DCOC) block.
The simplest (DCOC) methods used to remove DC bias via DSP implementation
only rely on simple filtering schemes. The intent is to estimate the average or ex-
pected value of the received signal E{x(n)}|,_,r, where E{.} is the expected value
operator, and subtract it from x(n) in order to obtain a DC-free signal.
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FIGURE 8.18

Baseband processing of in-phase and quadrature (IQ) signals illustrating the basic DCOC,
IQ-imbalance, and AGC algorithms along with certain filters and rate conversion blocks. (For
color version of this figure, the reader is referred to the online version of this book.)
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FIGURE 8.19
Single-pole IIR filter used as a DCOC algorithm to remove DC bias.

Consider the DCOC filter applicable to either the in-phase or quadrature compo-
nent as depicted in Figure 8.19. The input/output relationship of the feedback filter in
relation to the output y(n) is

-1
0@z _ uz - <qn) —gn—1) = py(n—1) (8.27)

Y(z) 1—z2

The input/output relationship between the original signal x(n) and the corresponding
DC-free output signal y(n) is given according to the relationship

Y@ 1—z! .
MO =%~ Tt

Il <1 (8.28)

The frequency response in Eqn (8.28) is that of a highpass filter as depicted in
Figure 8.20. The sharpness of the filter depends on the gain of the loop filter .
For the sake of illustration, consider a white Gaussian signal with certain DC offset
as shown in Figure 8.21. The output of the DCOC filter, also depicted in Figure 8.21,
shows that the resulting signal is free of any DC bias. This is a very simple yet effec-
tive algorithm. Its main drawback is the fact that its response is very slow. In fixed
point implementation, the output signal requires more bits than the input signal to
preserve its accuracy due to the feedback. Truncating the output signal, however, re-
sults in quantization noise that, depending on the number of bits and the required
SNR, may or may not be acceptable. A modified version of the algorithm presented
above adds a delta quantizer in the feedback as shown in Figure 8.22 [5]. This algo-
rithm tends to be more effective than the previous algorithm when it comes to
removing the DC offset at the output of a coarse ADC. In this case, the DC bias
is further removed by shaping the error away from DC due to the highpass response
brought about by the Delta quantizer.

Another simple method of removing DC offsets via digital filtering is to employ
a moving average filter that estimates the mean of the signal and subtracts it from the
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Frequency response of DCOC algorithm according to the filter’s transfer function given in
Eqgn (8.28). (For color version of this figure, the reader is referred to the online version of

this book.)

signal as shown in Figure 8.23. The moving average filter operating on the input
signal acts as a delay-and-accumulate operation expressed as
~1_ M

Z: x(n—1) @Mﬁx(z) = S(2)X(z) (8.29)
The frequency and phase response of a 20-tap moving average finite impulse
response (FIR) filter realizing S(z) is depicted in Figure 8.24. The overall input/
output transfer function is given according to the relation

-M

o) = X)X
@ _ H( ) o _Z7 + (M+ l)sz _szMfl (8.30)
X@ T M-z )
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Original input signal and DC-free output signal of DCOC depicted in Figure 8.20 for u=0.1.
(For color version of this figure, the reader is referred to the online version of this book.)

The frequency and phase response of the DCOC realized using Eqn (8.30) for a 20-
and 40-tap moving average filter is depicted in Figure 8.25. As one might expect,
increasing the number of filter taps sharpens the null at DC. The advantage of having
a sharper null implies better DC-bias estimation and removal. The disadvantage of
having more filter taps is longer settling time. This process is illustrated by passing
white noise with a certain DC bias, as shown in Figure 8.26, through the filter with
varying number of taps. The output of the filter is shown in Figure 8.27 for 10, 20,
and 40 taps. Figure 8.27 further depicts the performance of the DCOC utilizing a
single-pole IIR filter alongside the DCOC with the moving average filter. The
DCOC seems to converge faster; however, the linearity of the phase is not preserved.
Another disadvantage of the moving average-based DCOC is latency. In most cases,
significant latency in the data path is not tolerated. There are other types of DCOC
algorithms that can be employed, varying from the very exotic to the adaptive type.
These DCOC algorithms will not be discussed in this chapter.

So far, we have addressed DC-bias removal in the digital domain only. As
mentioned earlier, despite utilizing an effective DCOC algorithm, the resolution
of the ADCs will inevitably suffer. In the event where the DC offset severely impacts
the resolution of the ADCs, then it must be removed in the analog lineup of the
receiver. One common technique that is employed in removing DC offset is to
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DCOC algorithm with a moving average implementation.
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Frequency and phase response of a 20-tap moving average filter. (For color version of this
figure, the reader is referred to the online version of this book.)

AC couple the data path [6]. AC coupling in essence implies highpass filtering the
incoming down-converted signal. The implicit problem in this approach is the corner
frequency of the filter itself. A high corner frequency may degrade the modulated
signals with high energy content near DC. Another technique is to measure the
DC offset with the antenna connector tied to the ground and the device under test
completely shielded from external RF signals. In this case, the DC offset, provided
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it does not completely overwhelm the converters, is measured at baseband using the
DCOC techniques above, but the DC offset is then stored in memory and then sub-
tracted via current DACs before digital conversion. In most practical systems, this is
typically done at various gain stages where the DC offset is removed via current
steering DACS strategically placed in the receiver path [7] as shown in Figure 8.28.
In this case, one gain stage is placed before the filter and the other one after the filter.
A buffer amplifier is placed before the ADC. All three amplifiers contribute to the
DC offset seen at the output of the converters.

In order to remove the DC offset at the output of the converters, set the gain of the
amplifier stages before and after the filters to low gain. The DC bias due to the buffer
amplifiers is then measured and removed via the current DAC. The gain of the postfilter
amplifiers is then set to high and again the DC offset due to these amplifiers is measured
and removed. Finally, the process is repeated by setting the gain of the prefilter ampli-
fiers to high and the DC offset is then measured and removed. Note that the strategy in
removing the DC offset starts with the amplifiers closest to the converters and then mov-
ing up the chain to the gains closest to the mixer. In this way, the DC offset is almost
always measurable at the output of the converters and subtracted via the current DACs.

8.5.2 Appendix B: 1Q-imbalance compensation algorithm

In this appendix, we offer a simple IQ-imbalance compensation algorithm that
serves to calibrate out the degradation impact in the digital domain. First, consider
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White Gaussian noise with DC offset. (For color version of this figure, the reader is referred to
the online version of this book.)

the conceptual direct-conversion transmitter depicted in Figure 8.29. The output of
the transmitter is coupled onto a square-law detector. The output of the square-law
detector is then filtered and passed to the digital baseband after data conversion. The
linear portion of the detector is assumed to be negligible. In this appendix, we take
the liberty of mixing notation between analog and digital signals in order to simplify
the mathematics.

Assume the transmit signal at the output of the IQ mixers to be

S(t) = 2A cos(wr)cos <Qct - g) + 2B sin(wr)sin (Qct + g) (8.31)

"where in this case the IQ components transmitted from baseband IQ are simply a
tone expressed as®

I(t) = cos(wt) and Q(r) = —sin(wt) (8.32)

"Recall that with IQ components balanced, the output of the transmitter can be theoretically expressed
as S(¢) = I(t)cos(Q.t) — Q(1)sin(Q.1).

8Figure 8.29 shows a different excitation signal as will be discussed in the receive IQ-imbalance
calibration.



474 CHAPTER 8 Receiver Architectures

25 T

\ Single pole IR

I —— MA with 10 taps

o — - MA with 20 taps
|| —— MA with 40 taps

Amplitude

wmm Aty A
v VWJVVVWM W’MW WVV

0 50 100 150 200 250
Samples

FIGURE 8.27

Output of DCOC using single-pole IIR and MA filter with 10, 20, and 40 taps. (For color
version of this figure, the reader is referred to the online version of this book.)

The constants A and B Eqn (8.31) are the IQ amplitude imbalance defined as
A=1—aand B=1+a« (8.33)

and 0 is the phase imbalance. After squaring, the relation in Eqn (8.31) becomes

0 6
> + 4B? sin? (wt)sin® <Qct + 2)

§%(1) = 4A% cos®(wt)cos? <Qct ~3

. ) (8.34)
+ 8AB cos(wt)cos (Qct - E) sin(wt)sin (Qct + E)

The first term in Eqn (8.34) can be further expressed as
0
4A% cos?(wt)cos® (Qct - 5) = A%{cos(2wr) + 1}{cos(2Q.t — 0) + 1}
1
= A? {1 + cos(2wt) + cos(2Q.t — ) + icos(ZQCt

1
+2wt — 0) + 5005(29@ — 2wt — 0)} (8.35)
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Conceptual diagram of the postmixer analog baseband receiver with current steering DACs
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Conceptual direct-conversion transmitter with coupler and square-law detector. (For color
version of this figure, the reader is referred to the online version of this book.)

After analog lowpass filtering, the signal due to the first term in Eqn (8.34) and
expressed in Eqn (8.35) becomes

T\ (1) = A{1 + cos(2w1)} (8.36)

In a similar manner, the second term Eqn (8.34) can be manipulated in the same
fashion as the first term Eqn (8.35) and then filtered to obtain

T = B*{1 — cos(2wt)} (8.37)
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Finally, given the last term in Eqn (8.34), first consider the product

1
sin(wt)cos(wt) = Esin(Zwt) (8.38)
Next, express the product
i 0 0 1 . .
sin| Q.t + 5 )cos Qct — 7)) = E{sm(ZQCt) + sin 6} (8.39)

sin a cos =1 {sin(a+@)+sin(a—B)}

Then the term in Eqn (8.34) can be simplified as

0 0
8AB sin(wt)cos(wt)sin <Qct + 2) cos <Qct - 2)
2AB sin(2wt){sin(2Qt) + sin 8}
2AB{sin(2wt)sin(2Q.t) + sin(2wt)sin 6}
AB{co0s(2Q.t — 2wt) — cos(2Qt 4 2wt) + cos(2wt — 0) — cos(2wt + 6)}

(8.40)
After analog lowpass filtering, the term in Eqn (8.40) becomes
T; = AB{cos(2wt — ) — cos(2wt + 6)} (8.41)
The resulting signal received at baseband is a digitized version of
S(t) = AX{1 + cos(2w)} + B*{1 — cos(2wt)} + AB{cos(2wt — 0)
—cos(2wt + 6)} (8.42)

Using an FFT, if it already exists in the modem, or a running sum, the DC term in
Eqn (8.42) can then be estimated. That is,

i Kz_ 2‘ (8.43)

K=A+B =(1-a)’+(1+a)’ =2+2’=0a = ‘

Next, consider the DC-free signal of Eqn (8.42) obtained via a highpass filter

s()
DC—free

(A% — B*)cos(2wt) + AB{ cos(2wt — ) — cos(2wt + 0)

sin a sin 8 =4 [cos(a—B)—cos(a+p)]

= —da cos(2wt) + (1 — o?)sin(2wr)sin(f)
(8.44)
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The intent then is to estimate the phase imbalance 6 from Eqn (8.44). Modulating
Eqn (8.44) with sin(2wt) we obtain

—~

sin(2wt) x S(¢) = —da  cos(2wt)sin(2wt)  +(1 — o?) sin®(2wr) sin(0)
DC—free | — N———
sin(4wt) =2 cos(2wt)sin(2wr) {1*%@4(0’)}

= —2asin(4wr) — @cos@wt)sin(ﬁ)

+ Msin(ﬁ)

2
(8.45)
Using a running sum, for example, to obtain the DC portion p of Eqn (8.45), we
obtain
1—a? 2
p = %sin(ﬁ)ﬁﬁ = arcsin(1 — az) (8.46)

Having obtained an estimate of the phase and amplitude imbalance, we can then use
this data to calibrate the IQ imbalance in the transmit path.

Next, we discuss the IQ-imbalance calibration of the receiver. This can be done
with external signals using a signal generator, for example, or via loop back in the
radio itself. The latter is an attractive but expensive feature and at times not so easy
to implement.

Assume the transmit excitation signal to be IQ-balanced generated from the dig-
ital baseband as

I(t) = cos(wt) + sin(wr)
(8.47)
0(t) = cos(wt) — sin(wt)

where () and Q(¢) are the IQ components. Again, the reader is advised that we will
take immense liberties in mixing between the analog and digital domains in discus-
sing this technique in order to simplify the mathematics.

The output of the analog transmitter according to Figure 8.29 is

S10—balanced (f) = I(t)cos(Qct) — Q(1)sin(Qc1)
cos(Qct){cos(wt) + sin(wt)} — sin(Q.1){cos(wt) — sin(wt)}
cos((Qe — w)t) — sin((Q, — w)t)

(8.48)
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On the receiver side, mixing the signal S7g_patanced(?) With the imbalanced IQ Los, we
obtain

S10—balanced (1)LO; (1) = 2(1 — a)cos (Qct - g) {cos((Q: — w)1) — sin((Qe — w)1)}

0 0
= (1- a){cos(ZQCt— wt—§> +cos<wt—§)
. 0 : 0
— sin <ZQct — wt — E) + sin <wt - 5) }

After analog lowpass filtering, the input to the in-phase ADC is

'ty =(1- a){cos (wt - g) + sin (w - g) } (8.50)

Similarly, after mixing the signal Sjp.palanced(r) can be expressed as

(8.49)

S10—balanced (1)LOG(1) = 2(1 + a)sin (QC, i §> cos((©e — w)1) — sin((Q — w))}
= (1+ “){Sin<296t — wt + g) - Sin(wt +g)
o)

After analog lowpass filtering on the receiver quadrature side, the resulting signal at
the input to the ADC is

Q') = (1+ a){ — cos (wt + g) + sin (wr - g) } (8.52)

Next, after digitizing, compute the average

(8.51)

S (O SO R
Jo-afen(om =g (oG] asy
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where T is the sampling period. For a large number of samples N, further expansion
of Eqn (8.53) implies

(8.54)

Next, consider the product

2(0)0%(1) = [(1—a)(1 + 0‘)]2{005<wt B g) + sin(wt - g) }2

0 2
{ —Cos (wt + ) + sin(wt —|—2> }
=(1- ) {l + 2 cos (wt — g) sin (wt — g) } (8.55)
-2 0\ . 0
— 2 cos (wt + 2> sin <(ut + E) }

=(1- ) {1+ sin2wt — 0) }{1 — sin(2wr + ) }

A further expansion of Eqn (8.55) can be obtained as

1201 = (1 - a®)*{1 + sin(2wt — ) — sin(2wt + 0)
—sin(2wt — §)sin(2wt + 6)}

= (1- a2)2{1 + sin(2wt — ) — sin(2wt + 6)

(8.56)

cos(26) + cos(4wt)
)

Averaging the signal in Eqn (8.56) over N samples, we obtain after simplification

N—1
% nZ:OI’Z(t)Q’Z(t) = %(1 - a2)2{1 + sin(2wt — ) — sin(2wt + 6)

cos(26) + cos(4wt)
_ . }

_ jiv(l—a2)2{1 cosézo)} ~]%(1_f_;)2{2—c;s(20)}

= (8.57)
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The phase imbalance can then be computed based on Eqn (8.57) as

2NY 1 2NY
cos(2) =2 —————=6 = —cos !

2= -
2\ 2 2 N
(%) (%)

The relationship in Eqn (8.58) is a reasonably fair approximation of the phase imbal-
ance. The algorithm is simple to implement and execute either on the bench or in real
time in loopback mode.

S(t) = I(t)cos(Qt) — Q(t)sin(Q.t)

(8.58)
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analysis of GPS receiver, 121b
with different interstage impedances, 133b
power input-output relationship, 118f
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PLL, 418f
Circuit realization, 6—9
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Clipping, 293—294
Clock feedthrough, 312—315
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N-bit data converter, 284b
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A ports, 103
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AZ fractional-N frequency synthesizer, 434—437
AZ modulators, 352
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MASH, 361—363
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Desensitization, 189
Differential nonlinearity (DNL), 324
Digital baseband, 439—440
Digital signal processing (DSP), 465
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Direct conversion receiver, conceptual, 191f
Direct current (DC), 61, 182
Direct digital synthesis (DDS), 135—136
Direct-conversion receiver, 440. See also Low-IF
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advantages, 443—444
direct conversion architecture, 440—443
disadvantages, 444—452
low frequency noise, 451—452
receiver performance, 443
Directional coupler, 98—100
Discrete-time Fourier transform (DTFT), 290
DNL. See Differential nonlinearity
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DSP. See Digital signal processing
DTEFT. See Discrete-time Fourier transform
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FEC. See Forward error correction
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FLASH architecture, 322—323
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offset errors, 329—330
SINAD, 330—331
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thermal noise impact, 331—333
total harmonic distortion, 330—331
Forward error correction (FEC), 368—370
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multipliers, 242—244
tripler, 241
Frequency shift-keying (FSK), 465—466
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Image mixers, 224—235
Image noise, 224—235
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baseband processing, 466f
imbalance, 446—450
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Input-referred noise, 331
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Integer positioning, 271—273
Integral nonlinearity (INL), 324, 326b
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Intermodulation distortion (IM distortion),
190—191
cross-modulation distortion, 212—214
degradation effects
second order nonlinearity, 191—198
third order nonlinearity, 201—212
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harmonic distortion, 214—217
products, 235—241
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IQ-imbalance compensation algorithm,
472—480
IRF. See Image reject filter
IRR. See Image reject ratio
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Johnson noise, 105—106

K

Kernels. See Volterra kernels
Kickback noise, 317
Kirchhoff’s current law, 7
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for capacitive antenna load, 29b
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series-parallel resonant frequency, 31b
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Leeson’s model, 156—161
Linear PLL model, 368
Linear time-invariant system (LTI system), 181
Linear time-varying phase noise model,
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Linear-PLL model, 392—394
Link budget equation, 120—123
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leakage, 444f
self-mixing, 444—445
Long-term evolution lineup analysis (LTE lineup
analysis), 207b
Loop transfer function, 139, 396, 402, 410
magnitude response, 411f
of PLL, 405
Low frequency noise, 451—452
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See also Voltage gain amplifier (VGA)
in AGC, 370—371
band definition filter, 267—268
gain lineup settings, 377f
superheterodyne receiver with, 370f
thermal noise in, 127—129
Low-IF receiver, 458. See also Direct-conversion
receiver; Superheterodyne receiver
advantages, 462
complex single-stage polyphase filter, 460f
disadvantages, 462
low-IF architecture, 459—461
receiver performance, 461
single-stage complex polyphase filter, 461f
Lowpass signals
aliased spectrum, 268f
ideal filter’s role, 270f
reconstruction of, 269—270
sampling and filtering requirements,
264—267
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LTE lineup analysis. See Long-term evolution
lineup analysis
LTI system. See Linear time-invariant system
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MASH modulator. See Multistage noise shaping
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Matching circuits, 11
antenna bandwidth, 22—27
antenna load mismatch, 11—12
impedance and standing wave ratio, 15—16
matching networks, 27—42
quality factor, 22—27
reflection coefficient, 11—12
transformers, 42—47
transmission lines and wave equation, 12—15
circuit representation, 12f
forward and backward wave propagation, 14f
Matching networks, 27
T-matching networks, 32—33
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T-matching networks, 35, 35f, 36f
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MB. See Multiband
Memoryless nonlinear system, 184
Able-Baker spurs, 235—237
AM to AM distortion, 217—222
AM to PM distortion, 217—222
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frequency multipliers and dividers, 242—244
harmonics, 190—217
IM distortion, 191—217
IM products, 235—241
image mixers, 224—235
image noise, 224—235
image rejection, 224—231
1-dB CP, 184—185
RC and CR phase-shift circuits, 233f
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Metal-oxide semiconductor (MOS), 312—313
Microwave network, 61
characteristic impedance, 62—63
four-port network, 95—103
hybrid network model, 68—72
impedance and admittance multiport network
model, 64—68
scattering parameters network model, 72—77
signal flow graphs, 81—95
three-port network, 95—103
transmission parameters network model, 77—79
two-port S-parameters model, 79
Midriser quantizer, 277, 277f
Mixed wave case, 20—22
Monopole antennas, 48—49
MOS. See Metal-oxide semiconductor
MOSFET transistor, 451—452
Moving average filter, 467—468
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Multiband OFDM UWB planning and synthesis,
420b
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Multisection quarter-wave transformer, 38—40
Multistage noise shaping modulator (MASH
modulator), 361—362
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Noise factor and noise figure, 113—115
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coexistence, 172—176
noise colors, 106t
phase noise, 135—172
thermal noise, 107—135
thermal noise statistics, 176—177
Noiseless component, 113
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Non-data-aided AGC, 373—377, 377f
Noncoherent AGC. See Non-data-aided AGC
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Nonreturn to zero (NRZ), 348—349
Nyquist converters, 322
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OFDM. See Orthogonal frequency division
multiplexing
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Ohmic losses, 7—8
OIP2. See Output-referred second order intercept
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1/f noise, 157
1:1 transformer, 42b
One-port network, 63f, 63
Open circuit impedance parameters, 64—65
Open loop gain function, 393, 398—399, 400,
410
amplitude response, 403f, 404f, 405f
for third order PLL, 410—412, 411f
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Open-loop transfer function. See Feedback
transfer function
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Overloading, 293—294
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impact on quantization noise, 281

quantization noise power after, 282
Oversampling converters. See AX modulators
Oversampling ratio (OSR), 281, 290
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PAPR. See Power-to-average-power ratio
Passive frequency multiplier, 241f
Passive mixer, 129
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dimensions, 57b
equivalent slots, 54f, 55f
microstrip feedline, 54f, 55f
PDF. See Probability density function; Probability
distribution function
PFD. See Phase/frequency detector
Phase lag-lead loop filter, 400
Phase margin, 414
Phase noise, 135. See also Thermal noise
Brute force frequency synthesis, 136f
in oscillators, 151—172
Clapp oscillator, 154f
feedback phase noise model, 158f
multiphase ring oscillator, 166f
negative resistance oscillator model, 152f
square spiral inductor, 167f
types, 165—169
synthesis techniques, 135—137
Phase-locked loops (PLL), 464—465
basic blocks in, 392f
equivalent loop bandwidth, 397b
error convergence, order, and type, 394—398
as filter, 137—151
integrator active loop filter, 140f
second order loop transfer function,
142f, 144f
total phase noise density, 147f
transfer function, 143f, 145f
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first order, 396—398, 397f
stability, 415b
linear-PLL model, 392—394
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420b
operating range parameters, 414—417
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stability, 415b
stability, 414—417
third order, 408—414
steady state performance, 412b

Phase/frequency detector (PFD), 417—418, 418f

CP-based, 419—420

tri-state, 419f
Piezoelectric oscillator, 167—168, 168f
T-matching networks, 32—33
Planck’s black body radiation law, 107
PLL. See Phase-locked loops
PMA. See Post-mixer amplifier
Polyphase filter, 460
Popcorn noise, 106
Post-mixer amplifier (PMA), 455
Power-to-average-power ratio (PAPR), 281
Probability density function (PDF), 176
Probability distribution function (PDF), 278—280,
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Processing gain, 282
Programmable digital counter, 424—429
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QPSK signal, 448—450
with amplitude imbalance, 4491, 450f
with and without IQ imbalance, 453f
with phase imbalance, 451f, 452f, 453f
Quadrature hybrid, 103
Quality factor, 22—27
Quantization error, 278
Quantization noise, 106, 276—278
oversampling impact on, 281
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Quarter-wave transformer, 41b. See also
Multisection quarter-wave transformer
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Radiation
density, 2—4
fields, 4
intensity, 2—4
resistance, 7—8
Radio frequency (RF), 2, 95, 107, 439—440
Radio frequency integrated circuit (RF IC),
98—103
Received signal strength (RSS), 368—370
Receiver architectures, 439—440
DCOC algorithms, 465—472
direct-conversion receiver, 440
direct conversion architecture, 440—443
receiver performance, 443—452
frequency planning and generation, 464—465
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subsystems, 439—440
superheterodyne receiver, 443—452
Reciprocal mixing, 169—172
receiver desensitization, 171b
Relative gain, 6
Return to zero (RZ), 348—349
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S-parameters, 61—62
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two-port network, 74f
Sample and hold amplifier (SHA), 306. See also
Track and hold amplifier (THA)
aperture time accuracy, 310—311
architecture, 307—310
charge injection, 312—315
clock feedthrough, 312—315
SAW filter. See Surface acoustic wave filter
SB mixer. See Single-balanced mixer
Scattering parameters network model, 72—77.
See also Transmission parameters network
model
Series inductive feedback, 127—128
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SHA. See Sample and hold amplifier
Short dipole antennas, 48—50
SiGe. See Silicon-germanium
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Signal distortion, 276
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midriser quantizer, 277, 277f
overloading and clipping, 293—294
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quantization model, 283f
quantization noise, 276—278
signal-to-quantization-noise ratio, 278—282
Signal flow graphs, 62
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Single quarter-wave transformer, 38. See also
Multisection quarter-wave transformer
Single sideband (SSB), 129—130, 156, 225—226
single-balanced mixers, 229f
Single-balanced mixer (SB mixer), 131
Single-port generator circuit, 84b
Small loop antennas, 52
Smith chart, 18f
SNR. See Signal-to-noise ratio
SOC design. See System-on-a-chip design
Spur-free dynamic range (SFDR), 307
SQNR. See Signal-to-quantization-noise ratio
Square spiral inductor, 167f
SSB. See Single sideband
Standing wave case, 18—19
STF. See Signal transfer function
Strong blockers, 445
Strong interferer. See Strong blockers
Superheterodyne receiver, 452—454, 454f.
See also Direct-conversion receiver
advantages, 457
desired signal and spectral images, 456f
disadvantages, 457
half-IF and image rejection, 458
integration, complexity, and power
consumption, 458
IF-sampling dual-conversion receiver, 456f
with LNA and VGAs, 370f
receiver performance, 456
superheterodyne architecture, 454—456
Surface acoustic wave filter (SAW filter), 131,
274, 455—456
Symmetrical coupler. See Quadrature hybrid
System noise figure, 113
cascaded noise factor and noise figure,
115—120
analysis of GPS receiver, 121b
power input-output relationship, 118f
link budget equation, 120—123
noise factor and noise figure, 113—115
system sensitivity, 120—123
System nonlinearity
classification, 181—183
frequency multiplier circuit, 180f
harmonic balance method, 257—259
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Index

System nonlinearity (Continued)
in-phase effect, 254—257
mathematical identities, 251—254
memoryless nonlinear system, 184—244
nonlinear system, 180, 180f
quadrature imbalance, 254—257
Volterra series, 246—251
System sensitivity, 120—123
System-on-a-chip design (SOC design), 425b

T

T-matching network, 35, 35f, 36f
T-matrix, 77—78
Tapped reactive-element impedance transformers,
36—37
Taylor series, 244
Telegraph equations, 12—13
THA. See Track and hold amplifier
THD. See Total harmonic distortion
Theoretical mixer, 225—226
Thermal noise, 107
basics, 107—113
in components, 123
attenuator noise figure, 134—135
gain in mixers, 129—134
image noise folding, 131f
in LNAs, 127—129
in two-port systems, 124—127
independent noise sources, 112f
statistics, 176—177
system noise figure, 113—123
voltage in resistors, 108b, 111f
voltage source model, 110f
Three-port network, 95
power combiners, 96
power dividers, 96
T+junction resistive power divider, 97f
Total harmonic distortion (THD), 330
TR switch. See Transmit-receive switch
Track and hold amplifier (THA), 306
aperture time accuracy, 310—311
architecture, 307—310
charge injection, 312—315
clock feedthrough, 312—315

closed-loop THA architecture, 314f
high-speed Schottky diode-bridge, 315f
open-loop THA circuit, 307f
on signal quality, 317
voltage droop impact, 315—316
Transformers, 42—47
high frequency transformer, 45b
ideal transformer model, 43f, 45f
nonideal transformer model, 45f
RF transformer circuit, 47f
secondary-tuned transformer circuit, 47f
Transmission line, 21b
Transmission parameters network model, 77—79
Transmit-receive switch (TR switch), 129
Traveling wave case, 19—20
Turn ratio, 44
Two-port network, 183f
Two-port S-parameters model, 79

U

Ultrawideband (UWB), 420b

V

Variable gain amplifier (VGA), 370, 371—373
Voltage gain amplifier (VGA), 115, 443—444
Voltage standing wave ratio (VSWR), 11
Voltage-controlled oscillator (VCO), 443
Volterra kernels, 245
Volterra series, 244

harmonic input method, 246—247

output spectrum, 250—251

W

Waveform loading factor, 281
“White-quantization distributed” error sequence,
435

Y

Y-matching network. See T-matching network

z

Zero TF receiver, 130—131



